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Passive Phase-Distortionless Parametric 
Limiting with Varactor Diodes* 


I. T. HO} anp A. E. SIEGMANT, MEMBER, IRE 


Summary—The theory of passive parametric limiting with a 
varactor diode as the nonlinear element is developed and verified 
experimentally. The limiting is found to be flat and phase-distortion- 
less. Expressions are given for threshold level, dynamic range, 
bandwidth, and power dissipation. The transient phenomena, com- 
prising leading- and trailing-edge leakage spikes, are studied 
theoretically and experimentally, and found to be small in typical 
instances. Experimental results reported upon include a simple 
waveguide limiter structure at S band; a lumped-circuit limiter at 
126 Mc; and a strip-line limiter using a pill varactor at S band. The 
latter has an insertion loss of 2.5 db below threshold, a threshold 
level of 2 mw, a dynamic range in excess of 20 db, and less than 5° 
of phase distortion. Agreement between theory and experimental re- 
sults is excellent. 


INTRODUCTION 
A METHOD of obtaining flat and phase-distortion- 


less limiting in a passive parametric circuit was 
proposed some time ago by one of the authors 
[1]. Several experimental verifications of this idea, 
using varactor diodes as the parametric element, have 
since been reported [2], [3], [6]. In the present paper, 
We present a more detailed analysis of the diode type 
of passive parametric limiter, including both steady- 
state and transient behavior. We also present experi- 
mental results from several such limiters which closely 
confirm the theoretical predictions. 
To describe the operation of this type of limiter, one 
“may suppose that there is coupling between a signal fre- 
quency (w) tank and a subharmonic frequency (w/2) 
tank through a nonlinear coupling element, as shown 
in Fig. 1. When the input signal power at w is smaller 
than a certain threshold level Py, the w tank may be 
treated as an ordinary resonant circuit inserted between 
the input and the output. However, above this thresh- 
‘old level, which is the level just sufficient to excite the 
system into oscillation at the subharmonic frequency, 
a sharp limiting action occurs in the w tank. Any fur- 
ther increase in the input signal above the threshold 
level does not appear in the output, but is partially 
transferred into the subharmonic oscillations and par- 
tially reflected back to the power source due to an in- 
creased impedance mismatch between the source and 
the w tank. The general behavior is shown in Fig. 2. 
The ideal output is limited abruptly and flatly be- 
yond the threshold level until the input power increases 


“3 ived by the PGMTT, May 1, 1961. The work reported in 
this Be wae Eyenortec by the Wright Air Development Div. of 
the U. S. Air Force under Contract AF33(616)-6207, and is taken in 
large part from a Ph.D. dissertation submitted to the Dept. of Elec. 
Engrg., Stanford University, Stanford, Calif. by 1/2. Ho, - ‘ 

+ Stanford Electronics Laboratory, Stanford University, Stan- 


ford, Calif. 
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Fig. 1—Schematic of a passive parametric limiter. 
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Fig. 2—General characteristics of a passive parametric limiter. 


to some breakdown level P;,. The breakdown level for 
the varactor diode limiter occurs when the sum of the 
dc bias and the RF voltage is either larger than the re- 
verse breakdown voltage of the varactor diode, or else 
is large enough to drive the varactor diode into its for- 
ward conduction region. In either case, this creates a 
more complicated situation, and the limiting action 
then generally deteriorates. 

When a square-wave-modulated input signal whose 
amplitude is larger than the threshold level is applied to 
a parametric limiter, the output will be of fixed ampli- 
tude and phase-distortionless in the steady-state region, 
at least in the ideal case. However, the output signal 
will also show transient phenomena, including both a 
leading-edge leakage spike and a trailing-edge leakage 
spike. The leading-edge spike is formed because the sub- 
harmonic oscillations take time to build up from thermal 
noise, and the limiting action does not occur until the 
subharmonic oscillations have built up to a substantial 
value. The trailing-edge leakage spike is formed because 
energy stored in the subharmonic oscillation reconverts 
itself into the signal frequency when the input signal is 
turned off. In general, the leading-edge spike is found to 
represent more energy than the trailing-edge one. 

In the ideal square-wave input case, the height of the 
leading-edge leakage spike is equal to the non-limited 
amplitude of the input signal, while the duration of the 
spike decreases as the input signal amplitude is in- 
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creased. Thus, as the input level is increased, the leak- 
age spike gets higher but shorter, according to both 
theory and experiment. However, it is also found that 
when a realistic square-wave-modulated input signal 
with a finite rise time is applied to the limiter, the 
amplitude of the leading-edge spike does not increase in- 
definitely as input power increases, but rather ap- 
proaches a saturation level. 

In this paper: 1) the governing equations for the 
varactor diode parametric limiter are derived and 
solved in the steady-state case and design data for such 
limiters developed; 2) solutions of the governing equa- 
tions in the transient case are summarized in order to 
show the nature and governing parameters of the initial 
and final leakage spikes; 3) this transient analysis is 
carried further in order to study the transient response 
to a finite rise time input, and to show the resulting 
saturation of the initial leakage spike; 4) experimental 
data are given for diode limiters operating in the VHF 
and microwave bands. Besides illustrating the possibili- 
ties of the parametric limiter as a useful device, these 
results also verify the theoretical analysis in detail. 

It should be noted that essentially this same para- 
metric limiting mechanism is responsible for the limiting 
action observed in ferrites and garnet-sphere devices at 
high power levels [4], [5], [14]. In these cases, various 
spin-wave modes play the role of the half-frequency 
tank. The analysis given here is thus also relevant to the 
ferrite case to some extent, with appropriate modifica- 
tions. However, the ferrite case is generally somewhat 
more complicated because the spin waves furnish not 
one but many subharmonic resonant modes. 

Comparison should be made between this work and 
the varactor diode parametric limiting results recently 
published by Olson and Wade [7], [16]. The two cases 
are, of course, quite different, the present limiter being 
an entirely passive “self-pumped” device, while Olson 
and Wade consider the signal-limiting properties of the 
standard parametric amplifier or frequency converter 
with the usual separate pumping signal. The best exper- 
imental results obtained by Olson and Wade consider- 
ably surpass the results obtained in this work at least in 
dynamic range, their limiter yielding a dynamic range 
of limiting in excess of 50 db in a two-stage limiter, as 
compared with ~20 db in our best one-stage limiter. 
In addition, their device has 10 db of gain below the 
limiting level as compared to 24 db of loss below thresh- 
old in our passive limiter, and the passive limiting 
threshold 1s considerably higher (although still in the 
milliwatt range). The passive device has a number of 
significant advantages, however. It is, of course, pas- 
sive, requiring no pumping source, and also having none 
of the pump instability problems of other parametric 
devices. Its construction is much simpler with many 
fewer elements involved, and the setup and tuning is 
very simple, in contrast to the rather careful tuning 
and adjustment procedures which led to Olson and 
Wade’s optimum results. The bandwidth of the passive 
limiter appears to be much wider. Finally, the dynamic 
range of the passive limiter can also be made substan- 
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tially larger than the results reported here, both b: 
using two such limiters in cascade and also by using | 
varactor diode with a larger reverse breakdown voltage 


Crrcuit MopEL AND GOVERNING EQUATIONS 


When a reverse bias Vo plus an RF voltage v is ap 
plied to a nonlinear capacitance diode, the instantaneou 
diode capacitance can be written in Taylor series forn 
as C(V) =C(Vo) +Dv+D.w?+higher-order terms. Thi 
negative bias is typically Vp = —2 to —3 volts, and thi 
RF voltage v is not larger than this if the diode is no 
driven into its forward conduction or reverse break 
down regions. Under these conditions, it can be show1 
that for typical C(V) curves [9], the D.v? term in th 
expansion is small compared to the Dv term, and we car 
drop the second and all higher-order terms. 

From Fig. 1, the circuit model for a parametric limite 
should consist of two resonant tanks plus a varacto: 
diode. Fig. 3 shows the equivalent circuit used in thi: 
work. In this circuit, 

Ly, and Ly). denote the inductances of the w and w/z 
tanks; 

C; and C\,2 denote the total capacitances in the w anc 
w/2 tanks, including the dc portion of the varacto1 
diode capacitance in-each case; 

Gi/2 denotes the total internal loss conductance of the 
w/2 tank including losses due to the diode; 

G; denotes the internal loss conductance of the w tank 
including the diode losses, G, and G; denote the source 
and load conductances connected to this tank, and 
Grp=G,+G,+G, denotes the total conductance in the 
w tank; 

and C=Dv denotes the nonlinear portion of the 
varactor diode capacitance. 


Fig. 3—Circuit model for a varactor diode parametric limiter. 


We have followed the conventional practice in para- 
metric analysis [7], [10] of including the dc portions of 
the diode admittance in the resonant tanks. The current 
source 7; is the input signal source. 

Assume that both the w and w/2 tanks have Q’s much 
larger than unity. Then at the w frequency, the w/2 
tank will look like a short circuit while at w/2, the w tank 
will also look like a short circuit. With this assumption, 
we write the usual integro-differential equations for the 
circuit, taking one additional differentiation to get rid of 
integral signs. The governing circuit equations for the w 
and the w/2 frequencies are then 


Cyd?0;/dt? + Grdv,/di+ T 404 = di;/dt = d?(Cv) /dt? 
Cy/2d704/2/dt? + Gij2dv1/2/dt + P2012 = — d?(Cv) /dt?, (1) 
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where v=v,+71/2 is the total RF voltage at w and w/2, 
T=ZL~', and only the appropriate frequency compo- 
nents from the d?(Cv) /dé? term are to be included in each 
equation. The voltages at w and w/2 are now written in 
terms of their assumed slowly varying phasor ampli- 
tudes as 2(t) = Vi(t) exp (jot) + Vi*(t) exp (—jwt) and 
Vij2(t) = Vijo(t) exp (jwt/2) + Vije*(t) exp (—jwi/2), and 
the driving current is written as a(t) =K(t) exp 
(jot) +hh*(t) exp (—jw#). Inserting these into (1) and 
neglecting certain terms on the assumption that 
dV/dtKwV leads to the following equations for the 
slowly varying amplitude terms: 


BV os wD ie 1 dl 
ce) 2g ue reel A eee I 56C, ms 2) 
and 
dV 1/2 $e op oe 
ie Rigs wit gy Cis Vijpa*Vi = 0, (3) 


where Or =w(\/Gr is the loaded Q of the w tank, and 
Q1j2 = Cip/2Gij2 is the Q of the w/2 tank. These equa- 
tions are for the case where w is exactly on resonance. 
Additional reactive terms are present in both equations 
when w is off resonance. Eqs. (2) and (3) are the basic 
‘equations for the analysis of the parametric limiter. 

For simplicity, we have treated here only the de- 
‘generate case in which the subharmonic oscillation is at 
exactly half the signal frequency. The limiting mecha- 
nism is also operable with the subharmonic oscillation 
occurring simultaneously at two different lower frequen- 
cies which add up to the signal frequency, and such 
operation has been observed [6]. Limiter design and 
construction, as well as analysis, would seem to be 
simplest in the degenerate case, however. 


STEADY-STATE SOLUTIONS AND DESIGN FORMULAS 


Limiting Action and Threshold Level 


The steady-state behavior of the limiter is obtained 
by setting the time derivatives in (2) and (3) to zero. 
Assuming for the moment an applied signal exactly on 

‘resonance, these equations can be manipulated to yield 


Gij2 Vie 
Vi=j (4) 
: ! wD Vijo* 
and 
=) : 
V1/2" = Wy gs Grb i) (5) 
wD 


Below threshold, there are no subharmonic oscillations, 
Vij. is zero, and hence (4) is indeterminate. Eq. (5), 
however, gives 4 =GrVi, we., the w tank is unaffected 
by the w/2 tank, and V; and /; are in phase. Above 
‘threshold it is immediately apparent from (4) that Vi 
has a constant value independent of the magnitude of 
Vij or, in other words, V, limits. Since, in the shunt 
model used, V; is the voltage across the load conduct- 
ance Gr, the power output from the device also limits, 
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More precisely, above threshold we can write 
Vip =| Vis! exp (j01/2). It is convenient to choose the 
origin of time such that 6. has either of the values 
—/4 or +37/4. Substituting this into (4) then makes 
Via real and positive quantity given by 


G V 
Vi = Vien = mee = : ) (6) 
wD 201/2 


where it is convenient to introduce the parameter 
Va=Ci2/D which indicates the relative amount of non- 
linearity in the w/2 tank. When the varactor diode is 
strongly coupled to the microwave circuitry employed 
in the limiter (z.e., the “filling factor” is large, which is 
the optimum situation), Ci,/2 will consist primarily of the 
de capacitance of the varactor diode itself, and Va will 
have a minimum value characteristic of the diode only. 
This, then, serves as a figure of merit for the varactor 
diode in parametric limiter applications. As an example, 
for a Microwave Associates MA4253 diode operated at 
—1 volt bias in a strip-line circuit, this quantity is 
Va~40 volts. 

The two possible choices of phase for the subhar- 
monic oscillations illustrate the well-known bistable 
phase condition for parametric subharmonic oscillations, 
as employed for example in the parametron computer 
element [12], [13]. With either choice, (5) can be re- 
written as 


Vijyo 


1 
eS as —"GrV 1), (7) 


which shows how the subharmonic oscillations increase 
in amplitude as J; is raised above the threshold value 
Ii, given by 


GrVa 
20i/2 


Note that both | Viyo|? and Vy, in (7) are purely real 
quantities, and therefore, 7; must also be a purely real 
quantity. This indicates that J; and V; have the same 
phase above and below threshold, or in other words the 
limiting action is phase-distortionless, at least for sig- 
nals applied exactly on resonance. 

Finally, the input power level corresponding to the 
limiting threshold is given by 


Vb aE ES Sox (8) 


Tin? 
Pr=—- 9 
ee (9) 


This quantity is given in a more useful form in the fol- 
lowing section. 


Insertion Gain, Input VSWR, and Power Distribution 


The power insertion gain Lo(<1) of the limiter below 
threshold is given by the standard expression for a trans- 
iission cavity, namely 


407° 4G,G_1 


ais = 10 
QeaVet (Gre Gy at Gr)? (10) 
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where Q,, and Q¢r are the external Q’s of the input and 
output couplings from the w tank, respectively. The 
threshold power level can be rewritten from (9) and 
(8) as 


(11) 


Vi? E + Gi al 
Pr = . 


8014/2? G, 


If the source conductance is taken to be variable (.e., by 
varying the degree of coupling between the signal source 
and the w tank), the insertion gain is found to be maxi- 
mized and the threshold power level minimized by the 
same condition, namely that the source be matched to 
the limiter, or G,=Gi+G_z. If this condition is satisfied, 
the insertion loss becomes 


Cee cage 
Gi+ Gr, Oae (Oe: 


(12) 


Ly 


This can be made close to unity by making Q.1.KQu1, 2.€., 
by making the external loading heavy compared to the 
unloaded Q. The optimizing condition requires that the 
input coupling also be made heavy. With optimum input 
coupling, the threshold power can be thrown into the 
form 


1 VaiGi 1 
2 = = IP gs asia (13) 
1 — Lo 201,22 3 =1— Lo 
There is a minimum threshold power given by 


P thmin) = VaeGi/201)2?. If the diode is tightly coupled to 
the limiter circuitry, G; will consist primarily of the 
equivalent shunt conductance of the varactor diode 
itself, and Qy,/2 will be essentially equivalent to the Q of 
the varactor diode. Therefore, this minimum threshold 
power is essentially a property of the varactor diode 
only. As a typical example, the numbers involved might 
be Va=40 volts, Gi=4X10-* mhos, and Qi,2.=100, 
leading to a threshold power of 0.3 mw. Varactor diode 
limiters can thus have respectably low limiting levels. 

Eq. (13) shows, however, that the actual threshold 
power is greater than this minimum value by an 
amount depending on how close the insertion gain is 
made to unity. Fig. 4 plots the ratio P,/Pinminy in db 
as a function of the insertion gain in db. The quantity 
O1/Qer (or Q1/Qeg = Qi1/Qer+1) is, of course, the parame- 
ter which moves one along this curve. 

Above the threshold level, the effect of the w/2 tank 
and the subharmonic oscillations on the w tank may be 
accounted for by introducing into the w tank an addi- 
tional effective conductance Gaaa which increases with 
input power in such a way as to keep V; constant at 
Vi, when J; increases above J,,. This additional con- 
ductance is given by 

I; 
Gaad Se a Gr 
V 


1 
(i/Tin. — I)Gr 
(n — 1)Gz, 


(14) 
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Fig. 4—Increase in threshold power above the minimum value, 
as a function of the below-threshold insertion loss Lo. 


where 2 =1;/I, is a measure of how far the input power 
is increased above threshold. As a result of this addi- 
ditional conductance, the input impedance of the 
limiter as seen by the signal source changes. The signal 
source in most practical cases will probably be under- 
coupled to the limiter, since the Q of the limiter is gen- 
erally limited by the diode Q and is not large. With this 
assumption, the magnitude of the reflection coefficient 
looking from the signal source towards the limiter above 
threshold can be written 


Git Git Gaaa — Go _ 0 
Gout Gut Gua G n 


n—1 


ze ) 
nN 


p (15) 


when pp is the reflection coefficient below the threshold 
level. The input voltage-standing-wave ratios above and 
below threshold, S and So, are thus related by 


S = nSo + (nm — 1). (16) 


Experimental verification of this equation will be given 
below. 

The input power to the limiter above threshold is dis- 
tributed among the following four outlets: 1) output 
power; 2) power losses in the w tank; 3) power losses 
in the w/2 tank due to the subharmonic oscillations; and 
4) power reflected from the limiter back to the signa 
source or to an isolator placed in the input line. Power 
losses 2) and 3) are dissipated chiefly by the diode ir 
practical cases, since the diode losses generally pre- 
dominate over copper losses if the diode is tightly 
coupled. If we assume for simplicity that the limite: 
input below threshold is matched, as required for opti- 
mum performance, then the powers into each of these 
four categories are given by the simple expressions 

Pout = 2Vin® Gz = LoP ra, 
P vcan\ Ga) = 2V tn? G, = (1 rT Lo) Pa, 
P igen Ora) = 2V en Gaaa — 2(n a Lea. 
Pretiented = pikes — (n oy ee. (17. 


These four powers are plotted in Fig. 5 as a function o 
the input power below and above threshold. It is appar 
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Fig. 5—Distribution of input power among various outlets, as a 
function of the input power level, assuming an insertion loss of 


2.5 db below threshold. 


ent that above the threshold, the largest amount of 
power is reflected, although the diode must also absorb 
some power at higher input power levels. This informa- 
tion is important in determining the maximum power in- 
put the limiter can withstand without damage to the 
varactor diode due to overload. 


Dynamic Range 


In the varactor diode limiter, the diode should not be 
driven either beyond its reverse breakdown voltage or 
into its forward conduction region, so that the sum of 
the dc bias and RF voltages must not go positive nor 
exceed the reverse breakdown voltage — V;,. The de- 
sirable reverse bias for the diode is thus Vo~ — V;,/2, 
and the total instantaneous RF voltage must then not 
exceed V;,/2. Although the total RF voltage is the sum 
of v7 and 2,2, it can be shown that 2/2 is much the larger 
of the two when strong limiting action is occurring. 
Since the peak value of 21/2 is 2| Viya| , the condition for 
breakdown is 


w= T\2VaVa | 2 V or 
BV | -(* d =| oe 
TZ1/2 


where V,/=C,/D is a parameter of the same nature as 
Va= C)2/D. In fact, if the diode is very tightly coupled 
to the limiter circuitry, the situation will be Ci~ Cij2.~ 
the dc capacitance of the varactor diode. Eq. (18) can be 
reversed to give the maximum allowable value of as 


ee ie (19) 


8V aia 


(18) 


max 


The dynamic range of the limiter from threshold to 
breakdown is, then, 


Dynamic range = 20 logio %max. (20) 


Over this range, the limiting in a good limiter should be 


essentially flat and phase-distortionless. One can, of 
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course, drive the limiter even beyond this range, and 
limiting action will still be present. The limiting will not 
be ideal, however, and care must be taken that the 
diode is not damaged by excessive current or power dis- 
sipation. 


Bandwidth 


Assume now that the signal frequency w is not exactly 


equal to the resonant frequency wo of the signal tank. 
We then define 
Aw =w—a A(w/2) = (w/2) — (wo/2) 
56 = Aw/wo Oija = Als) 2) /(a@o/ 2) 0. 24) 


We will assume here that the subharmonic tank is tuned 
to exactly one-half the signal tank, and that, as men- 
tioned before, the subharmonic oscillation occurs in de- 
generate fashion at w/2 rather than at any two other 
frequencies adding up to w. 

Eq. (4) must now be modified to 


. Vi/2 Vijo 
Vifw) = i 
wD Vio 


) (22) 


where 


Vijo = Gry2 + j(@Crj2/2 — 2/wL1/2) 


Gij2[1 + 7201/2]. (23) 


v 


Eq. (22) indicates that Vj; is still ideally limited even 
when the signal is off resonance. If we make the same 
assumption as previously about the phase of Vijz, the 
threshold voltage as a function of frequency will be 
given by 


Vino) = Vanoo) [1 + 920125], (24) 
and the limited output power level will be 
Pare) = Pour(wo) ; [1 oe 401/226? ]. (25) 


The output power from the limiter operating above 
threshold has the form of an inverted resonance curve 
with Q value equal to the Qi of the subharmonic 
resonant circuit. Below threshold, of course, the limiter 
is simply a transmission cavity with power transmission 
given by the usual expression 


1 


EG tgs ea 
Oe a seria 


(26) 


Combining (25) and (26) leads to a set of curves of 
power output vs frequency at various input power 
levels of the form shown in Fig. 6 where the particular 
choice of parameters used is Q1/2=Qr. 

For signals off resonance, the equivalent of (5) is 


al 
Salita ula), 


a (27) 
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6—Output power vs frequency for increasing power inputs 


Fig. : 
(assuming Or =Qij2=(Q). 


where Y, is the admittance of the w tank, approximately 
given by 


VY, ~ Gr(l + j2Q78). (28) 
The threshold value of J; off resonance is thus 
Tino) = Yio) Viale) 
= Tin(wo)[(1 + j2Q78)(Z + f2Q128)], (29) 
and the threshold input power off resonance is 
Pi(w) = Pin(wo): [A + 4076") (1 + 401/276?) ]!/2. (30) 


The threshold input power increases both because a 
larger voltage V, is required off resonance, and also be- 
cause a larger power input is required to create this 
voltage off resonance. 

Using the same choice as before for the origin of time 
or the phase of V1/2 permits (27) to be put in the form 


(31) 


Below and at threshold the phase relationship between 
I, and Vj; is that appropriate to Y;(w). Above threshold, 
the phase relationship is determined by the preceding 
equation. It is apparent that as J; and | Vip increase 
above the threshold level, this phase relationship will be 
altered. Therefore, the limiting is no longer perfectly 
phase-distortionless off resonance; the amount of phase 
distortion increases with input level and with distance 
from resonance. 


Tie) = Vile)Vin(e) + oD| Vijo|?. 


Second Order Effects 


If the next higher order term D,v? in the nonlinear 
capacitance expression is retained in the theory, it can 
be shown that the resulting steady-state equations 
analogous to (4) and (5) are 

wD 
Via pV i 
2C1/2 
3 Dow 
ine — [2] Vi[?+ | Viy2[2]Vay2 (32) 


w Vv a 
hprtes ee Ly 2 oh 
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aD , 
Vi TI 5G, Vie 


=> a + 3 Dow?|2 | Vil? =a | Vi 21V i. (33) 


“il 


It can then be shown from these equations that the 


limiting is no longer ideally flat, the power out vs power | 


in characteristic showing a slight upward tilt. 


TRANSIENT SOLUTIONS AND LEAKAGE SPIKES 


The ferrite type of parametric limiter exhibits rela-_ 


tively large and troublesome leakage spikes [4], [5], [14]. 
Such leakage spikes are not generally found to be nearly 


as troublesome in the varactor diode type of limiter. | 
Nonetheless, detailed studies of the transient solutions | 
to the governing equations (2) and (3) were carried out | 


as part of this investigation, solutions being obtained 
both by numerical calculation and by deriving iterated 
piecewise analytical solutions. A very brief summary of 


these results is presented here. The detailed results can 


be found in the original report [2]. 


Nature of the Spikes 


When an input signal pulse with a very steep leading 


edge is applied to the parametric limiter, the output at 
w will at first build up very rapidly to the appropriate 


nonlimited level, the rate of buildup being determined 
only by the usual energy buildup considerations for a 
resonant circuit. If the input signal is far above thresh- 
old, the output will, of course, far exceed the steady- 
state limiting level of the device. The subharmonic 
oscillations at the same time begin to build up from 
their thermal noise level towards their steady-state 
value. The subharmonic buildup is essentially exponen- 
tial with time, except for a very brief initial period 
when the energy in the w tank is still being established. 
The rate of rise of the w/2 oscillations is determined by 
the strength of the ‘“‘pumping”’ done by the input signal, 
the rate of rise being faster the farther the input signal 
is above the limiting threshold. As soon as the sub- 
harmonic oscillations reach nearly to their steady- 
state value, the limiting action begins, and the signal 
level in the w tank very rapidly drops to the steady- 
state limited value. The signal output thus exhibits an 
initial leakage spike whose height increases directly 
with input signal level and whose duration decreases 
with increasing input level. 

If the input signal is suddenly turned off after the 
limiter has reached the steady-state condition, the de- 
vice is left with a substantial amount of energy stored 
in the subharmonic resonant circuit. Some of this energy 
will be reconverted to the w frequency and will appear 


as a trailing-edge spike of output at w, following the. 


signal turn-off. 
Fig. 7 illustrates the general appearance of these 
leading- and trailing-edge leakage spikes. 
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Fig. 7—Output power vs time for a rectangular input pulse, showing 
leading- and trailing-edge leakage spikes and the buildup of the 
subharmonic oscillations (dashed line). 


Calculations 


As part of the work (2) and (3) were solved by nu- 
merical forward integration using a large digital com- 
puter and small forward steps in time following the ap- 
plication of a signal pulse. Examination of (3) will 
show that no subharmonic voltage Vi;. will ever be 
developed unless some initial excitation is present to be 
parametrically pumped up. The initial excitation in the 
physical case is, of course, thermal noise fluctuations, 
and these were represented in the calculations by 
putting in an initial amplitude of Vi). corresponding to 
the rms thermal noise voltage of the conductance in the 
w/2 tank. (The noise voltage was actually reduced by 3 
db to account for the fact that only half of the noise 
energy would be in the proper phase to be pumped up, 
the other half being so phased as to be parametrically 
pumped down to zero.) Fig. 8 shows the observed be- 
havior of the output voltage and the subharmonic 
voltage predicted by the numerical calculations for 
several different excitations above the threshold level. 
The input signal is assumed to be an ideal step function, 
and the numerical! parameters are typical values for a 
varactor diode limiter. It is apparent that the leakage 
spikes are extremely brief, on the order of nanoseconds, 
since the pump-up of the subharmonic oscillations is 
very rapid. The leakage energies are correspondingly 
small, on the order of 10~° joules. 

The exponential nature of the subharmonic buildup 
has been pointed out in previous studies of parametron 
oscillators and ferrite limiters [5], [13], [14]. It can be 
readily derived by rewriting (3) in the form 


d Ww 
— | Vie xe A 
di 1/ 40, : | 1/2 
ee ae ah exp 7(61 = 2601/2) Viyal (34) 
: a Va ; 


where 6, is the phase angle of Vi and 61/2 the phase angle 
of Vij. If Vij2 is divided into two quadrature compo- 
nents with phase angles 01,2=61/2+135° and 6472 =0;/2 
+45°, the former will be parametrically amplified and 
the latter parametrically deamplified. If Vi is assumed 
to very rapidly reach the nonlimited value given by 
| Vi =nVp=nVa/2Q12, then the subharmonic oscilla- 
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Fig. 8—Leading-edge leakage spikes in a varactor diode limiter for 
various inputs above the threshold level, as obtained from numeri- 
cal computations. Parameters are: f=3 kMc; Or=5; Qi.=50; 
Ci = Cij2=2.8 pf; D=0.28 pf/v. The input levels n=2, 3 and 4 
correspond, respectively, to inputs which are 6, 9.6 and 12 db 
above the threshold level. 


tion voltage grows as 
= | Vi2(0)| exp [(m — 1)wt/4Q1)]. 


The length of the initial leakage spikes is essentially the 
buildup time required for Vi;2 to grow from its initial 
noise value to the steady-state value given by (18). The 
initial noise value is given by Vip?=2RkTBijo/Gije 
(halved because only growing components are included), 
and a reasonable value for By. would seem to be the 
bandwidth of the w/2 tank, Bijy,=w2Qi;2. With these 
assumptions, the buildup time or leakage spike length 
is given by 


| Vie 


(35) 


201/2 ; [= oe] (36) 


= n 
(n maar! 1)w ARTO 1rQi/2 


The argument of the logarithm is the ratio of the steady- 
state subharmonic oscillation power level to the 
thermal noise power level, which is a very large ratio, 
on the order of 120 db for typical values. Therefore, the 
logarithm is insensitive to the exact value of the thermal 
noise level, and changes of +20 db in the assumed 
thermal noise level have only a small effect on 7. Fig. 9 
shows on a logarithmic scale a comparison between the 
exponential build-up of Vi;2 as given by (35) and the 
results for the same case as obtained from the numerical 
computer solutions. (The small difference at the initial 
level is due to different detailed assumptions about the 
noise level from which the oscillation grows.) 

The Q1/2 of the w/2 tank is apparently an important 
parameter in determining the length of the leakage 
spikes. This value is fairly low (~100) in the varactor 
diode case, which, coupled with a fairly strong degree of 
nonlinearity, leads to a short leakage spike. Ferrite and 
garnet limiters operating on this same principle are 
observed to have substantially longer leakage spikes. 
This is, in part, due to the relatively higher Q of the 
spin waves which play the role of the w/2 tank in the 
ferrite case. 

In work by one of the authors [2], considerable atten- 
tion is given to the details of the crossover region when 
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Fig. 9—Exponential buildup of the subharmonic oscillations during 
the leading-edge spike. Dashed line=computer solution; solid 
line=analytical solution. Numerical parameters are the same 
as in Fig. 8, with n=16 (24 db above threshold). 
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Fig. 11—Leading-edge leakage spikes in a varactor diode limiter for 
a finite rise time input signal. Numerical parameters are the 


same as in Fig. 8 with the exception of the input signal. Note dif- 
ference in shape end length of leakage spikes from Fig. 8. 


Vij2 nears its steady-state value and the limiting action 
begins. Iterated piecewise analytic expressions are de- 
veloped to study the behavior in this region. Fig. 10 
shows some of the details of this region, with the nu- 
merical computer solution indicated by a dashed line, 
two successive analytical approximations indicated by 
solid curves I and II. In general, it can be said that 
there is a smooth and rapid transition from the initial 
buildup region to the steady-state limiting region, with 
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Fig. 10—Details of the limiter behavior in the crossover region from 
the leading-edge spike to the steady-state limiting condition. | 
Dashed line=computer solution; solid lines I and Il =two suc- 
cessive analytic approximations. Numerical parameters are the 
same as in Fig. 9. 
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Fig. 12—Curves illustrating the “saturation” behavior of leakage 
spikes like those in Fig. 11 for input signals of different rise times. 
Obtained from computer solutions; numerical parameters same 
as previously. 
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only small overshoots and other extraneous effects. 
The shortness of the initial leakage spikes in the 
varactor diode limiter, as compared to typical rise times 
for pulsed sources, led to consideration of the buildup 
and leakage spikes in the parametric limiter with 
finite-rise-time pulses applied. Fig. 11 illustrates the 
leakage spikes obtained from the computer solution for 
increasing input power levels when the input signal has 
a finite rise time. It is observed that the leakage spikes 
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Fig. 13—Trailing-edge leakage spike as obtained from the numerical 
ee Numerical parameters same as in previous figures, with 
n=16. ; 


are shorter at higher input levels, as in the step-function 
input case, but the spike heights do not continue to rise 
as the input power is increased. For higher input powers, 
the subharmonic oscillations have built up to the limit- 
ing level before the input pulse is fully built up to its 
maximum level. The leakage spike height appears to 
“saturate” at higher input levels. Fig. 12 verifies this by 
showing the initial leakage-spike height as a function 
of input power above threshold for several different 
rise times and a typical set of varactor diode limiter 
parameters. 


_ The Trailing-Edge Spike 


The numerical computation method was also used to 
obtain the trailing-edge spike characteristics by using 
the steady-state limited values as initial conditions and 
solving (2) and (3) with the driving current J; set to 
zero. Fig. 13 shows the trailing-edge leakage spike for a 
typical case. Note that the subharmonic voltage is much 
larger than the limited signal voltage in the steady- 
state situation. Note also that the signal voltage am- 
plitude V; drops to zero and then changes sign. This 
corresponds to V; changing from the driving to the 
driven quantity in the parametric circuit. 

It should be noted that there can be an entirely inde- 
pendent source of leakage spikes in practical situations. 


If the frequency of the pulsed signal source changes 


during the rise and fall of the signal pulse, as may well 


_ be the case with some pulsed signal sources, this can also 
cause a significant leakage spike on the trailing edge of 
the limited pulse. 


EXPERIMENTAL RESULTS 


Three versions of parametric limiters using varactor 
diodes as nonlinear devices were built and tested during 
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Fig. 14—S-band waveguide version of the parametric limiter. (a) 
Side view; (b), (c), (d) end views of models having one, two and 
three diodes. The loops are for monitoring the subharmonic reso- 
nance. 


this work, and a fourth version using a YIG sphere as 
its nonlinear element was borrowed from the Watkins- 
Johnson Co. and tested. Each version served a different 
purpose in verifying the theoretical predictions given in 
the previous sections. These four versions [2] were: 

1) An S-band waveguide version used for some initial 
experiments, characterized by no resonant tank at the 
w frequency and employing several Microwave Associ- 
ates, Inc., MA460 varactor diodes in parallel shunted 
across the waveguide. 

2) An S-band YIG sphere version used for observing 
the leakage spikes, since these are too short to be readily 
seen in the S-band varactor diode-type limiter. 

3) A VHF (126 Mc) lumped-circuit version again 
employing MA460 varactor diodes used to observe the 
leakage spikes by virtue of its lower signal frequency. 

4) An S-band strip-line version employing a Micro- 
wave Associates Inc., MA4253 pill-type varactor diode 
with the twin virtues of low-series inductance and hizh- 
cutoff frequency, used for detailed comparisons with 
the steady-state theory given above. 


S-Band Rectangular Waveguide Version 


A parametric limiter with one or more MA 460 
varactor diodes installed inside an S-band rectangular 
waveguide was first designed and built as shown in Fig. 
14. The detection loops were for monitoring the w/2 
oscillation. The important features of this design were: 


a) There was no w resonant tank. One, two, or three 
diodes were simply placed side by side across the wave- 
guide, whose height was reduced by ramps before and 
after the diodes. The waveguide was propagating at the 
signal and all higher frequencies, but was well below 
cutoff at the subharmonic frequency. 


b) A novel method was employed for obtaining the 
w/2 resonance. The imaginary characteristic impedance 
of the rectangular waveguide below cutoff, which for 
the TE, mode is inductive in nature, was resonated 
with the diode capacitance to create the subharmonic 
resonance at the w/2 frequency. This type of resonance 
is sometimes called a “ghost mode” [15]. The sub- 
harmonic resonance was tuned by varying the reverse 
bias, thus changing the dc capacitance of the diode. 
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Measurements of output limiting were conducted 
separately for the three diode arrangements shown in 
Fig. 14. They all yielded similar sharp limiting as pre- 
dicted for a parametric limiter. However, the dynamic 
range of limiting increased considerably with more 
diodes. 


1 diode 2 diodes 


3 diodes 
Signal frequency _ 3040 Mc/sec 
Dynamic range of 


limiting 3 db U8) clo 16 db 
Bias —1.5v —1.5v —1.5v 
Threshold level ~10 mw ~10 mw ~10 mw 


Approximately a ten per cent bandwidth was ob- 
tainable in the limiting of these three cases. Phase-dis- 
tortion measurements showed that the phase distortion 
of the 3-diode limiter was less than +3°, which is the 
accuracy of the measurement, over the entire 16-db 
range of limiting. Insertion loss of the 3-diode limiter 
below threshold was approximately 10 db. This con- 
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figuration represents a particularly simple form,for such 
a limiter and may merit further development. 


S-Band Yttrium Iron Garnet Sphere Version 


Leakage spikes were too short to be readily seen in the 
previous S-band varactor diode limiter. The theoretical 
duration time of the leading-edge leakage spike is found 
to be on the order of 10~% second when reasonable 
values for the parameters are substituted into (36). To 
make 7 long enough to be easily observable, two alterna- 
tives were tried, one by using a YIG sphere limiter 
because of its higher Qi/2, the other by using a VHF 
version (126 Mc) to lower the w. The results of the 
YIG sphere version are shown in this section, and those 
of the VHF version are shown in the next section. 

The leading-edge leakage spikes are shown in Fig. 15. 
The duration times of the leakage spikes become shorter 
as the input power increases. The peak amplitudes of the 
leakage spikes increase first and then saturate. The 


(b) 


Fig. 15—Leakage spikes observed in a ic limi I Vv 
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qualitative behavior of the leading-edge leakage spikes 
at first agrees in general with the theoretical predictions, 
although detailed quantitative comparisons are not 
possible because the basic parameters for the garnet 
sphere limiter are not known. The insertion loss of this 
version was measured to be 5 db, and the dynamic 
range was over 20 db. 


VHF Lumped Circuit Version 


From (36) one realizes that a lower signal frequency 
will also make the duration time of the leading-edge 
leakage spike longer. A lower-frequency (126 Mc) 
limiter was therefore built by shunting three MA460 
varactor diodes with a lumped circuit coil to form a 
w/2 tank and then placing band-pass filters at f=126 
Mc on each side of this circuit. The w/2 tank was 
tuned to 126/2 Mc with a 1-v reverse bias applied on 
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the varactor diodes. The leading edges of the output 
waveforms are shown in Fig. 16, which were taken on a 
wideband oscilloscope without using a crystal detector. 
As in Fig. 15, the leading-edge leakage spikes saturate 
quite rapidly. 

The insertion loss of this version is measured to be 3 
db; its dynamic range is 10 db. The threshold level of 
this limiter was measured to be 2.4 db above a milliwatt, 
and a more than 5 per cent bandwidth was observed. 


S-Band Stripline Version 


The recently available pill-type varactor diode has 
the twin advantages of low series inductance and high- 
cutoff frequency. Its tiny size of § inXg in fits a strip- 
line configuration better than other microwave con- 
figurations, and hence a stripline limiter was designed. 
The pill varactor used in this work had a zero-bias 


(b) 


i i aractor di imiter rati 26 Mc. Again, there is qualitative agreement 
i — cage = observed in a varactor diode limiter operating at 12 ‘ 
Fig: 10 vee ee a with the theory, at least at the lower power levels. 
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capacitance of 0.78 pf and a cutoff frequency of 126 
kMc. 

The pill varactor was mounted between the center 
conductor and one of the ground planes of the strip-line. 
Two movable shorts, one on each end of the strip-line, 
together with the change in varactor dc capacitance 
with change in bias voltage, served to adjust the reso- 
nant frequencies of this device. Fig. 17(a) shows a side 
view of the limiter, and Fig. 17(b) shows the electric 
field distributions for the w and w/2 resonant modes 
employed. Signal power was coupled into and out of the 
w tank by two loops located at a position where the mag- 
netic field of the w mode was maximum while that of the 
w/2 mode was minimum. A pair of monitoring loops was 
also placed at a position where the magnetic field of the 
«w mode was zero in order to monitor the subharmonic 
oscillations and perform tuning adjustments at w/2. 
Diode dc isolation and RF bypass were obtained by 
placing below the pill varactor a capacitor formed by 1”’ 
diameter copper disk with a 5-mil thick teflon dielectric. 
The lower-ground plane was countersunk to a depth 
such that the top of the copper disk was flush with the 
remaining surface of the lower-ground plane. Fig. 18 
shows photographs of this limiter assembled and dis- 
assembled. 

With this limiter, essentially flat limiting over a range 
of 20 db above a threshold level of ~1 mw was observed, 
as shown in Fig. 19. Insertion loss below threshold was 
~2.5 db. The phase distortion was measured both 
below and above the threshold level with the results 
shown in Fig. 20. Over the entire input power range, 
the phase distortion is within +5°, the accuracy of meas- 
urement being approximately +3°. 


Comparison with Theory 


The strip-line limiter operated at a reverse bias of 1.0 
v had the following characteristics, as determined from 
the known diode characteristics plus careful measure- 
ments of the below-threshold characteristics of the 
resonant modes at wand w/2: 


wo = 2382 Mc 
Or = 41 
O1/2 = ily 


Input VSWR = 1.2 

Gr, = G, = 20 X 10-* mhos 

Gr = Gi + 2G, ~ 44 X 10-3 mhos 
Va=Va ~ 40v 


Vor = eS) V 
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Fig. 17—Side view of the strip-line varactor diode limiter, and 
mode patterns of the resonant modes at w and w/2. 
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Fig. 18—Assembled and exploded view of the strip line limiter 
(w/2 coupling loops not shown). 
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Fig. 19—L imiting characteristic of the strip-line varactor diode limiter 
showing a 2-mw threshold level and a 20-db dynamic range. 
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Fig. 20—Relative phase of the limiter output compared to limiter 
input as a function of input power level, showing the phase-dis- 
tortionless nature of the parametric limiting. 


One can substitute these parameters into the various 
theoretical expressions given above and compare them 
with the experimental results. The following compari- 
sons will show the excellent agreement obtained: 

a) Threshold level: Use of the above numbers in (8) and 
(9) gives a predicted threshold level of 1.25 mw. The 
measured value is approximately 2 mw. 

b) Phase distortion: As shown in Fig. 20, the phase 
distortion is very small, nearly within the error of 
measurement, in agreement with theoretical predictions. 

c) Input VSWR above threshold: Eq. (16) relates the 
input VSWR above threshold to the value below thresh- 
old and the value of ”. Fig. 21 shows the comparison 
between this equation and the experimental results ob- 
tained on the stripline limiter. A similar input VSWR 
curve given by Wolf and Pippin [3] was also compared 
with (16), and good agreement was again obtained. 

d) Dynamic range: From (19) and (20), the predicted 
dynamic range is max =12.4 or a dynamic range of 22 
db. The measured value, as determined by the point at 
which the power output curve of Fig. 19 begins to rise, 
is approximately 20 db. 

e) Bandwidth: The power output vs frequency char- 
acteristics of the limiter at different input power levels 
were studied with the aid of a swept-frequency RF 
source, leading to the oscilloscope traces of detected out- 
put vs frequency shown in Fig. 22. Since the output of 
the swept-frequency source was not leveled and various 
mismatches are present in the system, detailed com- 
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Fig. 21- 


Input VSWR to the limiter as a function of input power 
level, compared to the theoretical expression of (16). 


(b) 


Fig, 22—Strip-line limiter power output vs frequency for various 
input powers, using a nonleveled swept signal generator, for com- 
parison with Fig. 6. 
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parison of these results with the theoretical curves of 
Fig. 6 is not possible, but it can be seen that the general 
nature of the curves agrees well with the theoretical pre- 
dictions. There appears to be a slight drift of the center 
quency of the limiter with increasing power level, which 
is attributed to a shift in the dc capacitance due to 
second-order effects, since the amount of this shift was 
dependent on the stiffness of the dc bias supply. 

In general, it seems fair to conclude that excellent 
agreement is obtained between these measurements and 
the theoretical formulas developed earlier in this paper. 


CONCLUSIONS 


The passive parametric limiter offers several fea- 
tures, including, a) a sharp limiting threshold; b) flat 
power output for a substantial dynamic range above the 
threshold; c) little or no phase distortion; d) conven- 
iently low-threshold power levels; and e) simple con- 
struction, with no auxiliary pumps, power supplies, or 
equipment (other than a simple dc bias supply) being 
required. Such limiters can be built at essentially any 
frequency from the audio to the microwave range, and 
may find employment either in protective applications 
or in signal-processing applications, particularly those 
where the phase-distortionless feature is essential. The 
present work has presented design equations and data 
for parametric limiters employing varactor diodes, 
together with experimental results at VHF and micro- 
wave frequencies which indicate the performance char- 
acteristics of such limiters. The excellent agreement be- 
tween theory and experiment gives substantial confi- 
dence in the accuracy of the design equations, 
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Solid-State X-Band Power Limiter* 
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Summary—An X-band solid-state power limiter has been de- 
signed and built to protect receiver crystals from high-power micro- 
wave pulses in the kilowatt region. This passive and reliable crystal 
protection has been achieved by utilizing the nonlinear properties of 
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both ferrites and semiconductor diodes. An understanding of the 
ferrite nonlinear mechanism, which gives rise to the characteris- 
tically large leakage spike, has been achieved and quantitatively 
described. This formulation resulted in an essentially optimized 
high-power ferrite limiter, whose mode of operation is qualitatively 
understood. Use of this ferrite limiter for crystal protection requires 
a fast response, lower threshold secondary-limiting unit, which was 
developed by using semiconductor diodes for power limiting in a 
reactive mode of operation. The ferrite and diode limiters were 
combined in a single device with an over-all insertion loss of 2,0 db 
and a 200-Mc operating “bandwidth.” 
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INTRODUCTION 


HERE has been a long standing need in radar 

systems for a passive solid-state power limiter 

capable of providing protection for sensitive re- 
ceiver crystals from high-power microwave pulses. 
Although present-day gaseous TR tubes perform ade- 
quately in many systems applications, their poor re- 
covery time, somewhat questionable reliability, and 
relatively poor performance under high average power 
conditions limits their effectiveness in many of the newer 
radar systems. To determine whether a practical solid- 
state limiter is possible, extensive investigations have 
been conducted using both ferrites and microwave 
diodes as limiters. 

A practical limiter must pass low-level signals through 
the limiter essentially unattenuated and attenuate high- 
power signals such that no more than approximately a 
half erg of spike energy and a half watt maximum of 
flat leakage reach the crystals. In addition, quick re- 
covery time, high-power handling capability, broad- 
band operation, and reasonable size are important. In 
this paper, the study of nonlinear properties of ferrites 
and diodes has resulted in a power limiter which com- 
bines the attractive features of each nonlinear element. 
Though this ferrite-diode limiter does not yet meet all 
of the requirements of a practical device, the feasibility 
of constructing such a limiter has been established. 


FERRITE LIMITER 


Subsidiary resonance absorption in ferrites, first ob- 
served by Damon! and later explained by Suhl,? was 
first utilized for power limiting by Scovil.* An extensive 
study of this limiter was made by Uebele* who pointed 
out two problems which prevented a practical limiter 
design. First, a high amplitude spike resulted on the 
leading edge of the “limited” pulse and, second, the 
threshold power for limiting was too high for crystal 
protection. In all other respects the subsidiary resonance 
limiter is satisfactory and it would be a useful device if 
the two basic problems were solved. DeGrasse’ has 
shown that ferrite instabilities at the main ferromag- 
netic resonance can also be used for limiting. The ferrite 
resonator is utilized as a band-pass filter; at low power 
the Q is high and a low insertion loss results. At high 
power, spin-wave excitation drastically lowers the reso- 
nator Q resulting in high loss. At S-band frequencies, 


1R. W. Damon, “Relaxation effects in the ferromagnetic reso- 
nance,” Rev. Mod. Phys., vol. 25, pp. 239-245; January, 1953. 
2H. Suhl, “The nonlinear behavior of ferrites at high microwave 
signal levels,” Proc. IRE, vol. 44, pp. 1270-1284; October, 1956. 
3H. E. D. Scovil, private communication. | ye) ' 
4G. S. Uebele, “Characteristics of ferrite microwave limiters, 
IRE TRANs. ON MIcROWAVE THEORY AND TECHNIQUES, vol. MTT-7, 
—23 ; , 1959. : : : 
rs oR W ene “Low-loss gyromagnetic coupling through single 
crystal garnets,” J. Appl. Phys., suppl. to vol. 30, pp. 1555-1656: 


April, 1959. 
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the threshold power is low because subsidiary resonance 
and main resonance coincide, and these limiters have 
been effective as low-power limiters. Since Uebele’s 
limiter has the greater potential for a high-power 
limiter, it was studied in detail and the result is a 
greatly improved limiter design. 


The Leading Edge Spike Problem 


The equations of ferrite behavior at high RF power 
levels, although complicated, present a clear-cut circuit 
analog. The uniform precession resonant circuit is 
coupled through a nonlinear reactance to the spin-wave 
resonant circuits. The reactance presents a negative re- 
sistance to the spin waves and amplification results. 
When the negative resistance exceeds the positive re- 
sistance, the spin waves of low (thermal) excitation rise 
in amplitude exponentially with time, creating a sub- 
stantial loss to the uniform precession. The equation for 
this exponential rise is given by Suhl as 


jot ; NY 
ak ayetekte (px||aol—n) ? 


(1) 
where 


a, =amplitude of kth spin wave, 

a,;=measure of thermal level of the spin waves, 

ad) =uniform precession amplitude, 

px =coupling terms from uniform precession to kth 
spin wave, 

n =spin wave damping term. 


This equation shows that if the uniform precession am- 
plitude becomes large enough so that |x| |a@o| > (the 
threshold condition), then the spin-wave amplitude 
will increase exponentially with time. This increase 
would continue indefinitely were it not for the reaction 
of the spin wave back on the uniform precession. 
Therefore, the variation of the uniform precession can © 
be described as follows: suppose a microwave pulse, of 
sufficient amplitude to be above the threshold value, is 
applied to the sample of ferrite. The uniform precession 
will tend to build up to the value given by the usual low- 
power theory within a time of order 1/yAH or about 
10-8 sec and, initially, the precession angle is given by 
the conventional theory. Eventually the spin waves in- 
crease in amplitude, reducing a) and causing a decline 
of the exponential rate of increase of the spin waves. 
Finally, no further increase in the spin-wave level can 
take place and the steady state is attained with dp 
reduced to a value just below threshold. Fig. 1 gives a 
qualitative picture of the increase of the spin-wave 
amplitude and the decrease in output power at the 
signal frequency. 

An exact transient analysis of the loss to the signal 
circuit would be very difficult to compute. However, by 
analysis of the beginning of the exponential rise of the 
spin waves, valuable information can be obtained about 
the time required for the initiation of loss to the signal 
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BEGINNING OF R-F PULSE 


Fig. 1—Build-up of spin-wave amplitude and its effect 
on ferrite limiter output pulse. 


circuit and the factors which enter into the amplitude 
and duration of the “spike.” 

Assume that the loss to the signal circuit will become 
evident when the spin waves reach an amplitude given 
by az, as shown in Fig. 1. The time taken to reach this 
amplitude is 7 if (1) is valid during this time. The 
logarithm of (1) gives 


Qk, 


In 


= (|p| | | —)7 = L, (2) 


t 


where L is a constant equal to the logarithm of | ax,/a,| ‘ 
Since | ao| 2 is proportional to the input power P, 


| | | ao] = KVP, (3) 


where K is a proportionality constant which depends on 
px, a materials parameter, and on the conversion from 
power to field, a ferrite geometry parameter. Eq. (2) can 
therefore be rewritten as follows: 


L(a-Q 


The above equation assumes, of course, that the RF 
input pulse rises to its peak value much more rapidly 
than rt. The spike will be of the same amplitude as the 
input pulse and its duration will be given by (4). 

An experimental verification of (4) is more difficult 
than might be anticipated because of the frequency 
modulation occurring at the leading edge of the usual 
magnetron pulse. In order to avoid this difficulty, an 
X-band CW magnetron was used as a power source in 
conjunction with a ferrite modulator. In this way, it 
became possible to eliminate frequency modulation and 
to obtain long pulse lengths (>10 usec) which are 
necessary for the evaluation of the constants K/L and 
n/L. Data were obtained for a Ferramic R-4 ferrite slab, 
and the plot of /P; versus 1/7 (see Fig. 2) showed the 
expected straight-line dependence. 

If the RF input pulse rises more slowly than 7, as 
shown in Fig. 3, then the above analysis must be modi- 


IRE TRANSACTIONS ON MICROWAVE 


THEORY AND TECHNIQUES November 


ae 


vp; ,(waTTs)!/2 


———— VTHRESHOLD POWER 


R-4 FERRITE SLAB 
0.140 X 0.195X 5.5 
INCHES 


0.2 X0.9 INCH 
WAVEGUIDE 


108 
/t, (SEG) 


Fig. 2—This graph indicates the dependence of the spin-wave rise- 
time on the incident power for the slab structure shown. 
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Fig. 3—Formation of the spike for an RF 
pulse of finite rise-time. 


fied. Here the spike amplitude P, is no longer equal to 
the input-pulse amplitude but is smaller and is given by 
a cubic equation. This equation simplifies into the fol- 


lowing: 
i 2 1 2 . 
“OE 6 
K 7 L 


-OP-OxQ} « 


where the threshold power is given by 


Ey Aly 
ss Ce) ”) 


One can easily show that dP,/dP;=0 for large P;. 
Keeping in mind that P,=P; until r=T,, a graph of P, 
vs P; is produced much like the CW power response of a 
long thin slab, 7.e., the spike has a “threshold” value of 
power and ultimately becomes limited. The spike am- 
plitude P, was actually measured for the Ferramic R-4 
slab of Fig. 2 as P; was increased to the maximum avail- 
able from the CW magnetron source. Good qualitative 
agreement was obtained with (5) and (6) (see Fig. 4), 
and a modification of the equations using the true pulse 
shape, instead of the ideal linear rise, gave quantitative 
agreement. 

The four parameters, 7’, L, K and 7 can be varied to 
eliminate or suppress the leakage spike. Taken in order, 
we note first that the pulse rise time, T7,, strongly 
affects the spike amplitude. Thus, as 7’, is decreased, the 
spike amplitude should increase; in particular, the spike 
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Fig. 4—Variation of spike amplitude with incident power 
for a spike of finite rise-time. 


threshold power should rise as 7’, is decreased. It is easy 
to alter the input pulse rise time, keeping L, K, and n 
constant, by placing various microwave filters with dif- 
ferent Qext before the ferrite. For the Ferramic R-4 
slab structure of Fig. 2, pulses with 7,=0.50 usec and 
T’-=0.03 wsec yielded spike threshold power values of 
P;=20 w and P;=200 w, respectively. Simple calcula- 
tions show good qualitative agreement with (5) and (6). 
However, the reduction of T, in a practical device is 
probably not possible, since most radar systems employ 
RF pulses with sharp rise-times. 

The effect of decreasing the quantity L, the logarith- 
mic ratio of ax, to a;, is to reduce P,. Physically, this is 
equivalent to raising the ferrite spin temperature a, or 
pre-exciting the spin waves. It is actually possible to 
pre-excite the spin waves by using a “primer-pulse” 
which, in addition to the signal, also excites subsidiary 
resonance. The following experiment® was performed to 
show the effectiveness of this pre-pulsing scheme. The 
pulsed outputs of two X-band magnetrons were syn- 
chronized so that a 2.5-usec pre-pulse would envelope a 
0.5-usec signal pulse. Fig. 5 illustrates the observed out- 
put wave shapes with (a) only the signal pulse applied 
and (b) both the signal pulse and the pre-pulse applied. 
A decrease in signal spike amplitude can be observed in 
case (b). Ideally, both pulses should be at the same fre- 
quency for optimum effect since then the subharmonic 
spin-wave frequencies are identical, 7.e., the same spin 
wave is being amplified by both pulses. For different 
pre-pulse frequencies, more pre-pulse power is expected, 
and this behavior is borne out by the data plotted in 
Fig. 6. This pre-pulsing technique demonstrates the de- 
crease expected of P, with decrease in L, but obviously 
is not a practical method for spike suppression. 

Thus, it appears that only 7, the spin-wave damping 
parameter and K, a measure of geometric RF “field 
peaking” can conveniently be altered. The parameter 7 
is selected according to which ferrite is used. What effect 
this selection will produce on the spike amplitude de- 
pends on the relative magnitudes of 7/Z and 1/7 as can 
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(b) 
Fig. 5—Evfect of spike of applying pre-pulse; tp=start of prepulse, 


ts=start of signal pulse, time scale=0.25 usec/cm. (a) Without 
prepulse. (b) With prepulse. 
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Fig. 6—Dependence of signal pulse spike on frequency and ampli- 
tude of prepulse. The signal pulse amplitude is 12 w. 


be seen in (5). If n/Z>>1/7, then the spike amplitude is 
sensitive to changes in 7, and at the same time the spike 
amplitude and the threshold power will be relatively 
large. On the other hand, if n/L<1/7, the spike ampli- 
tude is insensitive to lowering y/L, and the selection of 
a better ferrite (lower n/Z) will not appreciably affect 
the spike. From the equations, it can be noticed that in- 
creasing K always has a decisive effect on spike ampli- 
tude and threshold power level. Therefore, the greatest 
improvement in the spike response of the slab-type 
limiter can be achieved by selecting experimentally a 
material with the lowest threshold for instability in a 
given configuration and by then concentrating on field 
peaking techniques. 


Selection of Ferrite Material and Geometric Configuration 


The first step in ferrite limiter design is to select the 
proper material. A suitable material must exhibit low 
loss at low-power levels, a low instability threshold, 
and high loss at high-power levels. Accordingly, thresh- 
old power and loss data were taken on ferrite slabs 
in waveguides and on spheres in a microwave cavity. 
The result is that for a subsidiary resonance limiter, 
General Ceramic’s Ferramic R-4 was superior to all com. 
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mercial and experimental ferrites examined. Since a 
figure of merit would be difficult to define, we state 
simply that this material exhibits a low-power loss 
comparable to Ferramic R-1 (the material used by 
Uebele), but a threshold power an order of magnitude 
lower than R-1. It should be noted that R-4 ferrite 
possesses the lowest threshold power measured. On the 
basis of Suhl’s approximation for the spin-wave 
damping, 7=yAH/2, the lowest line-width material 
should exhibit the lowest threshold power and this is not 
consistent with the broad (AH >250 gauss) line-width 
of R-4 ferrite. This behavior must be due to an effect 
produced by the unusual polycrystalline structure of the 
ferrite. 

Typical of the thin-slab data is that shown in Fig. 7 
of an 0.080-in R-4-slab 4 inches long placed against the 
side wall of standard X-band waveguide. The insertion 
loss was only 0.05 db and no deterioration of perform- 
ance was noticed at large average power levels. For 
these reasons, such a configuration could be utilized as 
a “prelimiter,” useful for dissipating the brunt of the 
average power in a large incident signal. 

A low impedance microwave circuit must be selected 
which will produce a large K value and a reasonably low 
insertion loss. These requirements tend to be mutually 
exclusive since the ferrite always contributes a linear 
loss term. A low impedance circuit with excellent 
characteristics consists of the tapered ferrite slab, shown 
in Fig. 8, in reduced height X-band waveguide. Uebele 
showed that the threshold power for this structure was 
lowered by an order of magnitude over the threshold 
power for a thin slab at only a slight compromise in in- 
sertion loss. Therefore, this structure was studied fur- 
ther and was utilized in all of the main limiter designs. 

Some insight into the operation of Uebele’s limiter 
configuration can be gained by noting two important 
facts. First, experiments indicate that as the thickness 
of a thin slab is increased, the threshold power de- 
creases. Second, at an input power just above threshold, 
Uebele’s limiter produced a plateau power output less 
than the threshold power level, an effect that is hard to 
reconcile with the absorption mechanism involved. 
Both of these facts suggest that a transition occurs from 
a TE mode to a different mode in the ferrite-loaded 
waveguide section. 

A perturbed TE) mode propagates when Hac is set to 
subsidiary resonance in a thin slab against the side wall 
of rectangular waveguide. It has been shown that for 
thick slabs,’ appropriately biased with an Hac, a surface 
mode (or ferrite-dielectric mode) can propagate. The 
RF field intensity becomes quite large at the ferrite-air 
interface for this low impedance mode. Thus, one might 
expect the tapered slab to support some combination of 
both modes and to actually furnish a gradual transition 


7K. J. Button and B. Lax, “Theory of ferrites in rectangular 
waveguides,” IRE TRANS. ON ANTENNAS AND PROPAGATION, vol. 
AP-4, pp. 531-537; July, 1956. 
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Fig. 7—Power response of a Ferramic R-4 thin-slab limiter. 
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Fig. 8—Limiter geometry showing tapered ferrite-slab structure. 


from TE;) mode at the slab ends to the surface mode 
at the slab center. Precisely this behavior was experi- 
mentally observed by probing the electric field in the 
slab-loaded waveguide section, and plotting the trans- 
verse variation of intensity as the length of the slab 
was traversed. Additional support for the moding effect 
is furnished by probing the RF field at high power. One 
expects the central portion of the slab, where the RF 
magnetic field is most intense, to become unstable first 
as the power is raised. For a power level just above 
threshold, the pulse shape is rectangular at the input 
end of the slab and remains so as the probe is traversed 
along the length of the slab, until, at the slab center 
the pulse becomes distorted to a spike and plateau. 

An analytical solution to the tapered-slab problem is 
difficult even in the absence of high-power effects and is 
probably insoluble if loss is included. Although the 
above reasoning is qualitative, the arguments are 
strongly supported by experiment and provide infor- 
mation to guide the design of the ferrite-waveguide 
structure. 


Ferrite Limiter Construction 


Several limiters were constructed using Ferramic R-4 
ferrite and the limiter shape of Fig. 8. The limiter di- 
mensions were systematically varied to obtain the low- 
est value of threshold power for an arbitrary insertion- 
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loss value, usually taken as 1 db. Limiters resulted with 
an insertion loss of 1 db and a threshold power which 
varied from about 20 w (h=0.400 in) down to 5 w 
(h=0.050 in). Shown in Pig. 9 is the response curve of a 


' typical limiter with dimensions L =4.0 in, h=0.050 in, 


w=0.160 in, and d=0.080 in. The insertion loss is less 
than 0.9 db over a 300-Mc band and the threshold power 
is less than 10 w over the same bandwidth. 

Although variation of any one dimension affects all 
parameters specifying the limiter response, certain de- 
pendences are noticed. Thus, the main effect of decreas- 
ing the waveguide height is to lower the threshold 
power. The w and d dimensions primarily affect the in- 
sertion loss, since the match between modes is altered; 
small variations about w=0.150 in and d=0,090 in 
were generally found to provide a suitable insertion-loss 
value. The transverse dc magnetic field adjustment is 
not extremely critical, but large variations affect both 
the insertion loss and the threshold power. 

It is clear that the limiter with the response of Fig. 9 
cannot protect crystals over any power range. Even if 
the threshold power were lowered below the 1-w level, 
the leakage spike would prevent crystal protection. 
Since the microwave circuit design has been consider- 
ably improved, and is hopefully nearly optimized, it is 
natural to inquire whether a better ferrite material 
might aid in suppressing the spike. Eqs. (5) and (6), 
with the experimental constants 7;,=0.03 usec and 
n/L=3.1 (usec)—!, taken from Fig. 2, yield the result 
that n/L<1/r7 and so it follows that the spike cannot be 
reduced by using a more nonlinear material. Hence, the 
slab-type subsidiary resonance limiter is useful for crys- 
tal protection only if it is followed by a secondary 
limiter which will eliminate the leakage spike. 

Since the output power of the slab-type limiter is 
relatively low, one is encouraged to re-inspect single 
crystal garnet limiters. However, YIG single crystal 
limiters operating at both subsidiary resonance and 
main resonance can be ruled out as secondary limiters. 
At subsidiary resonance the high Q cavity, necessary to 
obtain a low threshold, creates a high insertion loss and 
severely reduces the bandwidth. The main resonance 
limiter, useful at S band where the coincidence of main 
and subsidiary resonance instabilities creates an ex- 
tremely low threshold, requires a microwave cavity at 
X band and is narrow band. In addition, a large spike 
is observed on the output pulse thus making this type 
of device unsuitable as a secondary limiter. 


DIopDE LIMITERS 


It has been realized for some time that the nonlinear 
properties of diodes can be used for passive power limit- 
ing at low power levels where diode power dissipation is 
low. An investigation was therefore undertaken to de- 
termine if a diode could handle a ferrite limiter spike in 
the 100 erg region and a flat leakage of 20 w and thus 


serve as a secondary limiter. 
One type of diode limiter makes use of the diode non- 
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Fig. 9—Power response of Ferramic R-4 tapered-slab limiters 


linearity to convert signal power, above a threshold 
level, into subharmonic oscillations’ as in the ferrite 
case. This type of device is narrow band and generally 
is restricted to limiting power levels below 1 w. A sec- 
ond scheme, better suited to our purposes, utilizes the 
diode nonlinearity to change the admittance presented 
to the RF wave, as was shown by Garver and Tseng.!° 
The essential advantage of this technique is that the ad- 
mittance change can be used to switch the high power 
into a load resulting in little power dissipation in the 
diode itself. To predict the admittance of a diode as a 
function of the applied RF power, that is, the limiting 
characteristic, the equivalent circuit of the diode and 
mount is needed. Although substantial efforts have 
been made to determine the equivalent circuit,!! an 
accurate model of the diode plus mount has not yet been 
given. 


Diode Limiter Configurations 


In order to study in more detail the possible limiter 
circuits and diode limiter spike response, a 1N263 diode 
limiter was constructed. The diode was mounted across 
the waveguide at the #-field maximum with the diode 
axis parallel to the narrow waveguide wall. The diode 
mount introduced little capacitance and provided a way 
to apply a dc bias voltage to the diode. A matched load 
terminated the diode mount and the admittance of the 
diode plus matched load was measured as a function of 
RF power. The results, shown on the Smith chart (Fig. 
10), clearly demonstrate the power-switching tech- 
nique. Thus, for input powers below 0.2 mw an ex- 
tremely large VSWR is presented to the RF wave re- 
sulting in nearly total reflection; above this power level 


8 A. A. Wolf and J. E. Pippin, “A passive parametric limiter,” 
Digest of Tech. Papers, Solid-State Circuits Conf., Philadelphia, Pa., 
pp. 90-91; February, 1960. 

9 A. E. Siegman, “Phase-distortionless limiting by a parametric 
method,” Proc. IRE, vol. 47, pp. 447-448; March, 1959. 

10 R. V. Garver and D. Y. Tseng, “X-band diode limiting,” IRE 
TRANS. ON MICROWAVE THEORY AND TECHNIQUES (Correspondence), 
vol. MTT-9, p. 202; March, 1961. 

11 R, V. Garver and J. A. Rosado, “Microwave diode cartridge 
impedance,” IRE TRANS. ON MICROWAVE THEORY AND TECHNIQUES, 
vol. MTT-8, pp. 104-107; January, 1960. 
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Fig. 10—Variation of admittance with RF power 
for 1N263 diode and mount. 


both the conductance and susceptance change rapidly 
with power, little power is reflected, and the remainder 
is split between the diode and matched load. Since the 
diode conductance is much smaller than the load con- 
ductance, and the diode susceptance is also small, most 
of the incident power is dissipated in the load. This be- 
havior is ideal for power limiting because of the low 
power dissipation in the diode. 

In an actual reflection-type limiter model, means 
must be provided for separation of input and output 
signals. This may be accomplished by connecting two 
diode mounts, terminated in matched loads, to a 3-db 
broad-band hybrid.'® The input signal splits at the junc- 
tion with a 90° relative phase shift, half of the power 
going to each diode section. At low signal level most of 
the power incident on each diode is reflected, and the 
phases are such that the reflected signals add in the 
hybrid output arm and cancel in the hybrid input arm. 
At high signal levels the power is largely transmitted 
to the load and the signal at the hybrid output port is 
correspondingly reduced. This hybrid limiter was con- 
structed and effectively limited 2.5-usec signal pulses 
for up to 5 w amplitude with a threshold power of 1.0 
mw and an insertion loss of 0.6 db. Two improvements 
were made in this design which left the insertion loss 
unchanged, but increased the power-handling capacity 
to 15 w. First, a dual-diode mount was built by placing 
two 1N263 diodes side-by-side in the transverse plane; 
second, 10-kilohm resistors were placed in the diode dc- 
return to limit the current flow. Both improvements 
decrease the current flow across the diode junction and, 
in this way, less power is dissipated per diode. 

This hybrid diode limiter is useful only if it can limit 
the sharply rising leakage spike, produced by the ferrite 
limiter. By using the ferrite power limiter as a spike 
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signal source, the spike-limiting response was obtained. 
The results prove the diode limiter can limit a leakage 
spike of 0.020-usec width for as much as 100-w ampli- 
tude (20 erg). However, at more than a 10-erg input a 
gradual diode deterioration was noticed for long ex- 
posure times (several minutes). This effect restricts the 
application of the limiter as a secondary limiter, and 
points out the need for a limiter diode with a larger 
power-handling capacity. 


Varactor Diode Limiter 


Mesa-type varactor diodes possess a large contact 
area and are able to dissipate a larger amount of power, 
without diode deterioration, than the 1N263 point-con- 
tact type of construction. Accordingly, several varac- 
tor diodes, including MA460A, MA460E, MA460F, 
MA450A, MA450F, and some experimental diodes, 
were evaluated; only the double-ended MA450F diode, 
back biased to —5 volts, offered the desired character- 
istics. At input powers below 500 mw the reflection loss 
was a low 0.2 db, and the reflection loss increased to 10 
db for an input power above 500 mw. This behavior, 
ideal for constructing a secondary limiter, is probably 
due to the rapid decrease in resistance associated with — 
the avalanche breakdown. By contrast, the other diodes 
exhibited very little change in admittance as the power 
was varied, and were generally lossier. 

It is significant that the diode-rectifying structures in 
the MA460 and MA450 series are electrically equiva- 
lent, and that their microwave response differs only be- 
cause they are enclosed in different types of packages. 
The MA460 series of diodes which uses a single-ended 
cartridge package proved to be ineffective for limiting. 
In contrast, the MA450 diodes with a double-ended 
package (similar to the 1N263 package) gave consist- 
ently better results. The performance difference be- 
tween the MA450F and the MA450A is due to the 
change in diode cutoff frequency which probably tunes 
the diode series resonance. 

An experimental limiter was constructed using four 
MA450F diodes biased to —5 volts, in conjunction with 
a hybrid section, as discussed earlier. The dc external 
loading resistors used here, however, were 470 kilohms. 
It was also found possible to position a tuning screw a 
distance \g/2 behind the diodes and greatly enhance 
the amount of isolation. This resulted in the power re- 
sponse curve shown in Fig. 11. The low-power insertion 
loss of this device is 0.4 db, with a threshold power level 
of 1 w; these values are constant over a 200-Mc band 
centered about 9300 Mc. For this limiter, the leading 
edge spike has a width less than 10 nsec. If the ava- 
lanche breakdown mechanism is principally responsible 
for the diode admittance change, then the spike data is 
not inconsistent with the relatively long time constants 
appropriate to the avalanche. Since the spike rapidly 
becomes narrower as power increases, and is also even- 
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Fig. 11—Power response of MA450F hybrid limiter. 


tually limited, its presence does not abort the limiter’s 
effectiveness as a secondary limiter. Again using the 
ferrite limiter as a spike source, over 15 db of spike limit- 
: ing was measured for input-leakage spike amplitudes 

-of 1500 w (300 ergs) with no noticeable deterioration of 
the MA450F diodes. 

A three-port circulator for the separation of the input 
signal from the output signal provides a simple method 
of obtaining a threshold power just one half that of the 
hybrid limiter. Here the input signal, incident on the 
diode section, is either reflected into the output port or 
transmitted to the load, depending on the signal level. 
Such a device was built and it exhibited less than 0.4- 
db insertion loss, and over 10 db of isolation for input 
powers above 500 mw. 

These two limiter configurations provide the second- 
ary limiter characteristics needed to build a passive 
solid-state limiter useful for crystal protection. 


SOLID-STATE LIMITER 


Since the diode and ferrite limiters have been con- 
structed with the desired individual characteristics, the 
problem has been reduced to combining the individual 
‘units into a workable solid-state limiter. In doing this, 
emphasis has been placed on demonstrating the feasi- 
ability of eventually constructing a model which will be 
useful in radar sets. Therefore, the procedure has not 
been to redesign compatible limiter stages, but rather 
to adjust the characteristics of the existing limiters so 
as to obtain limiting over a wide power range with a 
reasonably low insertion loss, taken here as 2 db. 

Accordingly, a four-stage limiter was constructed 
consisting of a ferrite prelimiter, a ferrite main limiter 
and two stages of diode limiting. The completed limiter 
model is shown in Fig. 12. The ferrite prelimiter con- 
sists of a tapered slab of ferrite in 0.200-in high X-band 
waveguide similar to that shown in Fig. 8. For an in- 
sertion loss of only 0.3 db, a threshold power of 100 w 
was obtained. 

The main ferrite limiter, which was previously dis- 
cussed, exhibits the limiting response shown in Fig. 9. 
At the design frequency of 9300 Mc, the insertion loss 
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Fig, 12—Photograph of four-section solid-state limiter. 


is 0.8 db. By combining the prelimiter and main limiter, 
a plateau power output less than 20 w was obtained. 
However, upon combining the two limiters, a double 
leading edge spike resulted and some care had to be 
exercised in adjusting the magnetic field to minimize 
this effect. 

Following the two ferrite limiters, both a hybrid 
MA450F diode limiter and a circulator MA450F diode 
limiter were used in order to reduce the spike and pla- 
teau level to a value sufficiently low to provide com- 
plete crystal protection. The characteristics of these 
diode limiters have been described in detail in a previ- 
ous section. Briefly, these two diode limiters in tandem 
have an insertion loss less than 1 db over a bandwidth 
greater than 200 Mc and a threshold power of 500 mw. 

In combining the various stages of this limiter, a 
vatiety of adjustments are required in order to match 
the individual characteristics to obtain an optimum 
device. These adjustments were most easily accom- 
plished by duplexing a low-power signal modulated at 
1000 cycles together with the high pulsed signal. Thus, 
the effect of any adjustments on both low- and high- 
power performance could readily be determined. 

The performance characteristics of this complete 
power limiter are as follows: 

Center frequency—9300 Mc, 

Insertion loss—2 db, 

Maximum input power (for complete crystal protec- 

tion)—5000 w, 

Bandwidth (over which crystal protection is pro- 

vided)—200 Mc, 

Spike leakage—less than 0.6 erg. 


The complete power response is plotted in Fig. 13. In 
addition to the above measurements, the effectiveness 
of the limiter in protecting a balanced mixer using 
1N23E crystals was tested. No deterioration of the 8.8- 
db-mixer noise figure could be measured after the 
limiter-mixer combination was subjected to a 5-kw 
peak input signal. This test clearly demonstrates the 
effectiveness of the limiter for crystal protection. 
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Fig. 13—Power response of four-section solid-state limiter. 
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CONCLUSION 


The X-band limiter described in this paper indicates 
the feasibility of building an all solid-state device ca- 
pable of complete crystal protection. Obviously, a sub- 
stantial engineering effort is still required before this 
type of limiter can become practical for system use. 
Thus, a reduction in size, weight, cost and insertion loss 
is vital in order for this device to compete successfully 
with presently available TR tubes. Nevertheless, such 
improvements will undoubtedly come, particularly in 
those systems where the present TR tubes are not satis- 
factory. 
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On Spurious Outputs from High-Power Pulsed 


Microwave Tubes and Their Control* 


K. TOMIYASUf, SENIOR MEMBER, IRE 


Summary—Excessive spurious outputs from high-power pulsed 
magnetrons, klystrons and traveling-wave tubes can cause intoler- 
able radiation interference and deleterious effects in a high-power 
microwave system. The harmonic output from a klystron may vary 
appreciably with changes in operating conditions. Harmonic outputs 
from tubes cannot be eliminated but their radiation can be signifi- 
cantly reduced by using filters. If the parasitic or spurious oscilla- 
tions are very strong, adverse effects such as amplitude and phase 
instability of the fundamental frequency output may occur. Some of 
the spurious outputs may be reduced or eliminated by redesign of 
the tube or its modulator. 


INTRODUCTION 


HE emission of spurious outputs from microwave 
Pe has been known for a long time. Spurious 

outputs are defined as those frequency compo- 
nents other than the fundamental frequency with its 
normal sideband modulation components. 

With steady increase in transmitter power level, re- 
ceiver sensitivity, and density of radiating equipment, 
the problem of spurious outputs has taken on greater 
significance in terms of radiation interference [1], [2]. 
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As the power levels of high-power tubes have increased 
so have the spurious output power levels. In a micro- 
wave system, the presence of spurious power may have 
deleterious effects such as arcing in chokes, arcing at 
flanges and undesired leakage through ionized duplexers. 
In addition, if a large amount of spurious power is gen- 
erated, the tube efficiency may be decreased; it may 
cause other harmful effects to the tube and an objec- 
tionable amount of amplitude and phase instability 
may be added to the fundamental frequency output. 

The presence of spurious frequencies usually can be 
detected at the tube output, provided that the spurious 
frequency is above cutoff of the output transmission 
line. If the spurious frequency is below cutoff and the 
spurious signal amplitude is sufficiently large, its pres- 
ence may be inferred from any phase and amplitude 
instability of the fundamental frequency output. This 
instability may adversely affect the system of which 
the tube is a part without interfering with other nearby 
systems. 

Although the frequencies can be measured with rela- 
tive ease, the power levels are much more difficult to 
ascertain [3|-[6]. Spurious outputs other than har- 
monics are often quite erratic. Since a methodical re- 
design study of a high-power tube is generally costly, 
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time consuming, and frequently inconclusive, the 
amount of progress made in suppressing these outputs 
has been limited. 
This paper briefly summarizes the spurious outputs 
from high-power pulsed magnetrons, klystrons, and 
traveling-wave tubes. Some control methods are also 
discussed. Tubes which are designed for long pulse and 
continuous (CW) output operation may also generate 
spurious signals caused by ion oscillations [7 |-[10]. 
These signals may modulate the amplitude of the beam, 
and the frequency may range from a few kc to a few 
Mc. Ion oscillations will not be discussed further in this 
paper. 


MAGNETRON 


Besides harmonics from pulsed magnetrons, anhar- 
monic frequencies are occasionally generated which are 
due to moding within the RF structure of the mag- 
netron. Although harmonic generation cannot be pre- 
vented due to the nature of the electron cloud within 
the magnetron, anharmonic frequencies can be con- 
trolled to a certain extent by appropriate design of the 
magnetron and its modulator. The second harmonic 
power may be about 40 db below the fundamental but 
the third harmonic can be as strong as 20 db below [4]. 
Filtering has been found successful in reducing the 
radiation of harmonics [11], [12] as well as anharmonic 
[13] frequencies. Additional spurious outputs from mag- 
netrons may be due to space-charge effects [14], [15]. 


KLYSTRON 


There are several possible types of spurious outputs 
from a pulsed klystron, for instance, harmonics, diode 
oscillation, drift tunnel oscillation and others. The 
amount of spurious frequency power depends on many 
factors, but most heavily upon tube design, manufac- 
turing tolerances and operating parameters. 


Harmonics 


Harmonic frequency components are usually present 
on the electron beam in a high-efficiency, high-power 
klystron. Measurements made on one klystron using 
multiple probe techniques have shown the second har- 
monic power may be 35 db below the fundamental fre- 
quency power and the third may be 40 db below [16]. 
There are many operating parameters on a klystron 
which will affect the harmonic power output, such as 
pulse length, frequency within band, detuned cavities, 
magnetic field, input RF drive power level, saturated 
power output, beam voltage and output load imped- 
ances at the spurious frequencies. 

Fig. 1 illustrates the variation in second harmonic 
power radiated from a VA-87B klystron as a function 
of frequency within the design band [16]; it is to be 
noted that the power is a minimum near midband. Fig. 
2 illustrates the variation in second harmonic power as 
a function of beam voltage. At the recommended beam 
voltage of 90 kv, the second harmonic power is a mini- 
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Fig. 1—VA 87-B klystron harmonic output 
as a function of frequency. 
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Fig. 2—VA 87-B klystron harmonic output 
as a function of beam voltage. 


mum. Additional measurements were taken and the 
results showed the large dependence of harmonic power 
on operating parameters. It should be mentioned that 
these data were obtained on a specific tube under spe- 
cific operating conditions and that these are not neces- 
sarily representative of all klystrons. 

As for a control method, it is difficult to eliminate 
completely the harmonic components on the beam. An 
alternate method is to design cavities which would pre- 
sent low circuit impedances at the harmonic frequen- 
cies. Considerable work has been carried out on this ap- 
proach at Cornell University with encouraging results 
[17]. For expediency, the use of filters has been found 
effective in reducing the amount of radiated power at 
the harmonic frequencies. 


Diode Oscillation 


Under certain operating conditions, Llewellyn shows 
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that high-frequency oscillations are possible between a 
planar cathode and anode in the appropriate geometry 
[18]. These are called diode oscillations and this type 
of oscillation can sometimes be found in the electron 
gun of a high-voltage klystron. Diode-oscillation fre- 
quencies may be below, within, and even above the 
design frequency band of the tube. 

The conditions required to cause these oscillations are 


1) Adc beam transit angle of about +4 RF cycle at 
frequency f is needed to generate a negative re- 
sistance across the diode, where is any integer. 
The magnitude of this resistance must be suff- 
ciently large to overcome the circuit losses. 

2) An electromagnetic circuit with sufficiently high 
Q is resonant at frequency f. 

3) Sufficient coupling exists between resonant circuit 
and electron beam. 


On a particular S-band multimegawatt klystron which 
had erratic diode oscillations, probing techniques 
showed that two of the resonant electromagnetic modes 
associated with the diode oscillations were localized in 
the annular region between the cathode and anode 
housing [19]. These two resonant modes had a Q in ex- 
cess of 1000, and the modes were identified as the TEs, 
and TEe, modes in a coaxial line. Although the fields of 
the resonant modes were not in close proximity with 
the negative-resistance electron beam, there was suff- 
cient coupling to drive the circuit into oscillation. The 
erratic oscillations had approximate frequencies of 1400, 
2500 and 3650 Mc; these frequencies agree very closely 
with calculated values. 

The geometry of the electron gun has a profound in- 
fluence on the frequencies and on the likelihood of 
diode oscillations. The oscillations can be prevented by 
failing to satisfy the three conditions listed above, e.g., 
by lowering the Q of the resonant circuit [20]. Filters 
can prevent radiating these spurious frequencies; how- 
ever, if the oscillation is sufficiently severe, it may cause 
a detrimental amount of amplitude and phase insta- 
bility of the fundamental frequency output. The latter 
adverse interdependent effect is a result of the electron 
beam which couples to both the diode oscillation and 
amplifying circuits. Unfortunately, this adverse effect 
cannot be eliminated by using a simple filter. 


Drift Tunnel Oscillation 


Based on the report of spurious output from a Stan- 
ford University klystron [21], an analysis was made 
on the possibility of TE°,,-mode oscillations in the cir- 
cular drift tunnels between cavities [22]. The calcu- 
lated frequency agrees very closely with the reported 
spurious frequency of 5770 Mc. The conditions for os- 
cillation are the same as those listed above for diode 
oscillation, with the exception that the transit angle 
refers to transit through the tunnel. The transverse 
electric field in the resonant circuit displaces the beam 
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transversally. The displaced beam provides the coupling 
between beam and circuit, and it converts some of the 
kinetic energy of the beam to a negative RF resistance 
in the circuit. The latter is a consequence of beam de- 
celeration from an antiphased longitudinal component 
of the fringing microwave field at the emergent end of 
the drift tunnel [23]. 

If drift tunnel oscillations occur, the frequencies may 
be two or three times higher than the design frequency 
band of the klystron. These spurious frequencies must 
be above cutoff of the TE°, mode in the circular drift 
tunnel and this cutoff frequency f; is given by [24] 


feD = 6917 Mc:inch 


where D=tunnel diameter in inches. 

Very little can be stated at present as to control since 
the erratic oscillation behavior has generally prevented 
a systematic study of it. Undoubtedly a strong magnetic 
focusing field would reduce the amount of transverse- 
beam displacement, and hence, the possibility of oscil- 
lation.! Also,.a smaller beam diameter may reduce the 
coupling. Filters could prevent radiation of this spuri- 
ous signal, but if severe, an objectionable amount of 
phase and amplitude instability of the fundamental fre- 
quency output may occur. 


Monotron Oscillation 


Within a single cavity, an oscillation may occur 
which is called monotron oscillation [25]-[29]. The 
conditions for oscillation and the means for its sup- 
pression are the same as for diode oscillations. 


Other Spurious Outputs 


Other spurious signals may be generated due to unin- 
tentional feedback either external or internal to the 
tube. 


TRAVELING-WAVE TUBE 


Some of the spurious outputs from a high-power 
pulsed traveling tube are similar to those from a high- 
power klystron, while others are not. The tube design, 
manufacturing tolerances and operating parameters 
have large effects on the power level of the spurious out- 
puts. 


Harmonics 


Harmonic frequency components are usually present 
on the electron beam in a high-efficiency, high-power 
traveling-wave tube. Limited measurements [16], [30] 
show that the second harmonic power may be 20 to 40 
db below the fundamental frequency power. The oper- 
ating parameters affect the harmonic power levels the 
same way they affect the klystron. Filters have been 


‘ Beam diameter enlargement and asymmetry may be caused by 
the magnetic field of the heater current. See A. S. Gilmour, Jr., 
“Effect of filament magnetic field on the electron beam from a Pierce 
gun,” Proc. IRE (Correspondence), vol. 49, p. 976; May, 1961. 
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found effective in absorbing the undesired harmonic 
power. 


Diode Oscillation 


There is basically no difference in the design of elec- 
tron guns for klystron and traveling-wave tube for the 
same power level. Hence, the cause and adverse effects 
of diode oscillations and redesign methods to eliminate 
these oscillations are the same as for the klystron. 


Band-Edge Oscillation 


When traveling-wave tubes are pulsed, “band-edge” 
or “rabbit-ears” oscillations are sometimes detected in 
the output [31], [32]. These extremely short pulses 
occur at the beginning and at the end of the beam cur- 
rent pulse. The frequency is approximately equal to the 
high-frequency end of the pass band of the tube struc- 
ture, hence the name, band-edge oscillation. The fre- 
quency-time relationship of these oscillations is shown 
graphically in Fig. 3. 

The mechanism for generating band-edge oscillation 
can be explained by referring to Fig. 4 which shows an 
w-6 plot of a traveling-wave tube. The slope of the line 
passing through the origin is equal to the velocity of the 
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electron. At the rated beam voltage, the electron veloc- 
ity is equal to the circuit phase velocity. 

When the electron velocity starts from zero, as under 
pulsed operation, the line passing through the origin 
will start with a small slope which progressively in- 
creases as the beam voltage increases. Prior to reaching 
the rated voltage, the line will pass through point A on 
the first pass band w-6 curve. It is at this brief instant 
of time when a backward-wave oscillation occurs within 
the tube. 

Band-edge oscillations may be eliminated if the rise 
and fall in beam voltage can be made sufficiently fast. 
They can also be eliminated in a tube which employs a 
control grid ocr modulating anode. Filters can prevent 
radiating these spurious outputs. 


Second Pass-Band Oscillation 


Depending on its structure and operating parameters, 
a traveling-wave tube while amplifying a signal whose 
frequency is in the first pass band sometimes may oscil- 
late simultaneously at a higher frequency. in the second 
pass band. Since this spurious oscillation is quite rare, 
very little is known of techniques for its suppression. 
While filters may prevent the radiating of the second 
pass band oscillation, a severe oscillation in the tube 
may cause adverse amounts of phase and amplitude in- 
stabilities in the signal being amplified. It is conceivable 
that oscillations may occur at frequencies in pass bands 
higher than the second. 


Other Spurious Outputs 


Other spurious outputs in a traveling-wave tube that 
are associated with higher-order asymmetrical electro- 
magnetic modes within the slow-wave structure, and 
generated by rotationally asymmetrical components of 
the beam current may be possible. 


CONCLUSION 


Several types of spurious outputs from high-power 
pulsed microwave tubes have been discussed. At least 
three of the spurious outputs, v7z., diode, drift tunnel 
and monotron oscillations, are caused by negative 
resistances generated from beam transit time effects. 
Some control methods are mentioned. 

Filters are useful in suppressing the radiation of 
many spurious frequencies, notably harmonics, gen- 
erated by high-power microwave tubes. Severe spurious 
oscillations may cause objectionable phase and ampli- 
tude instabilities of the output at the fundamental fre- 
quency. Further study is required to eliminate all 
spurious outputs from high-power tubes. 
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Practical Design and Performance of Nearly Optimum 
Wide-Band Degenerate Parametric Amplifiers’ 


M. GILDEN}, MEMBER, IRE, AND G. L. MATTHAEI{, memBer, IRE 


Summary—The design of a two-resonator single-diode de- 
generate parametric amplifier is described, which incorporates fea- 
tures that give it nearly optimum wide-band performance. These 
features include the use of almost lumped circuit elements, a sepa- 
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rate pump resonator which is very lightly coupled to the diode and 
pump circuits, and a diode resonated in series rather than in shunt, 
from which several advantages accrue. A bandwidth of 21 per cent 
with 15-db midband gain (double channel) is obtained at 1 Gc using 
two resonators, as compared with 8 per cent using one resonator. 
Both measured responses are found to be in excellent agreement 
with theoretical responses obtained with a digital computer. The 
measured double-channel noise figure was 1 db. Theoretical and 
experimental results are presented which show this type of ampli- 
fier to be remarkably insensitive to tuning errors. Good results were 
also obtained using two identical amplifiers in balanced operation 
with a 3-db coupler so as to eliminate the need for a circulator. 
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INTRODUCTION 


INGLE-diode parametric amplifiers with increased 

bandwidth can be obtained by using properly de- 

signed multiresonator coupling circuits instead of 
'single-resonator circuits. Such increases in bandwidth 
were first demonstrated by Seidel and Herrmann! for 
the case of degenerate parametric amplifiers. In their 
analysis the parameters of the resonators are fixed by 
forcing the frequency derivatives of the gain function 
to be zero at midband. More recently Matthaei?? has 
shown that multiresonator coupling circuits can be de- 
signed to give relatively large bandwidths for either de- 
generate or nondegenerate parametric amplifiers as well 
as for up-converters. His analysis is based on a filter- 
theory viewpoint. 

A single-diode degenerate parametric amplifier was 
designed and constructed to verify part of the design 
theory of Matthaei and to ascertain what practical dif- 
ficulties might arise. Included in the device were sev- 
eral special features which helped to fulfill the objectives 
of the theory for optimum design.?3 A brief discussion of 
an experimental verification has previously been given 
by the authors.‘ In this paper (and in two SRI reports?) 
the single-diode degenerate amplifier is discussed in 
more detail, including the sensitivity of such amplifiers 
to mistuning and their operation in balanced and cas- 
caded configurations using 3-db directional couplers. 


DESCRIPTION OF THE SINGLE-DIODE AMPLIFIER 


The equivalent circuit of the two-resonator amplifier 
(as operated with a circulator) is shown in Fig. 1. The 
variable-capacitance diode is represented by a series 
circuit, where Co* is the series average value of the 
diode capacitance, Ci° is the series time-varying com- 
ponent of capacitance, Lz is the diode parasitic induct- 
ance, and R, is the diode loss resistor.?? Capacitance 
Co’ and Lz along with some additional inductance make 
up the series resonator indicated by X; in the figure. 
The second resonator in shunt, indicated by Bz, is in- 
cluded in order to obtain greater bandwidth. The pump 
power is supplied to the diode through the pump reso- 
nator, which is loosely coupled to the series resonator 


and pump generator. 


1 H. Seidel and G. F. Herrmann, “Circuit aspects of parametric 
amplifiers,” 1959 IRE WESCON CoNVENTION RECORD, pt. 2, pp. 
83-90. ; Ax 
2 C, W. Barnes, G. L. Matthaei, and R. C. Honey, Applications 
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Menlo Park, Calif., Quart. Progress Rept. No. 7, Sec. 3-A, SRI Pro- 
ject No. 2550, Contract No. 33(616)-5803; March, 1960. See also 
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A drawing of the strip-line realization of the equiva- 
lent circuit in Fig. 1 is shown in Fig. 2, and a photo- 
graph of the completed amplifier with its cover plate 
removed is shown in Fig. 3. A Hughes 1N896 diode 
is used which has a computer-type package. This diode 
has 0.020-inch-diameter wire leads which, because of 
their high characteristic impedance in the structure, 
provide the additional series inductance required to 
make the series circuit resonant at the signal frequency 
fo=1kMc. The shunt resonator is formed using a small, 
short-circuited stub to provide the inductance, and a 
metal block insulated with dielectric material to form 
the capacitance. The capacitor block was designed so 
that it would become resonant at the pump frequency 
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Fig. 1—Equivalent circuit of double-resonator 
degenerate parametric amplifier. 
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Fig. 2—Construction details of double-resonator 
degenerate parametric amplifier. 


INPLIT-OUTPUT LINE 


BGHES 18696 DIODE iN 
TER-TYPE PACKAGE & 


PUMP INPUT 
{fp ¢ 2kMe) 


Fig. 3—Photograph of double-resonator degenerate parametric 
amplifier (cover plate removed). 
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fp =2fy and thus provide a short circuit across the input- 
output line at that frequency. The pump resonator con- 
sists of a nominally quarter-wavelength resonator which 
is inductively coupled to the diode resonator and capac- 
itively coupled to the pump generator line. The short- 
circuit end of the pump resonator also provides its me- 
chanical support. DC bias is applied to the diode using 
an external battery. 

The design of the circuit elements included a number 
of design features which made possible nearly optimum 
performance of a two-resonator amplifier. The diode 
was resonated in series so that its internal inductance 
La merely contributes to the total inductance required 
for the series resonant circuit and does not degrade the 
performance (when operating below the self-resonant 
frequency of the diode). In an amplifier with the diode 
resonated in shunt, diode self resonance can have a very 
serious effect on bandwidth if the diode self-resonant 
frequency is at all near the operating frequency. The 
circuit elements were also made as nearly lumped as 
possible so that the multiple resonances which occur in 
any distributed elements would be far removed from the 
signal frequency. Such multiple resonances tend to in- 
crease the reactance or susceptance slope of the diode 
resonance at the operating frequency and as a result 
tend to narrow the bandwidth. The pump resonator 
was lightly coupled at both input and output so that it 
had little effect on the diode circuit at other frequen- 
cies, but it would still give efficient power transfer to 
the diode at the pump frequency. About 6 mw of inci- 
dent power was required to drive the diode over its full 
range of capacitance. 

There is another advantage in resonating the diode 
in series in this particular amplifier. For the desired in- 
put frequency and 50-ohm input impedance level, the 
required diode is conveniently of a size (2.2 uyf zero- 
bias capacitance) which allows the use of higher Q 
diodes. If the diode had been resonated in shunt and 
the same input impedance level was used, a diode with 
much larger capacitance would have been required, and 
the Q’s for such diodes are considerably lower. The 
series diode arrangement used also keeps stray capaci- 
tance across the diode barrier junction to a minimum 
and thus prevents degradation of the effective diode 
C1/C» ratio.® (Keeping this ratio large is very important 
for obtaining large bandwidth.)?? Also, to keep Ci/Co 
large the diode was pumped as hard as possible consist- 
ent with good noise figure. 

By making the distance from the RF short-circuit 
block (see Fig. 2) to the diode about a quarter wave- 
length at the upper-sideband frequency fy+f,=3 kMc, 


6 The Co and Ci referred to here are the conventional parallel- 
equivalent average and time-varying capacitance coefficients as de- 
fined by the Fourier series C(t)=Co+2C, cos (2mfpt)+ +++. The 
computation of the series coefficients, Co? and C\* in Fig. 1, is dis- 
oe elsewhere,?* but Co*/Ci*=(Ci/Co where Co* is roughly equal 
to Co. 


IRE TRANSACTIONS ON MICROWAVE THEORY AND TECHNIQUES 


November 


the diode is made to see a large reactance at that fre- 
quency and also at the second harmonic of pump, 2fp=4 
kMc. In this manner, dissipation of power at these fre- 
quencies is prevented. 


EXPERIMENTAL RESULTS 
Single-Diode Degenerate Parametric Amplifier 


A negative-resistance amplifie: requires a circulator 
in order to obtain best performance with a single ampli- 
fier unit.7 Since currently no 1-Gce circulators with ade- 
quate bandwidth appear to be available, the amplifier 
was tested using a 3-db directional coupler to give sepa- 
rate input and output ports as shown in the block dia- 
gram (Fig. 4.) The precision directional coupler was fabri- 
cated using an interleaving printed circuit construction 
developed at SRI on another program.® It had a resid- 
ual VSWR less than 1.05 and an isolation in excess of 
30 db across the frequency band of interest. The fre- 
quency response, corresponding to operation with an 
ideal circulator, was obtained using the circuit of Fig. 
4 in which a reference output level was established with 
a short circuit in place of the amplifier. In this circuit a 
short circuit would correspond to an amplifier with a 
gain of unity. Since a broad-band detector was used 
and the input signal was modulated, the output power 
represents the sum of both signal and idler power. 

The measured and computed response of the ampli- 
filer with and without the shunt resonator is shown in 
Fig. 5. The value of Co’ and Rk, used in computing the 
response was established by measurements, the Lg value 
was as suggested by the diode manufacturer, and the 
Cis value was the value required to give 15-db midband 
gain (as determined by computation). The other cir- 
cuit-element values were fixed by the prototype filter 
used in the amplifier. The agreement between the com- 
puted and measured results gives very encouraging veri- 
fication of the previously developed theory.?:? The com- 
puted 3-db bandwidth of the single-resonator design is 
seen to be 81 Mc while the measured bandwidth is prac- 
tically the same. The 3-db bandwidth of the computed 
double-resonator response is about 221 Mc, while the 
corresponding measured bandwidth is about 210 Mc 
giving a fractional bandwidth of 21 per cent. These 
values of bandwidth correspond to a C,/Co value of 
about 0.32. 

The noise figure of the parametric amplifier was 
measured using a circuit shown in the block diagram of 
Fig. 6. The pads and the tuners were included to insure 
that the amplifier would be well matched and would see 
identical impedance when the noise source was on and 


_” Of course, using two identical amplifier units in a balanced cir- 
cuit with a 3-db directional coupler can give an equivalent perform- 
ance, as is shown by results given later in this section. 

*W. J. Getsinger, S. B. Cohn, and J. K. Shimizu, “Design Cri- 
teria for Microwave Filters and Coupling Structures,” Stanford Res. 
Inst., Menlo Park, Calif., Tech. Rept. No. 10, Sec. 2, SRI Project 
No. 2326, Contract No. DA 36-039 SC-74862; July, 1960. 
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off. Care was also taken to reduce the leakage of local- 
oscillator power and excess noise from the receiver to 
the parametric amplifier. The image response of the re- 
ceiver was also suppressed. With the filters and tuners 
required for a reliable measurement it was convenient 
to make a noise measurement only at the midband fre- 
quency. In the measurement the signal and idler fre- 
quencies were adjusted to be close enough together so 
that both passed through the receiver IF amplifier. The 
procedure included obtaining a noise-figure measure- 
ment /4 with the circuit as shown in Fig. 6 and also 
obtaining a measurement Fg with the noise source 
placed at Point B and a matched load at Point 4. With 
this noise measurement the actual noise figure of the 
parametric amplifier is given by the expression 
jean Fone 
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Fig. 4—Block diagram of circuit used in measuring 
the amplifier frequency response. 
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Fig. 5—Frequency response of the single- and double- 
resonator parametric amplifier. 
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where 


F is the parametric-amplifier double-channel noise 
figure. 

G is the power-gain ratio of the parametric ampli- 

fer. 

is the power-loss ratio from A to B (Lag>1) in- 

cluding the 3-db loss of the directional coupler. 


iby B 


The noise figure F obtained by this procedure is a 
double-channel noise figure and is the noise figure which 
would be obtained if the device were operated with an 
ideal circulator. The computed value of double-channel 
noise figure for this amplifier was about 0.5 db as com- 
pared with measured values which ranged closely about 
1.0 db. Considering the manufacturer’s tolerances on 
the excess noise of the noise tube, the tolerances on the 
noise-figure meter accuracy, and the possible experi- 
mental error, the total possible error would be in excess 
of +0.5 db. Under these conditions the 1.0-db meas- 
ured noise figure appears to be in satisfactory agreement 
with the 0.5-db theoretical figure. 


Uncritical Nature of Degenerate-Amplifier Tuning 


In the course of these experiments, it was found that 
the amplifier-tuning adjustment was not as critical as 
expected. This was subsequently further verified by ex- 
amining the analytical expressions and by computing 
responses for improperly tuned amplifiers. The midband 
frequency of the amplifier, regardless of the tuning of 
the two resonators, is found to be always coincident 
with one-half the pump frequency. This is shown by the 
single-resonator computed responses in Fig. 7(a) for the 
same amplifier parameters used for Fig. 5, but with sev- 
eral different pump frequencies. The gain varied be- 
cause the level of pumping was held fixed (7.e., Ci/Co 
was fixed at 0.316); however, moving the pump fre- 
quency from 2.000 Gc to 1.820 Ge, the change in gain 
was small in the case of the single-resonator amplifier. 
In the case of the two-resonator amplifier responses 
shown in Fig. 7(b), the midband gain went up as a result 
of the effect of the second resonator on the impedance 
presented to the diode. If the pump power had been re- 
duced (1.e., if Ci/Co had been made smaller) for this 
case the response would probably have had a flatter top. 

A related effect is the uncritical nature of the adjust- 
ment of the series resonant circuit. As shown by the 
single-resonator amplifier computed responses in Fig. 
8, the midband frequency is not altered by rather large 
changes in the length of the inductive element and con- 
sequently the resonant frequency fy of the series circuit. 
However, to maintain the same value of midband gain, 
the C,/C» ratio for the diode was adjusted in each case 
as indicated in the figure. It is interesting to note in the 
figure that in order to maintain 15-db gain the diode 
must be pumped somewhat harder (7.e., Ci/Co must be 
larger) when the diode resonator is detuned. The de- 
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tuned cases requiring larger Ci/Cy values are seen to be 
accompanied by a somewhat larger bandwidth. 

Of practical interest, too, in these amplifiers is the de- 
gree to which the diodes, with their spread of values, 
can be interchanged in a particular unit. To verify this 
under controlled conditions a set of frequency responses 
of a two-resonator amplifier (the same as for Fig. 5) 
were computed for a range of values of average capaci- 


fi T = T T T 
Ist 
10 
2 
mo) 
5 
= 
at 
oO 
m0 
Wi 
> 
[o) 
a T Pas si f T T T ] 
5} = 
< 20 fp -1000 Mc 1 
iS) 2 2 
\ fp 
road 1050 Mc 
15; 4 
10 (b) 
5 
; Ci /Co = 0.316 
fo) s 1S Se ae iv L — J) 4 
800 900 1000 1100 1200 


FREQUENCY — meqacycles 


Fig. 7—Frequency-response dependence on pump frequency (com- 
puted results). (a) Single-resonator amplifier. (b) Double-reso- 
nator amplifier. 
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Fig. 8—Frequency-response dependence on the inductive element 
in the series resonant circuit (computed results). 
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capacitance in two-resonator amplifier (computed results), 
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tances. As shown in Fig. 9, only the bandwidth and the 
ripple amplitude of the response vary; the midband fre- 
quency remains fixed. The change in bandwidth is not 
large, and should not be a serious problem. Note that 
if Cy is smaller than its design value, the amplifier re- 
quires less pump power (7.e., a smaller Ci/Co value) for 
the same midband gain than when C> has its proper 
value. However, if Co is larger, C:/Cy must be increased 
to maintain the same gain. 

The reason for the relatively uncritical nature of the 
degenerate parametric amplifier tuning can be seen by 
examining the power-gain expression. For this discus- 
sion, diode loss resistance R, may be neglected, so the 
expression for power gain is simply? 


| Z.Z0' + XX? 
| ZsZ0'* — XX |? | 


rp = (1) 
where Z, is the impedance seen looking back into the 
input filter as shown in Fig. 1 and T is the voltage reflec- 
tion coefficient between the circulator and the ampli- 
fier. The asterisk indicates that the conjugate is to be 
taken. In (1), Z, is evaluated at the signal frequency /, 
while Z;’ is the same impedance evaluated at the idler 
frequency f’ =f,—f, where f, is the pump frequency. The 
quantity Xy2Xe in (1) ist1/[(24Ci)? ff’): 

The power gain bP 2 is most sensitive to variations 
in the difference expression in the denominator of (1). 
Study of the denominator shows that to a first approxi- 
mation the imaginary part of the quantity within the 
magnitude signs will be unaffected by moderate mis- 
tuning of the diode resonator, while the real part will be 
only slightly affected.*® Further, the expression obtained 
shows that the small change in the real part can be com- 
pensated for by a small increase in Ci/C». These results 
are consistent with the computed results in Figs. 7 to 9 
and with our experimental observations. 


Balanced Amplifiers 


The single-diode parametric amplifier becomes a use- 
ful device when separate input and output ports can be 
provided. Amplifier bandwidths of the order of 20 per 
cent exclude the use of currently available circulators 
operating in the vicinity of 1 Gc, but an alternative is to 
use a pair of single-diode amplifiers with a 3-db direc- 
tional coupler as shown in Fig. 10. This circuit, unlike 
one using a circulator, is bilateral, since it can amplify 
equally well in both directions. To prevent distortion of 
the frequency response it is required that the individual 
amplifier units have nearly identical impedance charac- 
teristics and that each work into a well matched load. 
This requirement means that the directional coupler 
and the terminations at both input and output ports 
must not produce an appreciable VSWR at the ampli- 
fier unit. The signal-frequency components will auto- 
matically add at the output port and cancel at the input 
port of the 3-db directional coupler if the input im- 
pedances of the two amplifiers are identical; however, 
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for the idler-frequency signals the relative phases of the 
pump signals must be adjusted to make the idler out- 
puts add at the output port. Making this adjustment 
at one frequency will provide proper idler phases at all 
frequencies. 

The feasibility of the balanced operation is demon- 
strated by the experimental frequency response in Fig. 
11 for the balanced amplifier shown in Fig. 10. A second 
amplifier unit identical to the one discussed above was 
used together with the precision 3-db directional cou- 
pler mentioned earlier. Both the transmission-power 
gain, which is the useful output, and the reflection- 
power gain are shown. The reflection-power gain (the 
db ratio of power reflected to power incident at the in- 
put of the balanced amplifier) is indicative of the bal- 
ance between the two single-diode units. The transmis- 
sion-power gain with a bandwidth of 210 Me (i.e., 21- 
per cent bandwidth) is a good replica of the single- 

-amplifier frequency response (see Fig. 5), and the re- 
flection power gain, except within a narrow band of fre- 
quencies, is always less than 0 db, indicating a satis- 
factory balance between amplifiers. The power gain in- 
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Fig. 11—Frequency response of balanced amplifier. 
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cludes both signal and idler outputs, since both carry 
the signal modulation. 


Cascaded Balanced Amplifier 


The operating characteristics of the balanced ampli- 
fier being satisfactory, it seemed worth while to try to 
obtain even greater bandwidth by cascading several bal- 
anced amplifiers which are adjusted so that the indi- 
vidual pass bands are contiguous as shown in Fig. 12. 
To understand this circuit, note that the minimum 
value of gain of a degenerate amplifier is unity outside 
the pass band because the reflection from the amplifier 
corresponds to that of a pure reactance. Thus, when the 
first balanced amplifier doesn’t amplify it merely passes 
the power on to the second amplifier. To obtain stable 
operation, the design gain must not be too large in or- 
der to provide a safety margin against distorting the 
response of the individual units and against reflections 
which could lead to oscillations. 

A two-stage cascaded balanced amplifier was as- 
sembled and tested. The first stage was the balanced 
amplifier described earlier with a midband frequency of 
1 Gc and the second stage was of similar construction 
but scaled for operation at 1320 Mc. Unfortunately, the 
3-db directional couplers had not originally been in- 
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Fig. 12—Cascaded balanced amplifiers. (a) Balanced amplifier 
and tandem connection. (b) Composite frequency response. 
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Fig. 13—Frequency response of cascaded balanced amplifiers. 
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tended for use up into the frequency range covered by 
the second amplifier. Therefore, because of reflections 
from the directional couplers, the frequency response of 
the second amplifier did not attain the flat broad-band 
shape of the first amplifier. . 

The measured frequency response of the cascaded 
amplifier is shown in Fig. 13. The heavy solid line repre- 
sents the initial response after adjusting each balanced 
amplifier separately. Note that the shape of the response 
in the range of the well-matched 1000-Me stage is a fair 
replica of the single-balanced-amplifier response in Fig. 
5. The response in the range of the second stage is er- 
ratic because of the reflections from the directional 
couplers. An attempt to compensate for these reflec- 
tions in the 1320-Mc second stage by adjusting the di- 
ode bias and the pump amplitude and phase finally re- 
sulted in the response at the higher end shown by the 
dashed line. The usable bandwidth, say for which the 
gain is over 10 db, extends from 850 Mc to 1420 Mc, 
which is approximately a 50-per cent bandwidth. 


Discussion 


This work has shown that practical, nearly optimum, 
single-diode degenerate amplifiers can be designed ac- 
cording to previously developed theory.?* The con- 
struction used for the particular example had a num- 
ber of significant features which are particularly ad- 
vantageous for frequencies up to the self-resonant fre- 
quency of the diode. The excellent agreement between 
theory and experiment gave strong evidence of the 
validity and practical usefulness of the design methods 
which were used. 

It was found that the Ci/Cp ratio for practical diodes 
can be 0.32 or slightly larger. The measured and com- 
puted responses corresponded to a Ci/Co ratio of this 
value. Pumping the diode harder (which makes C,/Co 
larger), made it possible to raise the midband gain as 
high as 20 db; however, above about 16-db mid- 
band gain the noise figure began to increase. Thus, 
Ci/Co=0.32 appears to be about the maximum practi- 
cal value for low-noise operation, at least for the case of 
Hughes 1N896 diodes. As was previously mentioned, 
making C\/Co as large as permissible is necessary in or- 
der to obtain maximum bandwidth. 

The investigations made of the performance of im- 
properly tuned degenerate amplifiers showed that there 
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is a tendency for detuning effects to cancel out. Because 
of this, if such amplifiers are designed so that the proto- 
type design does not require quite all of the pump 
power that the diode can take, some latitude in diode 
parameters can be tolerated which would only require 
a readjustment of the pump power in order to obtain 
the desired midband gain. For a related reason, since 
the amplifier response always tends to center at ex- 
actly half the pump frequency, small adjustments in the 
midband frequency can be made by shifting the pump 
frequency. 

Balanced operation of amplifiers giving separate input 
and output terminals was shown to be practical, al- 
though most commercial 3-db couplers would have too 


large a VSWR to be satisfactory for such purposes. It_ 


is, nevertheless, possible to build couplers with an ade- 


quately low VSWR, as is proved by the one fabricated | 


for this particular application. Balanced operation 


using two amplifiers and a well matched 3-db coupler — 


was seen to give wideband performance comparable to 


what would be obtained by a single amplifier with a_ 


very well matched, wideband circulator having very 
low loss. Until such circulators are available for all fre- 


quency bands of interest, the balanced amplifier ap- | 


pears to provide an attractive alternative. The chief 
limitation of this form of amplifier is that only well 


matched terminations can be used at both its input | 


and output terminal. This condition is required not only 


to prevent oscillations due to multiple reflections but | 


also to insure that each amplifier unit itself sees a well | 


matched load so that its frequency response will not 
become distorted. 

The results from the cascaded balanced amplifiers 
showed that this scheme does present a useful way for 


obtaining extremely wide bandwidth. Although the | 
response at the higher end of the band was erratic due to | 


the coupler VSWR with couplers which are well 


matched over the entire frequency band the response | 


should be as desired. This type of amplifier has some ad- | 


vantages over the traveling-wave types of amplifiers in 
that it will give reasonably good gain with very wide 
bandwidth while using relatively few diodes. With this 


type of amplifier care must be taken, however, that the | 
reflections of the terminations and the couplers are not | 


too large, since this will distort the response and might 
cause oscillation. 
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Transmission-Phase Relations of Four- 
Frequency Parametric Devices* 


D. B. ANDERSON}, MEMBER, IRE, AND J. C. AUKLANDf, MEMBER, IRE 


Summary—The gain, bandwidth, and excess noise temperature 
properties of parametric amplifiers are generally known. However, 
a knowledge of their transmission-phase properties is also essential 
for the effective application of parametric amplifiers to angular de- 
tection systems, such as monopulse radars and interferometers. 
These angle detection systems derive even, odd, and quadrupolar 
spatial components of the antenna diffraction patterns. The differ- 
ential amplitude and differential phase between these signal com- 
ponents contain the spatial information of position, extent, and 
shape of the target. Consequently, to employ parametric transducers 
in certain systems requires an understanding of the transmission 
phase properties which are delineated in this paper. 

The analysis follows the matrix representation of a nonlinear 
capacitive susceptance, four-frequency transducer wherein due 
note is taken of the phases. The transmission-phase relations are 
written which include the effects of nonzero port susceptance and 
nonlinear reactance element losses. At midband without losses, the 
relations reduce to easily remembered equations which are signifi- 
cant to the application of parametric transducers in phase-sensitive 
systems. Some applications and experimental results are cited. 


I. INTRODUCTION 


OW-NOISE parametric amplification is now a reality, 
Alea its application to receiver systems is being 
seriously considered. The gain, bandwidth, and 
excess noise temperature properties of parametric am- 
plifiers are generally known. However, a knowledge of 
the transmission-phase property of parametric ampli- 
fiers is also essential to their effective application in 
certain types of phase-sensitive systems. The transmis- 
sion-phase relations are the phase shifts associated with 
the transmission coefficient of the transition between 
the various ports of a transducer.! 

For example, a monopulse angle-detection radar em- 
ploys an antenna and a hybrid-junction labyrinth which 
derives even, odd, and quadrupolar spatial components 
of the antenna diffraction pattern. The source signal or 
target echo differential amplitude and differential phase 
between labyrinth ports contain spatial information of 
target position, extent, and shape.’ Consequently, to 
employ parametric transducers for low-noise amplifica- 
tion, or to implement the phase-detection function in 
monopulse systems, requires a knowledge of their trans- 
mission-phase properties. 


* Received by the PGMTT, May 16, 1961; revised manuscript 
ly 31, 1961. ae ; j 
Be Rep ctics Div., N. American Aviation, Inc., Anaheim, Calif. 
1 “TRE Standards on Antennas and Waveguides,” PRoc. IRE, 
. 568-582; April, 1959. 
Bee ppeeeea aad D. R. Wells, “Some Further Notes on the 
Spatial Information available from Monopulse Radar, presented at 
5th MIL-E-CON Natl. Convention on Military Electronics, Wash- 
ington, D. C.; June 26-28, 1961. 


The gain, bandwidth, and noise properties for the 
various operational modes of four-frequency parametric 
devices have been considered previously.3~§ 

The authors’ intent is to delineate the transmission- 
phase properties of four-frequency parametric devices. 

The signal phases in each permitted port are inter- 
related through the pump phase by the mixing process 
which occurs in the nonlinear element. Four-frequency 
parametric transducers (signal, pump, upper sideband, 
and lower sideband) are considered because they en- 
compass both the negative conductance and the fre- 
quency conversion mechanisms of amplification which 
individually appear in the three-frequency difference 
and sum spectral modes, respectively. As the signal fre- 
quencies in the three-frequency difference mode con- 
verge to the two-frequency degenerate mode, the ampli- 
fication of the single unique frequency (one-half the 
pump frequency) is sensitive to the relative pump phase. 
The four-frequency transmission-phase relations will be 
developed; from these the relations for three- and two- 
frequency devices are obvious. 

In this report the method of analysis uses the well- 
known matrix representation for a nonlinear capacitive- 
susceptance four-frequency parametric transducer 
wherein due note is taken of the phases. A lossy non- 
linear reactive element and the effects of nonzero port 
susceptances are considered, removing the midband re- 
strictions on the transmission-phase relations written 
previously.® Use of the transmission-phase relations 
will be illustrated by their application to several non- 


3E. M. T. Jones and J. S. Honda, “A low-noise up-converter 


4D. K. Adams, “An analysis of four-frequency nonlinear react- 
ance circuits,” IRE TRANS. ON MICROWAVE THEORY AND TECH- 
NIQUES, vol.; MTT-8, pp. 274-283; May, 1960. 

5D. B. Anderson and J. C. Aukland, “A general catalog of gain, 
bandwidth, and noise temperature expressions for four-frequency 
parametric devices,” submitted for publication, IRE TRANs. ON 
Microwavé THEORY AND TECHNIQUES. 

6 C. Blake, “Review of Reactance Amplifier Circuit Theory,” 
Lincon Lab., Mass. Inst. Tech., Lexington, Rept. No. 46G-004; July 
7, 1960. 

7C. R. Boyd, “A general approach to the evaluation of n-fre- 
quency parametric mixers,” Proc. NEC, vol. 16, pp. 472-479; 
October, 1960. ; 

8 J. A. Luksch, E. Q. Matthews, and G. A. VerWys, “Design and 
operation of four-frequency parametric up-converters,” [RE TRaAns. 
ON MicROWAVE THEORY AND TECHNIQUES, vol. MTT-9, pp. 44-52; 
January, 1961. 

9D. B. Anderson and J. C. Aukland, “The midband phase rela- 
tions in four-frequency parametric amplifiers,” Symp. on the Appli- 
cation of Low-Noise Receivers to Radar and Allied Equipment, 
Lincoln Lab., October 24-28, 1960; Mass. Inst. Tech., Lexington, vol. 
3, pp. 165-175; November 22, 1960. 
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reciprocal and unilateral parametric transducers. A dis- 
cussion follows of some wideband transmission-phase- 
measurement techniques and their experimental results 
for several operational modes. The transmission-phase 
relations developed should not be confused with the 
interrelations of propagation constants that have been 
defined for travelling wave structures. 


Il. DEVELOPMENT OF [TRANSMISSION- 
PHASE RELATIONS 


In the following cursory analysis the four-frequency 
parametric transducer considered is represented by 
Pigs: 

For small signal conditions, the current components 
in the time-varying susceptance are represented in 
matrix notation as 


[Zn] = [B][VaI (1) 
for each port at frequency w,, where the nonlinear sus- 
ceptance is represented by the admittance matrix [B], 
and the current and the voltage at each port are de- 
scribed by matrices [J,] and [V,], respectively. The 
capacitive susceptance realized in a back-biased semi- 
conductor diode is considered because of its general ac- 
ceptance for low-noise applications. A single large peri- 
odic pump voltage V’,(¢) causes the capacitance to vary 
as 
1k 
CIV] = Co S$ 


= Cot | Crleteotts») + | Cy |*e-M enter), (2) 


The asterisk (*) denotes C\* as the conjugate of C,, 
where Cy is the capacitance due to the fixed bias, and 
C; is the time variation of capacitance about Cy caused 
by the pumping voltage V,(t). 

In the microwave region the back-biased semiconduc- 
tor diode only approaches the ideal nonlinear capacity 
because the spreading resistance R, is in series with the 
barrier capacity. Using the admittance representation 
of the diode, the equivalent conductance is written as 
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Fig. 1—General four-frequency parametric transducer. 


and the equivalent capacitive susceptance is written as 


anCo 


=—_—___. 4 
1+ wn2CerRe? a 


Bae 


at the ports n=1, 2, 3. Practical microwave varactors 
have a high Q where the diode Q at each frequency w, is 


1 


SSS y 5 
anCoR; ( ) 


Qan — 


so that a simplification of the equivalent conductance 
and susceptance is valid, and (3) and (4) become 


Gan = ion Ce Ks (6) 


and 


Ba — wrCo. (7) 
The nomenclature for the four-frequencies which shall 
be allowed to exist in the external ports will be de- 
scribed as 

@1 < we = Wy — 1 < Wy < w3 = Wy + a}. (8) 
There are certain frequencies greater than w3 which are 
generated by the nonlinear reactance, but power at 
these frequencies is not permitted to exist in the ex- 
ternal ports. The matrix equation (1), when written for 
the four frequencies specified in (8), where the effective 


ee ASO ee (3) diode loss at each frequency w, from (6) has been in- 
1+ wa2Co?R,? cluded in the diagonal term, is 
wiC oe 
if wi?Co?Rs, + jarCo 4 ws ¥] eke: lv, 
2 
* ort" 27.2 ; 
as: | = Sas w2°C oR, — jurCo 0 lay (9) 
‘ w3Cy1 
I, | he 0 wsCPR, + josCo || Vs 


= 
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The preceding equation fully describes the mixing proc- 
ess that occurs in the nonlinear element. The Kirchhoff 
current equations for each port of the nonlinear react- 


ance, neglecting the generator current, are written as 


Ty a ViY, a Vi(Gy —14 B41) (10) 
Io*= — V*V, = — Vo*(Ge + jB2) (11) 
i; =— Vi¥s = — V3(G; — 7B), (12) 


where (G,+jB,) represents the Y, admittance associ- 
ated with each port for which the susceptance term B,, 
cancels the diode susceptance w, Cy at the midband fre- 
quency line w, =, of the mode spectrum. 

The transmission-phase relations may now be deter- 
mined where the phase dependencies of the voltage in 
(9)—(12) are included. As an example, consider a four- 
frequency operational mode spectrum with the input at 
w:, the output at w, and the idle at w3. The output cur- 
rent from (9) is given by 


weC \* 


I.* = (we?C oR, — jw2Co)V2* =ay) Vi, (13) 
which will be equated to (11). Collecting real and imagi- 
nary terms after including the pump dependency of (2), 


the expression has the form of 
K ,e? (2t +42) + K ,ef e2ttoete/2 


= K ei (orttor—bi—4/2) 


(14) 


where @¢, is the phase of the voltage V,, and the phasor 
magnitudes are given as 


K, = (Go + w2?Co?R;) V2 (15) 

K; = (w2Co — Bo) Vo (16) 
wel 

K, = ; Vi. (17) 


Eq. (14) has a graphical interpretation as phasors in 
ic, 2. 

Inspection of Fig. 2 readily yields the transmission 
phase at the output due to the signal input and the 
pumping of the nonlinear reactance as 


T : (=) 
Pe es Tia an ras 


ip 


(18) 


Defining w, =@n0(1+6,) for each port, where @,0 is 
the midband resonant frequency of the external port, 
and 6, is the fractional deviation from resonance, (18) 
becomes 


id 1 


woo?L2Co(1 + 62)? — 1 | 
w202(1 Sia — ) (19) 
G2 


| EaGoueo( + 62) E ar 


Anderson and Aukland: Four-Frequency Parametric Devices 


493 


Ky 


Kj 


ee 
- 


Fig. 2—Graphical interpretation of transmission phase. 


where the external susceptance B, has been assumed to 
be 1/w,Z,. For simple resonant cavities where its 
QO=1/wnzLnGn, (19) becomes 


a | 20262 


$2 = by — d1 — > — tan » (20) 


Rarer 
Qu’GoRs 


where 6,<1. 

The arctangent term in (20) accounts for the varac- 
tor losses and detuning or off-center frequency operation 
of the output cavity. The constant 7/2 in the phase 
relation (20) is reminiscent of the phase shift in a quar- 
ter-wave transformer. It should be noted that the phase 
of the input voltage in (20) is that at the input port or 
the nonlinear reactance and may not be the signal volt- 
age phase applied to an input lossy cavity. The addi- 
tional transmission phase shift through the input pas- 
sive cavity may be accounted for in the conventional 
manner. 

Now consider a four-frequency operational mode 
spectrum, where the input is at a, the output is at ws, 
and the idle at w2; an argument analogous to the previ- 
ous case yields the relation 


T 20363 
eu aire gewire a ae Sep pe ut 


a 


(21) 


QaiGsks 


where 6,<1. 

The results of (20) and (21) are distinguished by the 
difference in sign of ¢1. 

Now consider the four-frequency operational mode, 
where the input is at ws, the output is at w:, and the 
idle is at ws. 


Ty = (wPCo?R, + joiCo) V1 


(22) 


which is equated to (10). From (9) and (12) V3 is writ- 
ten in terms of V; and collecting the terms as before 
yields the relation 
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Tv 
pi = Pp we 2 FET: 
20161 24310363 
1+ i 
2R.G 2R.G 
— tan! ee as ; ; (23) 
pee Ar 
where 6,<1 
Gu 
iy eee (24) 


= 4(G, ae w17C'o? Rs) (G5 a w3°Co?Rs) 


The parameter @m, is a measure of the coupling from 
the wm to w, port due to a pumping of a nonlinear re- 
actance. 

Similarly, for the four-frequency operational mode 
with the input at w;, the output at w,, and the idle at 
wo, the transmission-phase relation is 


7 
od = 3 i Pp ae 2 
| 20161 24210262 
| foe 1 fet 1 
ou 
62 eee | OaGik, Qaz Gok, (25) 
il = Gye 
where 6,<1 
W1W2 Gy 2 
a2) : | | (26) 


ea MeL aay 


Note that the form of (23) and (25) is similar, except 
that in (25) the pump and signal phase terms are inter- 
changed. This is to be expected since the role of w, and 
w3 in the down-conversion mechanism from the sum 
frequency ws; acts like the difference-frequency mech- 
anism, insofar as energy transfer is concerned. In both 
(23) and (25) the parametric coupling parameter dm, 
shows how the idle cavity influences the transmission- 
phase properties. 

Now, with the transmission-phase relations between 
ports of different frequencies (20), (21), (23), and (25), 
the phase properties of one-port parametric transducers 
(employing ferrite circulators to separate input and out- 
put ports at a single frequency) may be deduced by not- 
ing the transmission-phase conversion into the idle 
loading, then by noting the reflection at the idle port, 
and then by writing these in the transmission phase 
relation back to the original port. 

‘Thésarctangent: term of6(20),) 21); (23) wands (25) 
expresses the effect of cavity detuning in the external 
ports and the diode losses on the phase. Note that at 
midband 6, =0 the varactor loss does not influence the 
phase. The midband transmission-phase relations are 
more useful in the cursory analysis of phase-sensitive 
instrumentation, so by inspection the midband rela- 
tions for various operational modes are tabulated as 
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Input to Output Phase Relation 


T 

W1 > We go: = bp — $1 = (27) 
T 

W1 — W3 Pu Oy in aes (28) 
7 

W2— w1 Our Gal 2a (29) 
via { 

@W3 —? WI Py ON eee (30) | 

W2—> Ws $3 = 26, — 62 — 7 (31)§ | 

W377 We d2 = 2p ages 3. (32) | 


The four-output transmission-phase relations (27)—(30) | 
are easily remembered by noting the symmetry whereby | 


the phases combine in the same manner as the frequen- 


cies combine, the result being in quadrature with the 


output phase, where the quadrature sign is determined 
by the nonlinear reactance. From these four basic rela- 
tions, a simple manipulation yields (31) and (32) for 
conversion between the pump sidebands. These six 
equations may be applied for any type of nonlinear mix- 
ing elements by using the appropriate radian constant 


—negative constants for capacitive, positive constants 


for inductive, and no constants for resistive nonlinear | 


elements. 

The transmission-phase relations are also valid for 
the three-frequency case, wherein one of the pump 
side-bands is made nonexistent by setting Giai=® 
SO Gmn,=0. A three-frequency difference transducer, 
wherein @; and w. are both coupled to the same port, is 
said to be degenerate, because, for the single unique fre- 


quency (one-half the pump ¢;=¢@:2) and from (29), the | 


pump phase is 


epi Ga. . (33) 


to realize amplification. 


II]. SomE APPLICATIONS OF TRANSMISSION- 
PHASE RELATIONS 


Phase-sensitive systems measure the differential 
phase between the signals received in separate chan- 
nels. Parametric devices used to amplify or process the 
signals must preserve the phase coherence between the 
channels. This requirement dictates the following: 

1) A single-pump oscillator must be common to all 

channels. 

2) Like parametric operation, modes must be used 
to preserve the signal-spectrum order. 

3) The signal-selectivity bandwidth and transmis- 
sion-line (signal and pump) electrical length must 
be similar for each channel to prevent signal dis- 
persion. 


When parametric devices are used in monopulse sys- 
tems, the transmission-phase relations have proven use- 


fy 
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ful in system analysis in the same manner as the trans- 
mission phase rules have distinguished difference be- 
tween the various microwave hybrid-junction types 
used in the design of monopulse labyrinths. The phase 
relations may also be used to conceive nonreciprocal or 
unilateral parametric devices. Some applications will be 
illustrated by applying the phase relations to two para- 
metric devices described in the literature. The block 
diagram and mode spectrum of a nonreciprocal device!” 
is illustrated in Fig. 3. 

This device employs an up-converter followed by a 
down-converter, both pumped from a common source 
but in phase quadrature. From (28) and (30) the phase 
at each point for each direction of propagation is indi- 
cated in Fig. 3. It is clear that the device’s phase 
length depends upon the direction of propagation be- 
cause of the manner in which the pump is applied. 
Thus, when surrounded with two hybrid junctions, the 


device functions as a four-port circulator. 


Adams* and Blake® have described a five-frequency 
parametric amplifier which has positive input-output 
conductances, unlimited conversion gain, and may be 
unilateral. The pump harmonic is employed as the fifth 
frequency. The principles which they employ combine 
two operational modes. If the modes are separated into 
individual parametric transducers of equal gain between 
two hybrid junctions and pumped coherently, then a 


‘four-port circulator is obtained, as illustrated in Fig. 4. 


—— W, | $.4+9— ¥/2 ---— o|¢,—W/2 


(dotted lines) 


iL Lh eee ba 


Fig. 3—A parametric nonreciprocal transducer. 
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Fig. 4—A parametric 4-port circulator. 


i i i ” 
10 A. K. Kamal, “A parametric device as a nonreciprocal element, 
Proc. IRE, vol. 48, pp. 1424-1430; August, 1960. 
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One amplifier functions in the three-frequency mode 
with respect to the a, pump, where we, is the second 
harmonic of w,. The other amplifier functions as a four- 
frequency device with respect to the w, pump, where 
w idles. From (27), (29), (30), and (32), the phase at 
each port for each direction of propagation is illustrated 
in Fig. 4. The frequencies on the opposite sides of the 
circulator are related as w.=w,' and w3=w.’, where the 
primes signify the frequencies from the device pumped 
by we,. It is clear that the signal will circulate as 
1—2—3—4->1, where both the signal frequencies and 
signal levels alternate between ports. 


[Ve 


Several experiments have been performed to verify 
some of the stated transmission-phase relations and to 
determine the application feasibility of parametric 
transducers in phase-sensitive instrumentation such as 
monopulse systems. The block diagram of instrumenta- 
tion used to simultaneously measure the transmission 
gain and phase of a parametric amplifier over a wide 
frequency band is illustrated in Fig. 5. The frequencies 
in each leg of the phase bridge are separated by 1000 
cps, and the total length of each leg is approximately 
1700 wavelengths. The phase measurements are inde- 
pendent of signal amplitude over a 30-db dynamic 
range. Provisions are also included to measure the ef- 
fective input noise temperature. A three-frequency dif- 
ference parametric amplifier, operating in a quasi- 
degenerate mode with a pump of 17.0 Ge was used for 
the phase experiments. The parametric amplifier was 
designed for flexibility rather than wideband and low- 
noise temperature, although a 1.9 Ge gain-bandwidth 
product and 110°K radiometric noise temperature have 
been observed. The amplifier was designed to study the 
quasi-degenerate four-frequency operation and to ac- 
cept a wide variety of varactor diodes with self-reso- 
nant frequencies both above and below the degenerate 
point. 


EXPERIMENTAL PHASE MEASUREMENTS 
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Fig. 5—Gain and phase instrumentation. 
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The observed experimental transmission gain and 
phase properties for a variety of operating conditions 
are illustrated in Figs. 6-11 (pp. 496-498). Relative 
power gain and differential phase 0 to 27 is displayed as 
a function of frequency for the conditions indicated. 

Some explanation of the phase data displayed is pru- 
dent here for proper interpretation. A phase function is 
a continuous circular function which has been recorded 
herein on a rectilinear system; therefore, when the 
phase meter and oscillogram indicators reach 0 or 27, 
the indicator rapidly traverses the scale and continues 
the phase function. The transmission-phase data of a 
degenerate parametric amplifier is shown in Fig. 6 for 
0 and 7 positions of the phase shifter in the opposite 
leg of the phase bridge. Both curves are identical phase 
functions, but the upper curve has the scale traversal 
positioned at the amplifier midband. 


GAIN 24 db 


(a) (b) 


Fig. 6—Transmission gain and phase as a function of frequency for a degenerate parametric amplifier. (a) Gain. (b) Phase 


(a) (b) 


Fig. 7—Transmission gain and phase as a function of fr i 
equency for a degenerate parametric amplifier, pum 
pump off. (a) Gain. (b) Phase. : sce ar aim 
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Fig. 8—Transmission gain and phase as a function of frequency for a wideband degenerate parametric amplifier, pump 
on and pump off. (a) Gain. (b) Phase. 


5 Ge/s 
11400 me/sb _ 


AIN 12 db 


Fig. 10—Transmission gain and phase as a function of frequency of 
a wideband parametric amplifier showing the phase bridge dis- 


persion properties over a wide band. 


G 


Fig. 9—Transmission gain and phase as a function of frequency for 
a nondegenerate parametric amplifier. 


In Figs. 7 and 8 the upper phase curve is associated 
with the functioning amplifier, while the lower phase 
curve is for the transducer’s cavity response without 
pump power. Note the 7/2 shift at midband, which is 
to be expected from (27) and (29). The amplifier gain 
response in Fig. 8 for approximate critical coupling be- 
tween @; and w: circuits is shown again in Fig. 10 with 
a sweep display width of 1.4 Gc. The two left scale 
traversals show the dispersion in the phase bridge which 
is the result of only crude compensation of coaxial com- 
ponents and helix in the TWT single sideband modu- 
lator. In Fig. 9 the amplifier shows separate responses 
for @, and w, and the corresponding phase curve unfor- 
tunately has the scale traversals aligned with the ampli- 
fier response. The gain and phase response for three suc- 
cessive degrees of coupling are shown in Fig. 11 in 
which the phases remain unchanged at 6, =0. Similar 
results are observed when the w3 loading is altered. 

The short-time stability of the phase-measuring sys- 
tem shown in Fig. 5 was observed to be less than one 
degree. No particular effort was made to stabilize the 
pump frequency, the signal frequency, or the TWT fre- 
quency translator. 

When the conditions for coherent phase measure- 
ments are fulfilled in a monopulse receiver, the unpre- 
dictable variations of the differential phase stability 
between parametric transducers is inherently so small 
as to be unmeasurable. 
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Fig. 11—Transmission gain and phase as a function of frequency for three conditions of input coupling. (a) Gain. (b) Phase. 


V. CONCLUSION 


The transmission-phase relations have been written 
for four-frequency parametric transducers for various 
modes including the effects of varactor losses and cavity 
detuning. Four-frequency parametric transducers were 
considered because they encompass both the negative- 
conductance and frequency-conversion mechanisms of 
parametric amplification. These relations are also valid 
for the three- and two-frequency modes. At midband 
these relations reduce to simple, easily remembered 
equations which are valid for any type of nonlinear 
pumped circuit element. 

The application of parametric transducers to mono- 
pulse systems because of their low-noise properties has 
been emphasized. There are other properties of para- 
metric transducers that can be effectively applied to 
phase-sensitive systems. For example, if coherence be- 
tween information channels is maintained by fulfilling 
the stated conditions, an array of radiators and para- 
metric transducers may be scanned by appropriate 
phasing in the pump distribution. 

A wideband differential phase bridge has been used 
to investigate the transmission phase properties of vari- 
ous parametric transducer modes. Midband transmis- 
sion-phase relations have proved useful in the analysis 
of phase-sensitive instrumentation. The observed re- 
sults vary in the manner predicted. The experimental 
results suggest that parametric transducers are ideally 
suited for phase-sensitive systems. 
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A Plasma Guide Microwave Selective Coupler’ 


W. H. STEIER} anp I. KAUFMANY, MEMBER, IRE 


Summary—A new type of microwave coupler has been investi- 
gated in the X-band and S-band ranges. In this coupler, a gas dis- 
charge tube passes through two rectangular waveguides that are 
separated by some distance. A metal cylinder surrounds the dis- 
charge tube in the separation space. The coupling of microwave 
power via this plasma guide coupler can be varied electronically 
over a range greater than 30 db. Pulsed power levels of more than 
100 w can be handled. When operated as a switch, a switching time 
of from 2 to 5 usec has been observed. This paper describes some of 
the operating characteristics that have been observed, an approxi- 
mate theory of operation, and measurements pertinent to a complete 
description of the coupler. 


I. INTRODUCTION 
¢ | NHE use of gas discharges as switching and atten- 


uating elements has been investigated in detail in 

the development of TR tubes for radar applica- 
tions.' In the main, these devices depend on a gas dis- 
charge struck across a waveguide to effectively short it: 
or if the system is coaxial, a discharge is struck across a 
gap in the center conductor.?~* Another type of device 
that was investigated earlier depends on the fact that a 
hollow waveguide containing a plasma has a higher 
cutoff frequency than in the absence of the plasma; so 
that the plasma can be used to control the cutoff fre- 
quency, and thereby the transmission, of the wave- 
guide.®® Both types of devices are two-port elements, in 
which the input microwave power is either reflected 
from or transmitted through the region containing the 
discharge. The plasma guide coupler described here is 
different from this class of devices, in that the micro- 
wave energy is first coupled out of an input waveguide 
onto a coupling waveguide containing a plasma column. 
The energy propagates along the plasma column to a 
second, output waveguide. Unlike the hollow wave- 


* Received by the PGMTT, May 1, 1961; revised manuscript 
received, September 5, 1961. 

+ Consultant to Space Technology Labs., Inc., Canoga Pk., 
Calif. Present address: fae rag Group, Dept. of Elec. Engrg., 

Jniversity of Illinois, Urbana, III. 
es Sndes Technology Labs., Inc., Canoga Pk., Calif. : 

1 For an example, see L. N. Ridenour, “Radar System Engineer- 
ing,” McGraw-Hill Book Co., Inc., New York, N. Y., pp. 407-411; 
eo Goldstein and N. L. Cohen, “Radiofrequency conductivity of 
gas-discharge plasmas in the microwave region,” Phys. Rev., vol. 73, 
p. 83; January, 1948. : ; : 

3 P. Rosen, “The propagation of electromagnetic waves In a tube 
containing a coaxial d.c. discharge,” J. Appl. Phys., vol. 20, pp. 868— 
eel eee Ss one and W. P. Kern, “Microwave studies of 
the dielectric properties of arcs,” Phys. Rev., vol. 71, p. 480; April 
: as Goldstein and N. L. Cohen, “Behavior vot gas discharge 
plasmas in high frequency electromagnetic fields,” Elec. Commun., 
vol. 28, pp. 305-321; December, 1951. ; 

6 D. H. Pringle and E. M. Bradley, “Some new microwave control 
valves employing the negative glow discharge,” J. Electronics, vol. 
1, pp. 389-404; January, 1956. 


guide, the coupling guide depends on the presence of 
the plasma column to transmit energy. The wave 
propagating properties of the plasma column are depend- 
ent on the plasma density. Since the plasma density is 
easily controlled by dc or pulsed circuitry, the amount 
of power coupled from input to output is readily con- 
trolled by external means. Although it is possible to fur- 
ther control the propagating characteristics by a vari- 
able magnetic field, this method will not be discussed in 
this paper. Because input and output waveguides are 
physically separated, very high isolation between input 
and output is possible when the plasma guide is in the 
nonpropagating condition. This paper presents results 
of an exploratory investigation of plasma guide couplers. 

Since the plasma guide coupler employs the unique 
cutoff properties of the space-charge waves on a plasma 
column to selectively couple microwave energy, some of 
the basic properties of the plasma guide modes are de- 
scribed before considering the device itself. 


DIELECTRIC 


Meh PLASMA) GM x ate 


Fig. 1—Plasma guide transmission line. 


Il. PLrasmA GuripE MopgEs 


The wave-propagating properties of a stationary 
plasma column have been investigated by Trivelpiece 
and Gould.’ They have shown that a plasma column 
surrounded by concentric dielectric and metal sleeves 
(as in Fig. 1) can propagate electromagnetic energy pro- 
vided the plasma density is sufficiently high. The modes 
of propagation considered are electromechanical in na- 
ture and are quite different from the modes of a hollow 
circular waveguide perturbed by a plasma column. 
These plasma guide modes are space-charge waves, in 
which the electron density within the plasma column 
or on its surface is modulated as the wave passes. 

In the absence of any dc magnetic fields, the plasma 
guide modes are essentially surface waves and can ex- 
hibit slow wave properties. In the analysis it is assumed 


7A. W. Trivelpiece and R. W. Gould, “Space charge waves in 
cylindrical plasma columns,” J. Appl. Phys., vol. 30, pp. 1784-1793; 
November, 1959. 
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that the collision frequency », is zero. The modes exist 
therefore only when the operating frequency w>”. 
Because propagation is at a phase velocity less than the 
velocity of light, the fields inside the plasma are de- 
scribed by modified Bessel functions of the first kind:° 


E, H x I,(yr)eindeiet9, (1) 


In the dielectric region, the fields are given by a sum 
of modified Bessel functions of the first and second 
kinds: 


E,H « [AI,(yor) + BKn(yor) lente), (2) 
Here, 
yo" = 8 — wprerk. 
x? = B — wuceo + wp"Mo€o} (3) 


Mo, €0 =constants of free space, 
®,p=plasma angular frequency—w,=5.6 X10+ 
X (number of electrons/cc) !”, 
K.=dielectric constant of the dielectric sleeve, 
A, B=constants determined from the characteristic 
equation, and 
w =operating frequency. 


Propagation can take place in both symmetric modes 
and in modes with angular variation. Trivelpiece and 
Gould have computed the frequency-phase (w—) char- 
acteristics of the H-mode solution for circularly sym- 
metric waves. To demonstrate the property of density- 
controlled propagation characteristics, the w—£ plot of 
Fig. 2 has been repeated from their paper. Fig. 2 cor- 
responds to the axially symmetric E-mode solution for 
a plasma column of radius @ in an infinite vacuum 
dielectric; c is the velocity of light. It is seen that a cut- 
off frequency, at which 6a approaches infinity, exists 
for each value of the plasma frequency w,. Above this 
frequency, no wave propagation in the manner of the 
plasma guide can take place. Conversely, in order to 
achieve propagation at a particular frequency a, it is 
necessary to raise the plasma frequency (by increasing 
the plasma density) above a cutoff level. As the plasma 
density is raised to extremely high values, propagation 
occurs at the velocity of light; so that the plasma guide 
behaves as an unloaded coaxial line. 

In addition to the axially symmetric mode, it is pos- 
sible to achieve propagation in modes with angular vari- 
ation. It is, indeed, the mode of one angular variation 
which chiefly concerns us in this paper. Here, as in 
most dielectrically-loaded structures, the nonsymmetric 
modes are hybrid, 7.e., both #, and H, are required to 
satisfy the boundary conditions. Because of this prop- 
erty, the propagation constant and the field distribution 
become difficult to evaluate and no numerical computa- 
tions have been done. 


8S. Ramo and J. R. Whinnery, “Fields and Waves in Modern 
Radio,” John Wiley and Sons, Inc., New York, N. Y., 2nd ed., 
pp. 412-413; 1953. 
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Fig. 2—Phase characteristics for axially symmetric mode; 
b/a= © (after Trivelpiece and Gould). 


By using the large argument approximations for the 
Bessel functions, Trivelpiece has shown that this cut- 
off plasma frequency for both the symmetric and non- 
symmetric modes is given by® 


wp = w[1 + K.|!!?. (4) 


The space-charge waves can propagate for densities 
greater than the above; for lower densities the modes 
are cut off. In practice, the plasma guide transmission 
line need not have the dielectric tube completely filling 
the metal sleeve, but an air region can exist between di- 
electric and metal cylinders. The cutoff plasma fre- 
quency for this configuration is also given by (4), since 
for very large values of 8a the field exists chiefly in the 
vicinity of the plasma-dielectric interface. 

In the above discussion of the loss-free plasma, we 
have seen the possibility of either propagation or reac- 
tive attenuation. We are also interested in resistive at- 
tenuation. This is due to loss of the coherent energy im- 
parted to the plasma electrons by collisions with other 
particles and with the walls. 

This attenuation is of greatest importance in the 
propagating region near cutoff. For a general transmis- 
sion system, the attenuation constant is given by 


Wi 
a = 
2U0, 


, (5) 


where 


W1=average power lost per unit length, 
U=energy stored per unit length, and 
v, =group velocity. 


Since W;, and U both vary approximately as the 
square of the field intensity, a varies inversely with 
group velocity. Thus, since the group velocity is very 
small near cutoff, and since it can be varied by change 
of the ratio w/w,, the plasma coupler can be used as a 
variable attenuator. 

In summary, therefore, we can state that the cutoff 
frequency of a given plasma guide is affected by the 


ESV Trivelpiece, “Slow Wave Propagation in Plasma Wave- 
guides,” California Inst. of Tech., Pasadena, Nonr 220(13) Tech. 
Rept. No. 7; May, 1958. 
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plasma density in the plasma column. Since this plasma 
density can be changed by external electronic methods, 
the plasma guide has the property of possessing a cut- 
off frequency controllable by external electronic ap- 
paratus. It is this property that is employed in the 
plasma guide coupler to make an electronically-con- 
trolled microwave variable attenuator or switch. 


III. PLrasma GuIwE SELECTIVE COUPLER 
A. Description 


The construction of a typical coupler is shown in Fig. 
3. The discharge tube passes through the two narrow 
walls of each waveguide. The center section, which is 
the plasma guide, is surrounded by a metal sleeve. 
Coupling occurs between waveguides when the plasma 
density in the column exceeds the critical density, given 
in terms of the plasma frequency approximately by (4). 


METAL SLEEVE REGION OF 
OVER PLASMA COLUMN PLASMA GUIDE 
TWWABLE SHORTS — TUNABLE 
70 EXTERNAL \ SHORTS 
CORRENT \ A 
CONTROLLER eA, Ls 
| van y at 
| ry 7 j “ he ie a 
<> oa ——) + 
eee \ 
i PLASHA 
waae ag TUBE 
WTPUT WPUT 
6UIDE GUIDE 


Fig. 3—Plasma guide microwave selective coupler. 


In the majority of the experiments, the discharge 
tube used a mercury pool cathode of the type described 
by Dattner.'® In more recent experiments, a thyratron- 
type hot-cathode tube has given satisfactory results at 
S band. The plasma tube was made of quartz. Tubes of 
both 8 mm O.D., 6mm 1.D., and 7mm O.D.,5 mm I.D. 
were used. The tubes were approximately 250 mm long. 
The spacing between input and output guides was not 
critical; distances from 0.7 to 4.5 in were found satis- 
factory. 

As the plasma density gets very large, the properties 
of the plasma guide approach those of a coaxial line. If 
efficient high density coupling is to be obtained, the di- 
ameter of the metal outer sleeve must therefore be 
chosen so that the appropriate coaxial mode can propa- 
gate. This is true in spite of the fact that cutoff for the 
plasma guide is given by (4), which contains no dimen- 
sion. 

- If the symmetric plasma guide mode is excited, there 
is no dimensional restriction, just as in TEM mode 
propagation along a coaxial line. For the couplers de- 
scribed here, however, a mode with one angular varia- 
tion is excited, and hence the outer dimension must be 
large enough to allow for the coaxial TEn mode. Fur- 
thermore, if no low current coupling is desired, the di- 


‘10 A, Dattner, “The plasma resonator, ” Ericcson Technics (Stock- 
holm), vol. 13, no. 2, pp- 310-350; 1957. 
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ameter of the outer sleeve chosen must also be small 
enough to prevent propagation in the circular wave- 
guide TE, mode. 

The pressure of mercury in the discharge tube is con- 
trolled by the temperatures of the pool cathode and of 
the discharge tube. By measurements of these tempera- 
tures, this pressure was found to be approximately 0.08 
mm Hg during the conditions of coupling reported on 
here. 


B. Coupling 


A composite CRO trace of the coupled microwave 
power vs plasma density, or discharge current, is shown 
in Fig. 4. The display was obtained by sweeping the 
plasma tube current with a 60-cycle supply, in series 
with the de supply of the tube, from 0.1 to about 2.0 a. 
The input 8.35-Ge microwave power was square-wave 
modulated to give the base line trace in each display. 
The metal sleeve around the discharge tube was made 
tight fitting, so that no hollow waveguide modes could 
propagate between the guides at the operating fre- 
quency. 


Fig. 4—Display of coupled power (top) and power transmitted past 
plasma in input guide (bottom) vs plasma current. Minimum 
current =0.1 a; maximum current =2.0 a. 


The top of Fig. 4 is a display of the power coupled to 
the output waveguide. In the transition region, where 
the plasma guide is beginning to conduct, the device can 
be used as a variable attenuator with a dynamic range 
exceeding 30 db by electronically varying the dis- 
charge current. By operating at two discrete densities, 
one above and one below cutoff, the device can be used 
as a microwave switch. 

The bottom trace of Fig. 4 is a display of power trans- 
mitted past the plasma tube in the input guide. Here 
the tunable short of Fig. 3 was replaced by a crystal 
detector. The resultant spectrum is a display of the 
Tonks-Dattner dips,!°"'! that are associated with plasma 
resonance and are discussed below. It is of interest to 
note that power transmission along the plasma guide 
occurs only at currents exceeding those at the plasma 
resonance dips. 

A number of workers have observed oscillations in a 
plasma column, that have characteristic frequencies of 
100 ke to 1 Mc. For the currents used in the X-band 
coupler, none of these plasma oscillations were ob- 
served. They were, however, evident at lower currents. 

The insertion loss of the coupler in the X-band range, 


iL. Tonks, “The high frequency behavior of a plasma,” Phys. 
Rev., vol. 37, pp. 1458-1483; June 1, 1931. 
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when the plasma was in its state of maximum coupling, 
was on the order of 12 to 15 db when no attempts at im- 
pedance matching were made. It appears that this rela- 
tively high insertion loss is due to poor coupling of the 
microwave elements, not to attenuation along the 
plasma column, since no appreciable attenuation of this 
type was found in field measurements along the column. 
The use of matching vanes in the input and output 
guides reduced the insertion loss to 8.5 db. A further re- 
duction is probably possible with still better impedance 
matching. 

In an alternate method of coupling between two 
guides, which has been observed earlier,” the plasma 
column is inserted through the broad walls of the 
guides. The variation of coupled power with discharge 
current in this arrangement is essentially the same as 
Fig. 4. The minimum insertion loss for this type of struc- 
ture, however, could not be reduced below 15 db, even 
with the use of ridged waveguides for impedance match- 
ing. 

The S-band coupler exhibited essentially the same 
coupling variation as the X-band device. The maximum 
coupling observed with no impedance matching vanes 
was —11 db. 

The field measurements indicated that very little at- 
tenuation exists along the plasma column when it is ina 
state of high coupling. It would be of interest to see if 
this was to be expected from data of collisions in the 
plasma. Trivelpiece® has suggested that the attenuation 
constant @ is given, approximately, by 


(0 i a) (6) 
Vg 
where », is an effective collision frequency, and uv, is the 
group velocity. This collision frequency is given, ap- 
proximately, by the sum of collision frequencies of 
electrons with neutral molecules (v,.), with ions (v,;), 
and with the walls of the container (y,~). 

Based on temperature measurements of mercury pool 
(76°C) and coupling tube (157°C), the following results 
were found for an X-band coupler while in a state of 
high coupling :¥ 


Gas pressure: 0.08 mm Hg 

Electron temperature: 2<104°K 

Ion density: 2 10%/cm? 

Neutral molecule density: 2 10"%/cm* 
Peg L160 Mc 

Yea: 110 Mc: 


The electron wall collision frequency was estimated 


2 T, Sekiguchi and R. C. Herndon, “Thermal conductivity of an 
electron gas in a gaseous plasma,” Phys. Rev., vol. 112, pp. 1-10; 
October 1, 1958. 

13 Collision cross sections were obtained from “The American 
Institute of Physics Handbook,” “Handbuch der Physik,” McGraw- 
Hill Book Co., Inc., New York, N. Y., 1957; and from Band XXII, 
Springer-Verlag, Berlin, Germany. 1956. 
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as the ratio of average electron thermal velocity to 
discharge tube diameter. This results in 


Vou <= LOOM E: 


It is seen that under these conditions electron-mole- 
cule collisions dominate. 

Based on these calculations, and from (6), the at- 
tenuation constant is 0.4 db/cm, so that the attenua- 
tion in a 2-in length coupler should be 2 db. These re- 
sults indicate that a short coupling tube at high densi- 
ties should indeed exhibit low attenuation as observed. 


C. Cutoff Plasma Density Measurements 


Eq. (4) predicts the cutoff plasma frequency, or 
plasma density for coupling, at a given frequency. To 
verify that the space-charge modes are the mechanism 
of coupling, measurements of the cutoff plasma density 
were made, using the Tonks-Dattner dips mentioned 
above. Boyd" has demonstrated this to be a satisfactory 
method of measuring the average plasma density, by 
correlation with other techniques. 

The physical arrangement for making these measure- 
ments is shown in Fig. 5. The input guide, on the left, 
was supplied with X-band power at the signal fre- 
quency. The cylindrical section is the plasma guide and 
the center waveguide is the output. The probe shown 
inserted in the cylinder was used for measurements of 
the angular distribution of the fields as discussed below. 
The third rectangular waveguide was supplied with 
power from a second microwave source at the probing 
frequency. The probing frequency was tuned until the 
main Tonks-Dattner dip occurred at the same dis- 
charge current as the onset of coupling to the output 
guide at the signal frequency. 

The plasma frequency was then calculated from the 
measured Tonks-Dattner frequency by 


fo = [1+ Kest]!fr_p. (7) 


For the geometry of Fig. 6 a quasi-static analysis 
yields 


can 0f()[a-r1- (Jenna 
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“G. D. Boyd, “Experiments on the Interaction of a Modulated 
Electron Beam with a Plasma,” California Inst. of Tech., Pasadena 
Nonr 220(13) Tech. Rept. No. 11; May, 1959. 

& R. W. Gould, private communication. 
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Fig. 5—Plasma coupler, with third waveguide 
for probing plasma density. 
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Fig. 6—Three-region cross section. 


where 


K,=relative dielectric constant of the discharge tube, 
a=plasma radius, 
b=plasma tube outer radius, and 
d=metal tube inner radius. 


The upper and lower waveguide walls will exert 
nearly the same influence on the resonance as the outer 
metal cylinder of Fig. 6. In using (7) to determine f, by 
the measurement of fr_p, the geometric mean of the 
values of [1+ Kes]! computed from (8) for the two 
cases of d= © and d=5 mm was therefore used. 

The experimental points are plotted in Fig. 7. They 
cluster about the dashed straight line that lies consider- 
ably below the theoretical line computed from (4). This 
discrepancy between measured and theoretical plasma 
frequencies at cutoff has also been observed by Trivel- 
piece,’ who explained it on the basis of a radial density 
variation in the plasma. A density variation introduces 
an error because the cutoff frequency is determined by 
the density at the edge of the plasma, while fr_p meas- 
urements are of the average plasma density. 
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Fig. 7—Cutoff plasma frequency vs signal frequency. 


The scatter of points about the dashed line is prob- 
ably due to the limits on experimental accuracy im- 
posed by the width of the main dip and the temperature 
fluctuations along the tube. 

It should be pointed out that because no attempts 
were made to accurately control the temperature along 
the plasma tube, there are definite limitations on the 
experimental accuracy. The results do, however, cor- 
relate with the space-charge wave theory sufficiently to 
verify the mode of operation of the plasma guide 
coupler. 


D. Wavelength Measurements 


Trivelpiece and Gould show that the plasma guide 
modes have slow wave properties. For plasma densities 
just above cutoff, the guide wavelength should be very 
small; at high densities, propagation approaches that in 
a metal rod coaxial guide. As a further verification of 
the space-charge wave theory of operation of the cou- 
pler, wavelength measurements were made along the 
plasma at various discharge currents or plasma densi- 
ties. 

For wavelength measurements, the output guide was 
removed and a movable coaxial metal plunger was in- 
serted in the air region between the quartz tube and the 
metal outer conductor. A fixed probe was inserted 
through this outer conductor between input guide and 
plunger to measure the radial electric field. The read- 
ings of the fixed probe plotted against the plunger posi- 
tion give the wavelength at a given discharge current. 

Fig. 8 shows the wavelengths as measured on the 
5 mm I.D., 7 mm O.D. quartz tube with 25.3 mm I.D. 
outer conductor. As shown in Section III-E, the mode 
excited has one angular variation. The data were taken 
at a fixed signal frequency of 8.50 Ge. 

The results behave in the manner predicted by the 
space-charge wave theory. At high currents the wave- 
length approaches that for the TE, mode on a coaxial 
line as expected. At lower densities the wavelength de- 
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Fig. 8—Measured wavelengths along the plasma column 
as a function of the discharge current. 


creases, showing the slow wave properties near cutoff. 
Unfortunately, it was not possible to obtain wavelength 
measurements any nearer to cutoff because of the high 
attenuation along the plasma guide in this region. 


E. Angular Distribution 


From the field pattern of the rectangular waveguide, 
it is to be expected that when the plasma tube is in- 
serted through the narrow walls, the principal mode ex- 
cited on the plasma coupler should have one angular 
variation. This was indeed found to be the case. Meas- 
urements were made at X band with the probe shown 
in Fig. 5 as the metal sleeve into which it was inserted 
was rotated. 

Contrary to expectations, a mode with one angular 
variation was also excited when the plasma column was 
passed through the broad walls of the rectangular guide. 
This is apparently because negligible power passes be- 
yond the plasma tube in the exciting guide during con- 
ditions of strong coupling. The method of excitation is 
then shown in Fig. 9(a), so that the plane of maximum 
transverse E field should be as shown in Fig. 9(b). Re- 
sults of the probe measurements, in Fig. 9(c), show this 
to be the case. The slight asymmetry in the field pat- 
tern is perhaps due to imperfect alignment, or to the 
presence of other modes that were also excited. 


F, Operation as Microwave Circuit Element 


1) Pulsed Operation: The coupler was operated as a 
microwave switch by holding the discharge current at a 
quiescent value below cutoff. A pulse of voltage was 
then applied to the discharge tube to increase the 
plasma density and turn the switch on. Fig. 10 shows 
the results of applying a 2-usec, 44-v pulse to the anode 
of the X-band coupler. Here the top trace is the voltage 
supplied by the pulser, the center trace the discharge 
pulse current (2 a), and the bottom trace the microwave 
power in the output guide. The switching time is about 
5 usec. A switching time of 2 usec was observed in the 
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Fig. 9—Angular field distribution for coupling through broad wall. 
(a) Origin of fields in coupler. (b) Orientation. (c) Field pattern. 


Fig. 10—Response of plasma coupler to 2-usec voltage pulse. Top 
trace: voltage pulse (44 v), center: current pulse (2 a), bottom: 
detected microwave pulse in output guide, frequency, 8.2 Ge; 
quiescent discharge current, 0.31 a; time scale, 2 usec/div. 


S-band coupler, using a hot cathode tube. 

2) Power-Handling Capability: The microwave- 
power-handling capabilities of the variable coupler are 
limited by the ionization caused by the incident micro- 
wave power. If too large an amount of microwave 
power is fed into the input, it can cause an increase in 
plasma density sufficient for continuous conduction. 
The CW operation of the coupler was at the milliwatt 
level, which caused no problem. In a test of operation as 
a switch, it was found that 128 w of pulsed X-band 
power could be handled with 30 db of isolation. The 
power-handling ability could be increased somewhat by 
operating at a lower quiescent discharge current, but 
then more switching power was required. 

3) Bandwidth: No attempt has yet been made to in- 
vestigate the bandwidth characteristics of the plasma 
guide coupler in detail. However, the . individual 
couplers have been operated over a considerable portion 
of the X- and S-band ranges, although in each case 
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tuner adjustment was required across the band for max- 
imum output. The final bandwidth of the device will be 
largely determined by the frequency sensitivity of the 


impedance match from the rectangular guide to the 
plasma guide. 


IV. ON-OFF-ON OpEratIon 


In a second method of operation, the plasma guide 
coupler can be made to alternately couple, attenuate, 
and couple power as the discharge current is mono- 
tonically increased. In this case, the metal sleeve around 
the plasma column is made large enough in diameter so 
that the TE, circular hollow metal Waveguide mode 
can propagate. At very low densities, power is coupled 
between the input and output guides via this TEn 
mode. As the density is increased, the cutoff frequency 
of this mode is increased, similar to that of a plasma- 
filled rectangular waveguide.** When this cutoff fre- 
quency passes beyond the operating frequency, propa- 
gation ceases and the guides are decoupled. In this 
transition region the plasma coupler again becomes an 
electronically-controlled attenuator or switch. As the 
discharge current is increased still further, the plasma 
column will again start propagating, but now in the 
space-charge modes described earlier. If the current is 
increased still further, the guides will continue to be 
coupled via these plasma guide modes. 

This mode of operation was observed at 9.3 Gc when 
the diameter of the metal sleeve was made 2.16 cm. 


V. HiGH-POWER DETECTION OF MICROWAVES 


The properties of the plasma guide can be demon- 
strated further in connection with a nonlinear plasma 
property. By observing the pulsed voltage across a re- 
sistor in series with the plasma tube, the system becomes 
a high-level detector of pulsed microwaves," the sensi- 
tivity of which is related to the plasma guide proper- 
ties. Detection is due to the increased ionization caused 
by the microwave power absorbed in the plasma. This 
extra ionization causes an increase in the discharge cur- 
rent with a resultant voltage pulse on the series resistor. 

Fig. 11 shows a series of oscilloscope displays of de- 
tected pulses at various quiescent discharge currents for 
the X-band detector, with constant pulsed 35-w input 
power of 2-usec duration. The characteristic 100-ke to 
1-Mc plasma oscillations mentioned earlier are evident 
in the 0.1 to 0.3-a range. The detection sensitivity is 
summarized in the plot of detected output voltage vs 
discharge current (Fig. 12). In another test with dif- 
ferent levels of power, the minimum detected power 
was 2 w; the maximum 1.2 kw. 

The sensitivity of the detector is a function of the vol- 
ume of plasma into which the microwave power can 
penetrate. In the region above plasma guide cutoff, 


16 See also, for example, B. J. Udelson, eas of payee 
signals incident upon different regions of a d.c. hydrogen glow dis- 
wees » J, Appl. Phys., vol. 28, pp. 380-381; March, 1957. 
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Fig. 11—Input microwave power pulse (top traces) and detected 
voltage pulse at several values of discharge current. 


Py= 35 WATT 


F,=852 Ge. 


SERIES RESISTOR - 1500 2 


DETECTED PULSE SIGNAL IN VOLTS 


ie} ll 2 3 4 5 6 a 8 t:) 1.0 
DISCHARGE CURRENT IN AMPERES 


Fig. 12—Detector sensitivity as a function of discharge current. 
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Fig. 13—The variation in radial penetration of the microwave 
fields into the plasma for a typical plasma guide. 


where the energy can propagate along the plasma tube, 
this volume is determined by the radial penetration of 
the microwave fields. Fig. 13 shows the radial penetra- 
tion as calculated from the space charge wave theory 
for a typical plasma guide. The shape of the curve 
agrees well with the observed variation in detector sen- 
sitivity. 
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VI. CONCLUSIONS 


The use of plasma waveguides for coupling micro- 
wave energy from one rectangular waveguide to another 
has been demonstrated. These plasma guides require no 
dc magnetic field. Since their propagating character- 
istics may be altered by a change of plasma density, the 
coupling system becomes an electronically-controllable 
attenuator or switch. The operation has been demon- 
strated over a considerable portion of the X- and S- 
band ranges. The principles of this operation have been 
verified by measurements of both linear and nonlinear 
behavior. In operation as a fast microwave switch, 
switching times of the order of 2 to 5 usec have been 
found. 

During conditions of no coupling, very high isolation 
between waveguides exists. Minimum insertion loss 
during the condition of high coupling found to date has 
been 8.5 db. Additional work is therefore required on 
the circuit aspect of effecting broad-band, efficient cou- 
pling between rectangular and plasma waveguides. The 
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use of gases with lower collision frequencies than mer- 
cury should be considered, to reduce any losses along 
the plasma guide. Since this coupler operates in the 
transition region between the slow wave plasma modes 
and the coaxial metal waveguide, additional theoretical 
work on the propagating properties of plasma guides in 
this transition region is also required. 

Finally, additional effort should be aimed at the pro- 
duction of plasmas whose densities can be controlled 
fairly accurately, if this type of coupler or switch is to 
find wide application. These can be gas discharge plas- 
mas for the lower microwave frequencies and semicon- 
ductor plasmas for the higher ranges. 
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High-Power Duplexers* 


C. E. MUEHE, Jr.t 


Summary—tThe various circuit arrangements used in duplexers 
are analyzed in terms of their power-handling ability in two situ- 
ations: first, where the bandwidth is narrow so that insertion loss 
determines maximum Q, and second, where large bandwidths are 
required and the maximum Q is determined by available Q band- 
width products. In both cases the ATR duplexer has an advantage. 
Arc loss was measured for folded cylinder TR tubes. At medium 
current densities the results agree well with experimental measure- 
ments in dc positive columns. At high current densities a constant 
conductivity is reached. Graphs of power-handling ability for a unity 
coupler duplexer using different methods of cooling are presented. 
It is shown that the requirements for easy firing and long life limit 
tre achievable recovery time. 


microwave duplexer design that provide circuits 
with less low-level insertion loss and greater band- 
width and that provide TR tubes with lower-arc loss, 
less leakage to the receiver, faster recovery and longer 


/ | YWO recent survey articles! discuss advances in 


* Received by the PGMTT, May 12, 1961; revised manuscript 
received, September 5, 1961. 
¢ Lincoln Lab., Massachusetts Institute of Technology (with 
a age from the U. S. Army, Navy and Air Force), Lexington, 
ass. 
1A. F. Harvey, “Duplexing systems at microwave frequencies,” 
IRE Trans. oN MicRowAVE THEORY AND TECHNIQUES, vol. MTT-8, 
pp. 415-431; July, 1960. 
2 A. M. Starik, “Principal directions in the development of an- 
tenna TR-switches,” Radiotekh. Elektron., vol. 5, pp. 1035-1051; 
July, 1960, 


life. We will direct our attention to a problem that 
continues to plague duplexer designers—that of switch- 
ing higher and higher powers while still meeting the re- 
quirements on insertion loss, bandwidth and recovery 
time. This problem concerns mainly the switching tubes 
(z.e., the ones nearest the source of high power). It will 
be assumed that an adequate number of TR gaps or at- 
tenuators of one form or another follow the switching 
tubes in order to lower the leakage to an acceptable 
level. 

We will first discuss the circuits in which the switch- 
ing tubes are used, then arc-loss measurements and 
their interpretation, and finally, the effect of gas fill 
and geometry on gas breakdown and recovery time. 


CrRcuItTs 


Fig. 1 shows a version of the common branched du- 
plexer which consists of two cavities shunt-mounted on 
a transmission line. On transmit, gas in the gaps becomes 
ionized, the cavities are detuned and the transmitter 
power proceeds to the antenna with a small amount 
leaking through to the receiver. The equivalent circuit 
(see Fig. 1) shows that the cavity may be adequately 
represented by a certain (R/Q) value. The resistors Ry 
represent the input and output impedances transformed 
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Fig. 1—Typical branched duplexer. 


to the center of the cavity. When the discharge forms, 
represented by shorting the capacitor, a current tune 
flows through the discharge. The square of the tube 
current is inversely proportional to the (R/Q) value and 
the loaded Qr of the cavity. This fact emphasizes the 
first principle of high-power duplexer design: to reduce 
TR-tube current, with its consequent heating, place the 
discharge in as high Q structure as other system require- 
ments will allow. 

The square of the tube current may also be written 
(Fig. 1) as being inversely proportional to the allow- 
able insertion loss on receive L; and to the cavity-shunt- 
loss resistance Ao. Therefore, for a narrow-band system, 
narrower than the bandwidth of the single cavities used, 
a compromise may be made between insertion loss on 
receive and tube dissipation on transmit. 

On receive, the return signals pass from the antenna 
through the TR cavity into the receiver. The purpose 
of the ATR is to reflect any return signal that goes 
down the transmitter line. The quarter-wavelength 
spacing shown is necessary so that an open circuit will 
be presented by the transmitter line at the junction of 
the TR cavity and the main line. It can easily be veri- 
fied that four times as much of the received energy inci- 
dent on the ATR will be lost in the ATR cavity as com- 
pared to an identical TR cavity. However, since in this 
arrangement only one-fourth of the return signal is inci- 
dent on the ATR, equal losses will be sustained in both 
TR and ATR cavity. (The foregoing statements as- 
sume that the transmitter presents a match or an open 
circuit at the junction of the ATR cavity and the main 
line.) 

Fig. 2 shows most of the circuits used in present-day 
duplexers. The boxes labeled TR represent band-pass 
filters, which usually consist of one or more resonant 
elements in cascade either directly coupled or quarter- 
wave coupled. In the transmit condition these TR struc- 
tures break down at their high-voltage points and the 
band-pass filter turns into a good reflecting structure. 
The boxes labeled ATR consist of a number of resonant 
cavities coupled to the transmission line at regular inter- 
vals. The ATR structures act as good reflectors on re- 
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Fig. 2—Circuit arrangements for most duplexers 
in use at the present time. 


ceive and as good transmission structures on transmit. 
The boxes marked “hybrid” are 3-db directional 
couplers. 

The branched duplexer with single-cavity ATR and 
TR structures is illustrated in Fig. 1. Notice that on 
transmit, when the gap is discharged only one-fourth of 
the line power is incident on each cavity, since the wave 
incident on each cavity plus its reflection must add to 
the total line voltage at the junction on the main trans- 
mission line. The first bracketed term (one-fourth) 
states the portion of the line-power incident on the 
cavities making up the TR or ATR structure. 

In the balanced TR* duplexer the high power from 
the transmitter, after being divided in two by the first 
hybrid, is reflected directly off the TR cavities so that 
the first bracketed term is (one-half). For the balanced 
ATR‘ case the transmitter power is first divided in two 
by a hybrid, then by one-fourth at the junction of the 
cavities with the main line, giving a first bracketed term 
of (one-eighth). 

The unity coupler duplexer,® constructed by putting 
TR tubes in the coupling aperture of a unity coupler, 
requires that the TR tubes carry the full current in the 
guide walls. It will not be compared with the other forms 
of duplexers. 

Sometimes two transmitters are combined,® as shown 
in the last duplexer circuit of Fig. 2. If the transmitters 
are well balanced in phase and amplitude, somewhat less 
than 1/100 of the line power will be incident upon the 
TR. However, in the event of failure of one of the trans- 
mitter tubes, the TR will have to handle one-fourth 
the line power, so it should be designed to stand this 


3 L. D. Smullin and C. G. Montgomery, “Microwave Duplexers,” 
M.1I.T. Rad. Lab. Ser., McGraw-Hill Book Co., Inc., New York, 
N. Y., vol. 14; 1948. 

4C. W. Jones, “Broad-band balanced duplexers,” IRE TRANs. ON 
Microwave THEORY AND TECHNIQUES, vol. MTT-5, pp. 4-12; 
January, 1957. 

51, Milosevic, “High-power duplexers,” Le Vide, vol. 12, pp. 
109-116; January/February, 1957. 

6 K, Eakin and R. Rapuano, “A hybrid duplexer,” Microwave J., 
vol. 4, pp. 47-49; January, 1961. 
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power for at least a short length of time until the situa- 
tion can be corrected. 


COMPARISON FOR NARROW-BAND SYSTEM 


The second bracketed term in each figure gives the 
fractional loss of the receive signal for each structure, as- 
suming that all TR and ATR structures consist of 
single identical cavities with the same loaded and un- 
loaded Q’s and that each TR cavity loses one-tenth of 
the signal passing through it. Thus, in the case of the 
balanced TR duplexer, the return signal splits in two in 
the hybrid and a tenth of each half is lost in each TR 
cavity, so that the total loss is one-tenth of the incom- 
ing signal. The interesting result is that the product of 
the incident power (first bracketed fraction) times the 
insertion loss on receive (second bracketed term) is the 
same for the first four duplexers. But, if we assume that 
the power-handling capacity and the insertion loss vary 
directly with the loaded Q of the cavities, so that if we 
readjust the Q’s of the various circuits to give equal in- 
sertion losses, then the power-handling capacity of all 
the structures will be the same. The assumption that 
power-handling capacity and insertion loss vary di- 
rectly with the loaded Q is rigorously true for high Q 
cavities and approximately true for resonant windows. 

This analysis is perhaps an oversimplification because 
it assumes single-cavity TR and ATR structures. With 
the ATR structures, however, it is possible to put two 
identical cavities a half-wavelength apart. Their con- 
ductances (resistances in series on the main line if they 
are series mounted) are thus in parallel on the main line 
so that the insertion loss on receive is halved. The total 
heat generated on transmit is doubled, of course, but it 
is distributed over twice the area. 


COMPARISON FOR WIDE-BAND SYSTEMS 
The balanced TR, balanced ATR and unity coupler 


duplexers are recommended for systems requiring wide 
instantaneous bandwidth. These duplexers take ad- 
vantage of symmetry to avoid the necessity of using 
frequency-sensitive line lengths as in the branched and 
phase-shift duplexers. Since the TR structure is simply 
a band-pass filter on receive, filter theory may be em- 
ployed to determine its characteristics. Fig. 3 shows the 
Q bandwidth products one can achieve. Belevitch’ as- 
sumes a Tchebycheff response function with as many 
points of perfect. match as there are tuned circuits. 
Fano* assumes no matched points in the pass band. The 
insertion losses are all reactive; any resistive-type in- 
sertion loss must be added to them. 

The responses of several ATR structures are given by 
Jones. He considered cavities with typical . resistive 
losses spaced at quarter- and half-wavelength intervals 


7V. Belevitch, “Tchebychev filters and amplifier networks,” 
Wireless Engr., vol. 29, pp. 106-110; April, 1952. 

§ R. M. Fano, “Theoretical limitations of the broadband matching 
of arbitrary impedances,” J. Franklin Inst., vol. 249, pp. 139-154; 
January, 1950. 


along a waveguide. A simpler analysis has been carried 
out by the author wherein the equivalent low-frequency, 
lumped-constant circuits are considered. The analysis 
thus neglects the effect of the variation of phase angle 
between the cavities on the resulting insertion loss. It 
also neglects any resistive losses in the cavities. The 
results are presented in Fig. 4. 

One mode of operation is to place the cavities a half- 
wavelength apart along the transmission line. The cir- 
cuit then acts like a number of parallel resonant circuits 
in series with one another. They must all be tuned syn- 
chronously or, according to Foster’s reactance theorem, 
there will appear points of zero impedance between the 
resonances. The insertion loss is a monotonically in- 
creasing function of frequency off resonance. 

Alternatively the cavities may be spaced at quarter- 
wavelength intervals, in which case the equivalent cir- 
cuit has alternate parallel resonant circuits in series 
with the line and series resonant circuits in parallel with 
the line. The best bandwidth is achieved by stagger- 
tuning the circuits. The power-loss ratio can be set equal 
to one plus a Tchebycheff function squared. In the two- 
cavity case, the cavities are tuned to f,(1+B/2/2), 
where f, is the center frequency and B is the fractional 
bandwidth. In the three-cavity case, the center Q is half 
the end cavity Q’s and is given by the Q;; in Fig. 4. The 
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Fig. 3—Q-bandwidth products for TR structures 
with »-tuned circuits. 
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Fig. 4—Q-bandwidth products for ATR structures 
with u-tuned circuits. 


J 


Pres SY 


\ 


1961 


center cavity is tuned to f, and the end cavities to 
Fo( 1 +/3/4B). 


In quarter-wavelength spacing, each cavity is more or 
less providing the reflection required in any one part of 


‘the band so that the resistive loss of one cavity must be 


added to the insertion losses of Fig. 4. When half-wave- 
length spacing is used, the resistive loss is that of one 
cavity divided by the number of cavities used. 

A comparison of Figs. 3 and 4 shows that for two- 
and three-cavity structures, the ATR structure requires 
half the Q of the TR structure for the same bandwidth 
and insertion loss. However, since the incident power 
on the ATR cavities is only one-fourth that incident on 
the TR cavities, the former will still be able to handle 
twice the line power. A careful examination shows that 
the same total power is being dissipated, but it is spread 
out Over more cavities by using the ATR structures. 


DETERMINATION OF ARC Loss 


The two most commonly used high-power switch 
tubes are shown in cross section! in Fig. 5. Current is 
capacitively coupled from the metal frame.through the 
dielectric into the discharge. One reason for this con- 
struction is the elimination of all metal from areas adja- 
cent to the discharge. In high-power discharges, metal 
is sputtered over the inside of the tube and quickly de- 
stroys its usefulness. The encapsulated window consists 
of a glass enclosure for the gas, one side of which is 
bonded to a kovar frame. In the folded cylinder TR 
tube the discharge takes place in the annular space be- 
tween two concentric dielectric cylinders. In both cases 
the discharge has the electrical conductivity of a poor 
metal. 


GLASS 


"GLASS To 
METAL BOND 


CROSS SECTION 
ENCAPSULATED WINDOW 


CROSS SECTION 
FOLDED CYLINDER 


Fig. 5—Encapsulated window and folded cylinder 
TR tubes shown in cross section. 


Arc loss may be measured using the apparatus shown 
in Fig. 6. The discharge tube is mounted so that the dis- 
charge completes the end of a multiple quarter-wave- 
length stub on a coaxial line. The resonant choke is used 
to confine the discharge to the desired region. In its ab- 
sence the discharge would fill the entire TR tube, mak- 
ing computation of the discharge impedance difficult. 
The slotted line and directional coupler are used to 
measure the high-power standing-wave ratio and the 
magnitude of the power incident on the TR tube. Be- 
cause the geometry of the discharge is well known, 
these readings are easily converted to the skin resistance 
and linear current density of the discharge. The com- 
ponent of the electric field in phase with the current is 
given by the product of skin resistance times linear cur- 
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rent density. A typical set of curves taken at 425 Mc is 
shown in Fig. 7. For low current densities the skin re- 
sistance is inversely proportional to linear current 
density, a fact that indicates a constant sustaining 
field. At a current density slightly above that at which 
the skin depth in the plasma equals the spacing in the 
tube, the skin resistance departs from a straight line. 
This is caused by the shielding action of the discharge. 

The variation of electric field with current density is 
shown in Fig. 8. For medium current densities there are 
sufficient electron-electron collisions to insure a Maxwel- 
lian velocity distribution among the electrons. The elec- 
trons are produced by direct impact of high-energy 
electrons on gas molecules and are lost by diffusion to 
the walls. The conductivity of the plasma is directly 
proportional to the electron density. At higher densi- 
ties where shielding occurs to give a nonuniform electric 
field, electron production is higher in regions of high 
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Fig. 6—Apparatus used to measure arc loss. 
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Fig. 7—Measured skin resistance as a function of linear current 
density for folded cylinders with spacing d and pressure p meas- 
ured at 425 Mc. 


— VELOCITY DISTRIBUTION 
\ BECOMES MAXWELLIAN 

e TUBE SPACING EQUALS 
SKIN DI 


LOG E (volts/cm) 
y 
Ey i. m 
5 
a 
z 
x \I 
4, 
4, 
| ee ose 
| NG 
| \ “5% 
| “ay 4. 
if \ % 
%, 
€ 


LOG J (amps/cm) 


Fig. 8—Variation of the sustaining field with current 
in a folded cylinder TR tube, 
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field adjacent to one of the walls of the tube. Electrons 
are lost more easily by diffusion, which results in a 
higher sustaining field. 

At still higher electron densities, the electron-positive 
ion collisions determine the conductivity of the plasma. 
The limiting value of conductivity (approached usually 
when the fractional ionization is between 10~* and 107) 
is that of a fully ionized gas.° The conductivity depends 
on the ratio of electron charge density to collision fre- 
quency. The collision cross section for positive ions is 
much larger than for gas molecules; moreover, since the 
number of positive ions equals the number of electrons 
in the plasma, the ratio of electron charge density to 
collision frequency at high electron density will be a 
constant and thus will give a conductivity of about 2000 
mho/m. (For comparison, copper has a conductivity of 
6 X10? mho/m.) 


COMPARISON WITH DC Data FoR MEDIUM 
CURRENT DENSITIES 


Except for the shielding effect in the RF discharge, 
the conditions prevailing in the folded cylinder are ex- 
actly those existing in the positive column of a de dis- 
charge at low pressure, for which considerable theo- 
retical and experimental!®°"! work has been done. The 
electric fields derived from the straight-line portions of 
the curves of Fig. 7 are compared with the measured 
fields in the dc-positive column in Fig. 9. The agreement 
is very good. In comparing the data for helium, Klarfeld 
states that at pressures slightly below the low-pressure 
end of his curves the sustaining field rises very rapidly, 
in agreement with the RF data. 

Examination of dc data can now be used to determine 
the dissipation in the discharge when moderate current 
densities are involved. Notice that no polyatomic gases 
are shown in Fig. 9 because their sustaining fields are 
all above those of helium. In fact, it has been observed 
that even a trace of polyatomic gas in an inert gas dis- 
charge will increase the arc loss. One part in 10° of oxy- 
gen in argon has been found to double the arc loss. The 
reason for this is that polyatomic molecules have vibra- 
tional and rotational energy levels which are excited by 
electron collision, so that energy dissipation is higher 
than in the monatomic gases. For inert gases, de data 
indicates that the heavier the molecules, the lower the 
sustaining field, and that some of the metal vapors, par- 
ticularly mercury, look very promising. This is espe- 
cially true in the case of tubes using diffusion as a re- 
covery mechanism, since the pressure must be kept low 
where the problem of gas clean-up in inert-gas tubes is 
severe. Mercury offers what is an essentially infinite gas 
reservoir. 


9L,. Spitzer, “Physics of Fully Ionized Gases,” Interscience Pub- 
lishers, Inc., New York, N. Y., p. 81; 1956. 

A. von Engel, “Ionized Gases,” Oxford University Press, 
London, Eng., p. 209; 1955. 

" B. Klarfeld, “The potential gradient in the positive column,” 
J. Tech. Phys. USSR, vol. 5, pp. 725-740; September, 1938. 
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Fig. 9—Comparison between the sustaining field in an RF discharge 
and that in the positive column of a de discharge. 


PowER-HANDLING ABILITY FOR HIGH 
CURRENT DENSITIES 


The lowest percentage arc loss occurs at high-power 
levels where the conductivity approaches a constant 
value, that of a fully ionized gas. Consider a rectangular 
waveguide of a 2:1 dimension ratio operating at a fre- 
quency where the guide wavelength is twice the width 
of the guide. A window (Fig. 10) is mounted in a long 
aperture made by cutting away the side wall of the 
guide. The window thickness is assumed to be one tenth 
the height of the guide and to make good thermal con- 
tact with the guide at its edges. Behind the window, just 
outside the guide, is a plasma with the conductivity of 
a fully ionized gas. The nature of the gas is not impor- 
tant except that lower pressures and gases which have 
lower sustaining fields will approach the fully ionized 
conductivity at lower current densities. The currents in 
the plasma are the same as in the guide wall. 

Under these conditions, it is an easy task to calculate 
the heat dissipated in the plasma for a given power in 
the main guide. The power-handling capacity of such an 
arrangement depends on the method of heat transfer 
out of the discharge and the maximum allowable tem- 
perature rise. Results are presented (Fig. 10) for various 
types of surface cooling (solid lines) and for conduction 
cooling through the dielectric to the guide (dashed 
lines). Surface cooling means removal of heat from the 
surface of the window by forced air, radiation, or a liquid 
flowing across the surface of the window. Conduction 
cooling refers to transfer of heat out of the discharge by 
passage through the dielectric material of the window to 
the waveguide which is assumed to be held at room tem- 
perature. The peak window temperature was assumed 
to be 400° to 500°C because at these temperatures either 
the window material fails (glass deforms) or the loss 
tangent increases rapidly making the insertion loss on 
receive too large. The high power-handling capacity 
when aluminum oxide and beryllium oxide dielectrics 
are used is a reflection of their relatively higher heat 
conductivities. 

It is to be emphasized that this graph applies to very 
wide-band duplexers operating at high peak power 
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Fig. 10—Calculated power-handling capacity of a full size TR tube 


mounted in the side of a rectangular waveguide carrying the 
TEo mode. : 


levels, such as the unity coupler duplexer. The power- 
handling of existing duplexers of this type agrees quite 
well with Fig. 10. 

Two methods can be used to increase the power- 
handling capacity over that shown in Fig. 10. The first 
is to decrease the height of the window and/or increase 
its thickness but still mount it in the guide wall. This 
procedure raises the dashed lines of Fig. 10 but at the 
same time increases the loaded Q. The second method 
involves placing the window at the center of a cavity. 
This reduces the current in the tube, but again raises 
the Q of the circuit. Notice that both methods achieve 
increased power-handling ability by an increase in Q 
and thus a decrease in bandwidth of the duplexer. 


OTHER CONSIDERATIONS IN DUPLEXER DESIGN 


More often than not, the actual geometry and gas fill 
of a TR tube are chosen for reasons other than the opti- 
mization of its power-handling capacity. The choice is 
usually made on the basis of easy firing, adequate re- 
covery time and long life. Fig. 11 illustrates the inter- 
relation between breakdown voltage and recovery time 
for hydrogen gas and parallel-plate geometry. Similar 


graphs for other geometries and gas fills would have 


similar contours but would be somewhat different in 
magnitude and position. The graphs of breakdown volt- 
age show that a very steep gradient exists starting at 
the left of the graph at d/d equals 0.0025 and proceed- 
ing to lower values of d/) as the pressure is raised. This 
gradient occurs because at tube spacings smaller than 
this value, all of the electrons can be swept out of the 
discharge space in half a cycle by fields smaller than 
those required for breakdown.” 

Modern high-power switching tubes do not use at- 


2S. C. Brown, “Basic Data of Plasma Physics,” John Wiley and 
Sons, Inc., New York, N. Y., p. 142; 1959. 
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Fig. 11—Contours of constant breakdown voltage with lines of 
constant frequency recovery time products superimposed. 


taching gases (those which cause electron disappear- 
ance by the formation of negative ions), because they 
cause a large increase in arc loss. Recovery is achieved 
by diffusion (electrons diffuse to the walls where they 
recombine with positive ions) or volume recombination 
(usually dissociative recombination). Diffusion-con- 
trolled recovery is preferred because the electron density 
decays with time in an exponential manner instead of 
inversely with time, as in recombination. This means 
that the duplexer is fully recovered at about one and 
one-half 3-db recovery times, whereas recombination- 
controlled recovery allows a fraction of a decibel loss at 
several times the 3-db recovery period. For both types 
of recovery, the recovery time is practically independ- 
ent of power level and pulse length, but it depends 
directly on loaded Q for recombination while it is inde- 
pendent of Q for diffusion. 

Recovery is controlled by recombination at high pres- 
sures and by diffusion in the low-pressure region where 
the arc loss tends to be least. The product of recovery 
time 7 (sec) for diffusion-controlled recovery multiplied 
by frequency f (cps) is plotted on Fig. 11. 

Examination of this graph shows that a good operat- 
ing point falls at d/A=0.003 and at as low a pres- 
sure as possible to give quick recovery. It is found, how- 
ever, that when the pressure is reduced too far, the arc 
loss goes up precipitously as shown in Fig. 9 for helium. 
Another problem associated with low-pressure opera- 
tion is that of gas clean-up. It is found that even in the 
absence of sputtering, gas is lost into the walls by the 
action of the discharge. Lower pressures may be used 
when a large reservoir for gas is provided." 


13 ED. W. Downton, “Measurement of clean-up in gas discharge 
tubes using radioactive krypton,” Proc. TEE, vol. 105, pt. B 
(suppl.), pp. 485-487; November, 1958. 
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As an example, a folded cylinder for use at L band 
should have a spacing between cylinders of 0.030 in. 
At a pressure of 1 mm Hg of argon, the recovery time 
will be about 60 usec. This spacing is still about twice 
the skin depth in a fully ionized plasma. 


CONCLUSIONS 


There is no reason why gas tube duplexers cannot be 
designed so as to handle extremely high powers and still 
meet other system requirements. The power-handling 
ability of a duplexer may be increased by using pure 
inert gases, by using tube materials with high heat con- 
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ductivity, such as beryllium oxide, by narrowing the 
height of the window, or by putting the TR tube at the 
center of a high-Q cavity. An ATR duplexer may be 
used to spread the heat dissipation over a larger area. 
The actual tube spacing and fill are usually determined 
by considerations of easy firing, recovery time and tube 
life. 
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Quasi-Optical Surface Waveguide and Other 
Components for the 100- to 300-Gc Region* 


F. SOBEL}, F. L. WENTWORTHf, MEMBER, IRE, AND J. C. WILTSE{, SENIOR MEMBER, IRE 


Summary—Components and techniques for the generation, 
transmission, and detection of energy in the 100- to 300-Gc fre- 
quency region were investigated theoretically and experimentally. 
The design and construction of fundamental components, such as 
harmonic generators and detectors, were necessary since many 
items are not available commercially. A detailed theoretical analysis 
was performed for the propagation characteristics of single-conduc- 
tor transmission lines, and attenuation calculations were made for 
several dielectric image lines. Experimental measurements were 
made at 105 and 140 Gc on these two types of surface waveguides. 
Attenuation of these lines is compared with that of dominant-mode 
rectangular waveguide. An analysis of phase-correcting Fresnel 
zone plates was carried out, and several zone plates were designed, 
constructed and successfully tested at frequencies of 140, 210, and 
280 Gc. Zone plates were used at several frequencies to make rela- 
tively long path transmission measurements and were also used in 
a specially designed Michelson interferometer. The frequency 
stability of the source klystron and the dielectric properties of a 
number of plastic materials were determined by measurements 
made with the interferometer. A method of frequency filtering by 
focal isolation was demonstrated with this equipment. 


I. INTRODUCTION 
\ N investigation is being conducted to develop new 


components and techniques for use at wave- 
lengths shorter than 3 mm. Much of the work 
completed to date has dealt with special rectangular 


* Received by the PGMTT, May 26, 1961; revised manuscript 
received, September 5, 1961. The research reported in this paper has 
been sponsored by the Electronics Research Directorate of the A F 
Cambridge Res. Labs., Office of Aerospace Research, U. S. Air 
Force, under Contract No. AF 19(604)-5475. 

} Res. Div., Electronic Communications, Inc., Timonium, Md. 


waveguide devices, surface waveguides (dielectric im- 
age lines and coated or uncoated single-conductor trans- 


mission lines), and devices of an optical nature.t The 
basic instrumentation consisted of adaptations of con- 


ventional rectangular waveguide components. Signal 


power was provided by crystal harmonic generators 


driven with a few tens of milliwatts of power at a funda- 


mental frequency of either 35 or 70 Gc. Experimental 
measurements were made at 105, 140, 210, and 280 Ge. 
Video detection with silicon crystals resulted in output 


signal levels with a dynamic range of about 45 db above 


noise, except at 280 Gc, where the range was somewhat 
less. For some sets of measurements at 140 Ge, a range 


of 55 db was available. 


At the time the program was started there was a 


scarcity of commercial components for frequencies 


above 100 Gc, and it was therefore necessary to design 
and construct various waveguide items such as detec- 
tors, harmonic generators, horn antennas, and filter sec- 
tions.” Coin-silver waveguide with a cross section of 
0.0325- by 0.065-in ID (RG-136/U) was chosen because 
the guide has a TE, 9-mode cutoff frequency of 90.8 Ge 
and propagates only the dominant mode at frequencies 
below about 180 Ge.’ (The slightly larger size RG-138/U 


‘M. J. King, et al., “Quasi-Optical Components and Surface 
Waveguides for the 100 to 300 kMc Frequency Range,” Electronic 
Communcations, Inc., Timonium, Md., Rept. No. 2 on AFCRL 
Contract No. AF 19(604)-5475; November, 1960. 

> [bid.; design details are given in this report. 

* The harmonic generators use RG-96/U or RG-98/U waveguide 


inputs. 
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guide was not chosen, even though some commercial 
components were available in this size, because this 
guide has a TE;o-mode cutoff frequency of 73.8 Ge and 
this is too close to the operating region of typical klys- 
tron sources in the 4-mm wavelength region.) Wave- 
guide “squeeze” section filters were built to provide 
suppression of 105- or 140-Gc harmonic signals when 
operating at higher frequencies. Suppression of 140-Gc 
and 210-Gc harmonic frequencies was also accomplished 
by the focal isolation technique described below. 

Another phase of the program has been concerned 
with improving the efficiency of the point contact diodes 
mounted in harmonic generators and video detectors. 
Experimental diodes have been formed with some of the 
recently developed III-V compounds, such as gallium 
arsenide, indium arsenide, and indium antimonide. Both 
tungsten and phosphor-bronze whiskers have been used. 
To date these diodes have not shown any valuable im- 
provement over the silicon-crystal, tungsten-whisker 
combination. The only encouraging results noted thus 
far have been obtained with an indium-arsenide poly- 
crystal and a phosphor-bronze whisker in a detector 
mount. After considerable searching of the crystal sur- 
face with the whisker several points were found which 
gave approximately 10 db more sensitivity than the 
silicon-tungsten combination. Further work seems war- 
ranted with indium arsenide in single crystal rather 
than polycrystalline form. 


II. TRANSMISSION METHODS FOR SHORT 
MILLIMETER WAVELENGTHS 


At frequencies above 70-Gc dominant-mode, hollow 
metal waveguide is unsatisfactory for many applications 
because of very high attenuation. This is illustrated in 
Fig. 1, which shows calculated attenuation values for 
several standard waveguides (see also Table I). Meas- 
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Fig. 1—Theoretical attenuation (TE1o mode) in rectangular 
waveguides of coin silver. 


TABLE I 
RECTANGULAR WAVEGUIDE DATA 


Designation Size (ID) TE o-Mode Cutoff 
RG-138/U 0.080 X0.040 in 73.8 Ge 
coe 0.075 X0.034 in 78.7 Ge 
RG-136/U 0.065 X0.0325 in 90.8 Ge 
RG-135/U 0.051 X0.0255 in 115.8 Ge 
RG-137/U 0.043 0.0215 in 137.5 Ge 
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ured values would be even larger because of losses at 
junctions and surface irregularities. The calculated 
values are based on the assumption of a perfectly 
smooth metal surface, but for these frequencies, where 
the skin depth is from 5 to 10 micro-inches, the surface 
roughness is usually many times the skin depth for 
most types of finishes. The attenuation was measured 
at 210 Ge for two different lengths of rectangular wave- 
guide (having inside dimensions of 0.049 in X0.0245 in) 
and was found to be greater than twice the calculated 
value (in decibels per foot). 

Certain other types of waveguides may be designed 
to have low-loss characteristics at these frequencies. 
Examples are surface-wave structures, hollow circular 
waveguide propagating the TEo; mode, and oversize 
rectangular or circular waveguide propagating the low- 
est-order mode. For technical or economic reasons the 
use of optical transmission techniques also may be use- 
ful. (This category includes the beam waveguide re- 
cently described by Goubau.’) Surface-waveguide and 
optical transmission methods were used in this study 
because of their simplicity and low cost. 


III. MEASURED AND CALCULATED RESULTS FOR 
SURFACE WAVEGUIDES 


A. Dielectric Image Lanes 


The dielectric image line is simply a strip of low-loss 
dielectric material centered on a high conductivity metal 
plane. Because of its ease of construction and support 
and its low-loss transmission characteristics, this line re- 
cently has received much attention. For the image line, 
both conduction loss in the image plane and dielectric 
loss contribute to the total attenuation factor. Conduc- 
tion loss is reduced by the use of higher conductivity 
metals (such as copper or silver). To obtain low dielec- 
tric loss and single-mode operation at millimeter wave- 
lengths, the dielectric material must be small in cross 
section and must have a low loss tangent and a low di- 
electric constant.» Typical materials which are satis- 
factory are polystyrene foam (which has been processed 
to have small cell sizes and uniform density) or Teflon, 
which can be purchased in thin, narrow tape form with 
a very thin pressure-sensitive adhesive backing. 

The attenuation for the dominant HE; mode on an 
image line having a semicircular dielectric cross section 
may be calculated by the use of the following relation- 
ship :° 


a = 27.3(de/A)R + 69.5(R,R’/d1) 


4G. Goubau and F. Schwering, “On the guided propagation of 
electromagnetic wave beams,” IRE Trans. ON ANTENNAS AND 
PropaGAtTion, vol. AP-9, pp. 248-256; May, 1961. 

5 J. C. Wiltse, “Some characteristics of dielectric image lines at 
millimeter wavelengths,” IRE Trans. ON MicrowAvE THEORY AND 
TrecunigueEs, vol. MTT-7, pp. 65-69; January, 1959, 

6S. P. Schlesinger and D. D. King, “Dielectric image lines,” IRE 
Trans. ON MicrowavE THEORY AND TECHNIQUES, vol. MTT-6, 
pp. 291-299; July, 1958. 
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where 


a=attenuation per unit length 

¢=loss tangent of the dielectric rod 

€=relative dielectric constant of the rod 
\=free-space wavelength (meters) 

n =intrinsic impedance of free space 
R,=surface resistivity of the image plane. 


The quantities R and R’ are complicated functions of 
the dielectric constant and diameter (in free-space wave- 
lengths) of the dielectric rod.° 

About the smallest convenient diameter to which a 
polystyrene foam rod of semicircular cross section may 
be cut is an eighth of an inch (3.17 mm). The calculated 
attenuation of such a rod mounted on a copper image 
plane is shown in Fig. 2, where a relative dielectric con- 
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Fig. 2—Calculated attenuation (including dielectric and copper 
losses) for two dielectric image lines. 


stant of 1.05 was assumed for the foam. A second curve 
is shown for a dielectric constant of 2.0 (Teflon) and a 
rod diameter of 0.025 in (0.64 mm). (This size was 
chosen because a semicircular cross section with this di- 
ameter has the same area as a tape 0.002 by ¢ in.) For 
each of the curves in Fig. 2 the loss tangent of the di- 
electric was assumed to be 10-* and the conductivity of 
copper was taken as 5.8 X107 mhos/m. Since the dielec- 
trics are already very small, further reduction of at- 
tenuation by reduction of dielectric cross section has 
only limited possibilities. It has been found, however, 
that lower attenuation may be obtained by using a 
“flattened” cross section (7.e., rectangular or semi- 
elliptical) with the longer transverse dimension parallel 
to the image plane. 

A theoretical analysis of wave propagation on dielec- 
tric rods of elliptic cross section was carried out during 
the present investigation.” Certain modes were found to 
exist in the elliptic rod which do not exist in the circular 


_™M. J. King and J. C. Wiltse, “Surface-Wave Propagation on a 
Dielectric Rod of Elliptic Cross-Section,” Electronic Communica- 
tions, Inc., Timonium, Md., Sci. Rept. No. 1 on AFCRL Contract 
No, AF 19(604)-5475; August, 1960, 
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rod. However, of all the modes investigated, only the one 
corresponding to the dominant circular HE: mode has 
zero cutoff frequency. Furthermore, as the eccentricity 
of the rod tends toward unity (“flat” ellipse) the cutoff 
frequencies of the other modes (for an ellipse of finite 
width) tend toward higher values. A thin dielectric 
tape line (Teflon 0.002 in thick) was chosen for the ex- 
perimental tests since it is a good approximation of the 
limit for the very flat ellipse and only the HE, mode is 
present. The use of the metal image plane lying along 
the major axis further excludes the “even” type modes 
where the tangential component £, is represented by 
functions with even periodicity. ; 
The image planes used for experimental loss measure- 
ments were made of copper 4 in wide, in lengths of 5, 12, 
and 20 feet. The copper was first cleaned and polished to 
insure a minimum of scratches and other imperfections 
which could contribute unknown losses to the measure- 
ments. The dielectric (pressure-sensitive Teflon tape) 
was then very carefully laid in a straight line on the 
center of the plane and pressed to make good contact 
with the plane. For each tape size the measurements 
were made on image lines of identical construction ex- 
cept for length; hence, all other losses were constants 
and the attenuation due to the increase in the length of 
image line was readily determined. (Further details are 
given by King, et al.!) The results of these measurements 
along with the theoretical loss for a semicircular dielec- 
tric cross section of the same area are shown in Table II. 


TABLE II 
Average Theoretical 
Frequency Tape Size Measured Loss 
Line Loss (Semicircle) 
105 Ge 0.002 X# in 0.14 db/ft 0.63 db/ft 
140 Ge 0.002 X¥% in 0.43 db/ft On” db/ft 
140 Ge 0.002 X¢ in 0.98 db/ft S22 db/ft 


The average measured loss is computed from at least five 
different measurements. The loss calculated for a semi- 
circular dielectric cross section equal in area to that for 
a given tape is seen to be from 1.5 to 4 times greater 
than that measured for the tape line. Measurements 
were made at 105 Ge with a $-in tape, but the fields ex- 
tended beyond the edge of the image plane and this 
caused errors in the loss measurements. An attempt was 
made to measure the loss for a tape 2 in wide but ir- 
regularities in the tape width gave a spread in results 
which was too large to be useful. 


B. Single-Conductor Wire Lines 


Surface-wave propagation on a coated or uncoated 
cylindrical conductor was described some years ago for 
frequencies as high as 10 Ge,§ but extrapolation of these 


i: G. Goubau, “Surface waves and their application to transmission 
lines,” J. Appl. Phys., vol. 21, pp. 1119-1128; November, 1950. 
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results to frequencies above 100 Gc leads to errors? with 
conductor sizes which provide low-loss propagation. A 
new analysis was made for TMo-wave propagation on 
coated or uncoated conductors at millimeter wave- 
» lengths.1 (Modes other than the TMo are highly at- 
tenuated and are not significant except near the 
launcher.) The low loss and reasonable field extent of 
the cylindrical-conductor transmission line offer an ad- 
vantage over dominant-mode rectangular Waveguide, in 
which the attenuation may be one or two orders of 
magnitude greater. The power-handling ability is also 
much greater for the single-conductor line than for 
rectangular waveguide. Wide ranges of attenuation and 
field extent are available from various combinations of 
wire size, material, and/or dielectric coating. These lines 
do have the disadvantage common to surface-wave lines 
in that they lack shielding (although shields can be 
provided). A further disadvantage is the necessity for 
physical supports which may increase the loss. 
Measurements of attenuation were carried out at fre- 


quencies of 105 and 140 Ge for uncoated copper wires of 
circular cross section. Experimental transmission lines 


of several different diameters were built, and special 
launching horns were designed and constructed to gen- 
erate the TMo: mode (see Fig. 3). The equipment used 
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WAVEGUIDE 


TEjg MODE HORN ANTENNAS 
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TMp, MODE SYNTHESIS SECTION 


SINGLE -WIRE OPEN WAVEGUIDE 


Fig. 3—TM i-mode launcher for single-wire line. 


to make attenuation measurements consisted of an open 
wire line 60 feet long with the transmitter and launcher 
at one end. The pick-up probe (a 28-db horn), a video 
detector, and an indicator were mounted on a wheeled 
cart which was moved along the wire in such a manner 
“that the horn was maintained a constant distance from 
the wire. The smaller wires (0.080- and 0.128-in diame- 
ters) were copper-clad steel and were held in place by 
tension without danger of stretching the wire, as might 


9P. D. Coleman and R. C. Becker, “Present state of the milli- 
meter wave generation and technique art—1958,” IRE TRANS. ON 
MICROWAVE THEORY AND TECHNIQUES, vol. MTT-7, pp. 42-61; 
January, 1959, The attenuation values given therein (Fig. 7) are in 
error. 
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be the case if solid copper were used. In order to elimin- 
ate sag, which is present when the wire is held by ten- 
sion alone, nylon monofilament (0.008-in diameter) was 
used to help support the wire. The larger diameter wires 
(0.375 and 0.500 in) were hard drawn copper tubing 
and were supported by nylon monofilament placed ap- 
proximately every 8 feet along the wire. 

The results of the measurements and the calculated 
values of attenuation are given in Table III. It may be 
seen that the measured attenuation is 2 to 24 times 
higher than the calculated values for the smaller wires 
(0.080- and 0.128-in diameter) and is approximately 3 to 
6 times higher than the calculated values for the larger 
wires. 


TABLE III 
ATTENUATION OF SINGLE-WIRE TRANSMISSION LINES 
Wire Diameter | Frequency Calculated Measured 
Inches Ge Attenuation Attenuation 
0.080 105 0.07 db/ft 0.14 db/ft 
0.128 105 0.05 db/ft 0.10 db/ft 
0.375 105 0.02 db/ft 0.12 db/ft 
0.500 105 0.015 db/ft 0.10 db/ft 
0.080 140 0.08 db/ft 0.20 db/ft 
0.128 140 0.06 db/ft 0.11 db/ft 
0.375 140 0.03 db/ft 0.10 db/ft 
0.500 140 0.02 db/ft 0.08 db/ft 


The excess loss is attributed mainly to copper and 
radiation losses at surface imperfections, irregularities, 
and bends and supports along the wires. This is par- 
ticularly true with the large-diameter wires as the wave 
is very loosely bound and irregularities along the wire 
can cause large (percentage) increases in the low-at- 
tenuation factors. That is, when the attenuation factor 
is very low, a small increase in the absolute value of the 
loss (a few hundredths of a decibel per foot) appears as 
a large percentage increase. Although the wires were 
cleaned immediately before making the attenuation 
measurements, surface oxidation of the copper also con- 
tributed a loss term which was not considered in the 
calculated values. Nonetheless, the measured attenua- 
tion for the single-wire line in this frequency range is 
much lower than that for conventional dominant-mode 
rectangular waveguide, which has an attenuation 
greater than 1 db/ft at 105 or 140 Ge. 

For the wires possessing lowest losses, the “stability” 
of the wave (i.e., the degree of “tightness of binding” to 
the wire) is poor; hence to obtain the lowest losses the 
wire line must be quite straight and uniform. Because 
the propagating wave is loosely bound to the wire line, 
one must use special techniques to go around bends. The 
wave may be more tightly bound (by the use of a dielec- 
tric coating, for example) or plane reflectors may be used 
(by analogy with optical techniques). Both of these ap- 
proaches have also been used previously with dielectric 
image lines, 
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IV. Quast-OpTICAL COMPONENTS 
A. Fresnel Zone Plates 


Quantitative measurements of phenomena involving 
interference and diffraction are generally much easier to 
perform in the millimeter wavelength region than at op- 
tical frequencies. In fact, some optical devices which 
have remained essentially laboratory curiosities have 
analogs in the millimeter wavelength range which can be 
used as practical system components. One such device 
is the phase-corrected Fresnel zone plate. 

The simplest Fresnel zone plate consists of a set of 
plane concentric annular rings which are alternately 
transparent and opaque. The successive radii of these 
zones are so chosen that the distance from a selected 
point on the central axis increases by one-half wave- 
length in going from the inner to the outer radius of any 
ring. Therefore, if a plane wave is normally incident on 
the zone plate, the portions of the radiation which pass 
through various parts of the transparent zones all reach 
the selected point with phases which differ by less than 
one half-period. (The integral number of whole-period 
phase differences may be neglected for this develop- 
ment.) The superposition of these portions of the 
original plane wave results in an intensity at the se- 
lected axial point which may be much greater than that 
which would result from the unobstructed wave. Thus, 
the zone plate acts like a lens, producing a focusing ac- 
tion on the radiation it transmits. 

The opaque half-period zones may be replaced by 
zones which transmit the radiation but introduce a 180° 
phase shift relative to the portions of the plane wave 
transmitted by the adjacent zones. This may be accom- 
plished in practice by cutting into a dielectric plate 
circular grooves of the correct dimensions. In this way, 
all the half-period zones contribute to increasing the 
intensity at the focus. 

Obviously, it is possible to divide each half-period 
zone into some number of subzones for each of which 
the phase correction is appropriately determined. If the 
process is continued, using a dielectric plate for the 
physical construction, the form of the phase-corrected 
zone plate approaches more and more closely that of a 
Fresnel lens, with its annular rings each having a 
smoothly curved surface. It can be shown that the in- 
tensity at the focus of a quarter-period zone plate is 
only 1 db below the intensity produced by a Fresnel lens 
of the same diameter and focal length. 

For visible light, the limitations of wavelength make 
it difficult to produce half-period zone plates with large 
diameters and short focal lengths; a speed of f/20 is 
about as great as can be secured readily with photo- 
graphic techniques. The fabrication of optical zone 
plates having subzones with controlled phase correc- 
tions requires great skill and effort.!? On the other hand, 


'0 Phase-reversing zone plates were constructed by R. W. Wood. 
See R. W. Wood, “Physical Optics,” The Macmillan Co., New York, 
N. Y., 3rd ed., pp. 38-39; 1934. 
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phase-reversing plates and quarter-period phase-cor- 
rected plates for the millimeter wavelength spectrum 
are readily produced by common machine shop tech- 
niques, and speeds in excess of f/1 are quite easy to 
achieve. 

Pairs of f/1 phase-reversing zone plates were designed 
and constructed for use at 140 Gc and at 210 Gc. The 
plates were machined from polystyrene sheet stock about 
0.5 cm thick and 20 cm in diameter. The focusing action 
of the 140-Gc plates is equivalent to that which would 
be produced by a plano-convex polystyrene lens (hyper- 
boloidal surface) about 4 cm thick. Fig. 4 shows a sec- 
tion view of one of the plates and the equivalent lens. 
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Fig. 4—140-Gc zone plate and equivalent lens. 


The measured performance of the zone plates was 


found to agree very well with the predictions of Kirch- 
hoff’s theory. For example, using a small 15-db gain 
horn as a “point” source of radiation, the measured 
spread (between 3-db points) of the image, perpendic- 
ular to the optical axis, was found to be +0.3 cm. 
According to the diffraction theory, the radius. of 
the Airy disk should be 1.22fX/a=0.26 cm. In this 
formula, f is the focal length (20 cm), X is the wave- 
length of the radiation (0.214 cm), and a is the aperture 
diameter (20 cm). 

The half-power band-pass of the system composed of 
a transmitting horn, transmitting half-period zone plate, 
receiving zone plate, and receiving horn was found to 
be in approximate agreement with the theoretical value 
of 7 per cent of the center frequency. Smaller quarter- 
period plates (see Section IV-C) have a calculated pass 
band of 20 per cent. The behavior of a phase-correcting 
Fresnel zone plate as a function of frequency exhibits 
rather complicated changes over a large frequency in- 
terval. The effective gain, the focal length, the diameter 
(or number of zones), and the depth of the phase-cor- 
recting grooves are all interrelated. Adjustment of these 
parameters permits considerable control over both the 


frequency bandwidth and the number of secondary 


maxima and minima in the gain-vs-frequency character- 
istic. Detailed analysis of this problem is presently 
underway and will be reported in the near future. 


B. Optical Transmission Methods 


The feasibility of using phase-reversing zone plates as 
components for transmission systems has been demon- 
strated at 140 Ge and at 210 Ge. By using plates with 
diameters which are large relative to the wavelength, 
the Fresnel region can be made to extend to rather great 
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distances from the aperture. Within this region, radia- 
tion from the aperture is not attenuated in accordance 
with the inverse square law, but at a much smaller rate." 
The Fresnel diffraction region may be considered as ex- 
tending from near the aperture plane out to about one- 
half of the Rayleigh distance R defined by the equation 
R=a?/X. The Fraunhofer region, in which an inverse 
square law of attenuation is to be expected, “begins” in 
the range of 1 to 2 times R and extends to all greater 
distances. The results of transmission measurements at 
210 Ge are shown in Fig. 5. Within the Fresnel region, 
the relative signal falls off at a rate of about 0.02 db/ft. 
At distances somewhat greater than R, an inverse 
square law approximates the measured curve quite well. 

H-plane patterns were measured at 140 Ge by using 
identical horn and zone plate combinations as trans- 
mitting and receiving antennas. The receiving combina- 
tion was placed at distances of 12 feet, 78 feet and 172 
feet from the transmitter and rotated about a vertical 
axis passing through the center of its zone plate. The 12- 
foot distance corresponds to 0.2R and is well within the 
Fresnel region. The pattern is labeled “Fresnel region” 
in Fig. 6. Measurements at 78 feet (1.3R) and at 172 
feet (2.8K) gave identical results, shown in the figure 
by the curve labeled “far field.” 

Numerous side lobes were found in both the H plane 
and £ plane far-field patterns. For example, in the 
plane a total of about 45 lobes was found; of these, 35 
are within +45° of the forward direction and 10 within 
+20° of the backward direction. All of these were at 
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Fig. 5—Optical beam transmission at 210 Ge. 
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Fig. 6—Main lobe in H-plane pattern of 140-Gc zone plate. 


i i t al., “Microwave Antenna Theory and Design,” 
MILT piv? fo. Ser, McGraw-Hill Book Co., Inc., New York, 
N. Y., p. 349 et seq., vol. 12; 1949. 
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least 30 db below the main lobe. No attempt has been 
made to calculate theoretically this detailed radiation 
pattern. 


C. Michelson Interferometer 


To facilitate the development of quasi-optical com- 
ponents for millimeter waves and to permit the meas- 
urement of various properties of materials at frequencies 
from 100 to 300 Gc, a millimeter-wave Michelson inter- 
ferometer was designed and constructed. (Culshaw has 
described a Michelson interferometer! and a Fabry- 
Perot interferometer for millimeter wavelengths.) The 
most common form of this interferometer employs an 
extended source of (optical) radiation. However, radia- 
tion at millimeter wavelengths is most conveniently 
emitted fram a horn, which behaves essentially like a 
point source. Also, for visible light, the eye serves as an 
image-forming device to view the interference fringes, 
but at millimeter wavelengths the crystal video detector 
which is used acts like a point receiver. It is thus neces- 
sary to use a modification of the Michelson interfer- 
ometer (first introduced by Twyman and Green) which 
uses collimated radiation. Phase-corrected Fresnel zone 
plates were found to be well suited to this application. 

Fig. 7 is a photograph of two 7 cm f/1 zone plates 
constructed for the interferometer. The plate at the left 
in the photograph is phase-reversing, 7.e., it is a half- 
period zone plate. The other is a quarter-period zone 
plate in which successive rings introduce phase changes 
of 7/2, mw, 37/2, and 27(=0) radians. Two quarter- 
period plates are used in the interferometer because of 
their greater collimating efficiency. (Direct measure- 
ment confirms the theoretical signal improvement of 6 
db over the simpler half-period zone plates.) The other 
components of the Michelson interferometer, shown in 
Fig. 8, are exactly like their optical counterparts, with 
the exception of the beam divider. Rather than a semi- 
transparent mirror, the instrument utilizes a dielectric 
sheet (polystyrene) of the proper thickness to yield 
approximately equal net transmission and reflection for 
the wavelength at which the measurements are made. 
The position of the movable mirror can be set repeatedly 
within 0.0004 cm, and the received signal level at the 
interference minima is 30 db below that at the maxima. 

The frequency stability of the klystron tube (Ray- 
theon OK 369, operating at 70 Gc) was investigated by 
using the millimeter-wave Michelson interferometer to 
measure time fluctuations of wavelength. The path 
lengths of two interfering beams (of equal signal 
strength) were made to differ by approximately 60 wave- 
lengths, and the respective signals were adjusted to be 
out of phase (null condition) at the detector. The varia- 


2 W. Culshaw, “The Michelson interferometer at millimetre 
wavelengths,” Proc. Phys. Soc. (London) B, vol. 63, pp. 939-954; 
November, 1950. 

18 W. Culshaw, “The Fabry-Perot interferometer at millimetre 
wavelengths,” Proc. Phys. Soc. (London) B, vol. 66, pp. 597-608; 
July, 1953. 


518 


Fig. 7—Half-period and quarter-period zone plates for 140 Ge. 
(Scale is in inches. ) 


Fig. 8—Millimeter-wave Michelson interferometer. 


tions of the detected signal level, representing changes 
in the amount of cancellation caused by changes in 
frequency, were recorded for an extended period of time, 
and corresponding frequency changes were then com- 
puted from them. The measured random frequency 
fluctuation was found to be less than +10 parts per 
million over periods of a few minutes and about +30 
parts per million over a period of an hour. Frequency 
stability is apparently limited primarily by temperature 
fluctuations of the klystron. 

The dielectric constants of a number of plastics have 
been measured with the interferometer. Actually, the 
product of magnetic permeability and dielectric con- 
stant we was measured, but for these materials it is 
known that w=1. Approximate values for the loss 
tangents of the materials at 140 Gc were determined by 
inserting sheet samples in a properly polarized colli- 
mated beam with the angle of incidence set at the Brew- 
ster angle, ¢=tan-!./e, at which the reflection coffi- 
cient is zero. In practice, this measurement is difficult 
to perform with good precision, and the values of loss 
tangents presented in Table IV are probably reliable 
only within a factor of two. 

Experimental tests have been made on an optical 
technique of frequency filtering at millimeter wave- 
lengths. Suppression of the second harmonic (140 Gc) 
can be accomplished by using the 210-Gc Fresnel zone 
plates instead of the conventional “squeeze-section” 


IRE TRANSACTIONS ON MICROWAVE THEORY AND TECHNIQUES 


November 


TABLE IV 
DIELECTRIC PROPERTIES OF SEVERAL MATERIALS 


; : Dielectric Constant Loss Tangent 

MENG 140 Ge 210 Ge 140 Ge 
Polystyrene De pa DeOhi BP Soa) Oil 0.002 
Rexolite 2.47+0.01 2.50+0.06 0.002 
Teflon 2.05+0.01 2.08 +0.03 0.003 
Lucite 2.56+0.10 De Brs} ae, I) — 
Mylar Sob) — 0.01 
Ethylcellulose 35 (fil = 0.1 


waveguide filter. If a waveguide filter is not inserted 
between the crystal multiplier and the transmitting 
horn, both the second and third harmonics are present 
in the radiation from the horn, the lower frequency hav- 
ing a greater intensity. However, if the Fresnel zone 
plates designed for the higher frequency are inserted 
at the proper distances from the transmitting and re- 
ceiving horns, the amount of 140-Ge radiation reaching 
the receiver is greatly reduced by what may be regarded 
as a defocusing action. Measurements with the Michel- 
son interferometer show that the distance between the 
regularly spaced interference minima corresponds to 
half the wavelength of the 210-Gce radiation (A=0.141 
cm). The presence of a small amount of the lower fre- 
quency results in a standing wave pattern having three 
different null depths which recur repetitively over a 
distance containing three of the shorter half-wave- 
lengths and two of the longer half-wavelengths. Quarter- 
period zone plates designed for 280 Gc were used in the 
interferometer and the presence of this signal frequency 
was detected. A waveguide squeeze section removed the 
140-Gc harmonic and the zone plates themselves de- 
focused the 210-Gce radiation. 

The Fresnel zone plates, whose action is wavelength- 
dependent, thus constitute a frequency filter and pro- 
duce results quite analogous to those obtained by the 
method of focal isolation which was devised by Ruebens 
and Wood" for work in the far infrared spectrum. The 
filtering action of the quartz lenses used by Ruebens 
and Wood arose from the dispersion of the quartz. In 
the case of the zone plates described here, the action is 
similar to that of a focusing diffraction grating. This 
method of frequency filtering by optical techniques 
should prove to be of considerable utility in the milli- 
meter and submillimeter wavelength regions where 
construction of waveguide filters is very difficult or im- 
practicable. 
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Broad-Band Isolators and Variable Attenuators 
for Millimeter Wavelengths* 


C. E. BARNES} 


Summary—A longitudinally magnetized rod of ferrite has been 
used as a dielectric waveguide which provides Faraday rotation 
independent of frequency in the band from 50 to 60 kMc. This ro- 
tator has been incorporated into broad-band isolators with forward 
losses of 1 db and reverse losses greater than 30 db with return 
losses of approximately 20 db over this band. It has also been used 
in a variable attenuator with a minimum loss of 1 db anda maximum 
loss greater than 30 db which is essentially constant over the band. 

Advantages of this type of rotator at millimeter wavelengths 
include bandwidths in excess of 20 per cent, low field requirements 
(25-50 ce), relatively large dimensions, the use of common ferrites, and 
the absence of conducting waveguide walls which permits rapid 
switching of the control field. 

The last feature has been utilized in an automatic power leveling 
system capable of removing variations of several kc frequency con- 
tent from the swept output of a millimeter wave BWO. 


BROAD-BAND Faraday rotation isolator and 
A variable attenuator have been developed to op- 
— erate in the millimeter wave region of 50 to 60 
kMc. These devices utilize the rather old but unex- 
ploited concept of a dielectric rod waveguide composed 
entirely of ferrite to give the following typical device 
characteristics: 


Isolator 
Forward loss << ilalls. 
Reverse loss >30 db 
Return loss ~20 db 
Field required ~30 oe. 
Variable Attenuator 
Minimum loss ~ idb 
Maximum loss >30 db 
Return loss ~20 db 
Field required 
for maximum loss ~30 oe. 


The bandwidth of these devices exceeds that of any 
other isolator or attenuator known to the author to op- 
erate at these frequencies, while the high, low and re- 
turn loss values are comparable with other such devices. 
Notable features of these devices include the use of a 
common ferrite, a low (25-50 oe) longitudinal field, and 
the absence of conducting waveguide walls, which makes 


the field readily switchable. 
DEVICE DESCRIPTION 
The isolator, which is very similar to the attenuator 


in appearance, is pictured in Fig. 1. Input and output 


* Received by the PGMTT, May 31, 1961; revised manuscript 


ived, September 7, 1961. 
So hel Teleobone Laboratories, Inc., Murray Hill, N. J. 


Fig. 1—A broad-band 50 to 60 kMc isolator utilizing 
a dielectric waveguide rotator. 


ports for the devices are rectangular waveguides with 
the planes of polarization for the dominant modes in the 
two guides oriented at 0° to one another for the variable 
attenuator and at 45° to one another for the isolator. 
The rotator section between the input and output is a 
dielectric waveguide suspended in a nonconducting 
cylinder by means of plastic supports and coupled to the 
rectangular waveguides by simple tapers in the dielec- 
tric guide which protrude into the rectangular guides. 
The attenuator films which provide the reverse loss in 
the isolator and the variable loss in the attenuator are 
deposited metal films sandwiched into each end of the 
dielectric waveguide. Shielding from ambient fields is 
provided by u-metal cylinders which encircle the de- 
vices over their entire length. The magnetic field is 
applied by means of an adjustable permanent magnet 
or a low-inductance solenoid coil as the application de- 
mands. 

Figs. 2 and 3 show the performance of typical at- 
tenuators and isolators of this type. The dashed curves 
superimposed on the curves of Fig. 3 indicate, for com- 
parison, the performance of a “conventional” Faraday 
rotation isolator (built at Bell Telephone Laboratories) 
utilizing a 0.030-in rod of ferrite in a 0.200-in diameter 
metallic waveguide. In each case the magnetizing field 
has been held constant and the losses plotted as func- 
tions of frequency. The reverse loss cf Faraday rotation 
isolators is greatly dependent upon the angle of rotation. 
Thus, the frequency dependence of the angle of rotation 
for the “conventional” rotator is indicated by the sharp 
peaking of the reverse loss (dashed curves of Fig. 3). 
Similar peaking would occur in the maximum loss for a 
“conventional” Faraday rotation attenuator. Contrast 
this peaking with the nearly constant, high maximum 
loss of the dielectric waveguide attenuator (Fig. 2) and 
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reverse loss of the dielectric waveguide isolator (solid 
curves of Fig. 3). Comparing bandwidths on the basis of 
reverse loss, we see that the “conventional” rotator has 
a 30 db bandwidth of only 1 kMc while the 30 db band- 
width of the dielectric guide isolator exceeds 10 kMc. 
Note that the forward losses are comparable for the two 
isolators so that the reverse loss comparison is truly 
indicative of their relative bandwidths. 

Return loss data was not available for the “conven- 
tional” Faraday rotation isolator. The return losses for 
the dielectric guide devices as indicated in Figs. 2 and 3 
fluctuate some, but stay greater than 20 db over much of 
the band. A discussion of some of the sources and rem- 
edies for the remaining mismatch is included in the text. 
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Fig. 2—Typical loss characteristics of a broad-band 50-60 kMc 
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DESIGN CONSIDERATIONS 
Broadbanding 


Southworth! published the set of curves shown in 
Figs. 4 and 5 which indicate the relative phase velocity 
v/v) and the ratio of the energies w;/wo inside and out- 
side of dielectric rods excited in the hybrid HE mode, 
which is the mode utilized in these devices. The curves 
are plotted as functions of the diameter 2a/X» for rods of 
dielectric constant 10 and 2.5. The curves for €=10 are 
of special interest, because this is approximately the 
dielectric constant of a number of ferrites. Note that for 
e=10 in the region 0.15 <2a/y) <0.4, the phase velocity 
rapidly changes from that for free space to near that for 
an infinite dielectric medium. Note also that in this same 
transition area the percentage of the total energy within 
the rod goes from near 0 per cent at 2a/Ao =0.15 to 95 
per cent at 2a/N) =0.4. Hence, for 2a/Xo > 0.4, the dielec- 
tric rod has very nearly the characteristics of the infinite 
medium. It has been shown? that Faraday rotation in an 
infinite ferrite medium is independent of frequency sub- 
ject to the restriction that the magnetizing field is much 
less than that required for gyromagnetic resonance 
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Fig. 4—The relative phase velocity, V/Vo, for the HE mode 
in dielectric rod waveguides (from Southworth!). 
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Fig. 5—The ratio of internal to external power, W/W, for the HE, 
mode in dielectric rod waveguides (from Southworth!), 
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(H<«H)). The rotation per unit length is given by 


0/1 = InMyv/e/c, 
where 


6/1=rotation per unit length 
M=ferrite magnetization 
Y =gyromagnetic ratio 
c=velocity of light. 


One should also expect rotation to be essentially in- 
dependent of frequency, subject to the above restriction, 
for a longitudinally magnetized ferrite dielectric wave- 
guide of diameter 2a/A)>0.4. (This assumes e=10. A 
higher value for e would reduce the diameter required.) 
In the transition region, the Faraday rotation in a solid 
rod of ferrite is very frequency dependent, increasing 
rapidly with increasing frequency. It is interesting to 
note in passing that there is a similar transition region 
for ferrite rods in metallic guide. When a ferrite rod 
diameter is selected which is large enough to provide a 
good response to the applied field and small enough to 
avoid the onset of multimoding, it falls into this transi- 
tion region. This accounts for the frequency dependence 
of the “conventional” Faraday rotator. 

The broad-band rotators described here were de- 
signed to be sufficiently large in diameter to provide fre- 
quency independent rotation and to be readily machined 
by standard means, without making the diameter so 
large as to cause unnecessary losses or to be incompat- 
ible with the connecting waveguide. The ferrite diameter 
used was 0.070 in, which gives 2a/\o=0.3 at 50 kMc. 
This reduction in diameter from 2a/A)=0.4 to 2a/NXo 
=0(0.3 was permissible because the dielectric constant of 
the ferrite used was somewhat greater than 10. 


Matching 


Elsasser* pointed out that the HE, mode is readily 
excited by inserting the end of a dielectric rod into a 
rectangular waveguide. Indeed, a simple flat or conical 
taper of the dielectric rod provides a very reasonable 
broad-band match as indicated in Figs. 2 and 3. 

In these devices the tapered dielectric-waveguide 
transitions serve both as housings for the loss films and 
as matching sections between the metallic and dielectric 
waveguides. Faraday rotation in the region of the loss 
tilms would degrade the characteristics of the devices; 
therefore, this part of the dielectric guide must be made 
of a magnetically inert material. The dielectric constant 
of this material should, insofar as possible, equal the di- 
electric constant of the ferrite in order to minimize the 
mismatch at the ferrite-dielectric interface. A high den- 
sity alumina was selected because it is a ceramic with 
many of the mechanical properties of ferrite, has a rela- 
tively low loss tangent of ~0.0001, and has a dielectric 
constant of ~9 which approaches that of the ferrite. 


3W. M. Elsasser, “Attenuation in a dielectric circular rod,” 
J. Appl. Phys., vol. 20, pp. 1193-1196; December, 1949. 
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Indications are that the discrepancy between the dielec- 
tric constants of the ferrite, 10-15, and the dielectric 
constant of the alumina, 9, is the major contributor to 
the remaining mismatch of present devices. To achieve 
better matches in the absence of a more suitable dielec- 
tric material for the tapered transitions, it will probably 
be necessary to adjust the relative diameters of the 
ferrite and dielectric parts to compensate for the differ- 
ence in dielectric constants or to step the diameter of one 
or the other so as to form a step transformer. Ideally the 
external match should be obtained without resorting to 
internal mismatches (e.g., step transformers), not only 
because of bandwidth considerations but also because 
of the effect of internal mismatches on insertion loss 
which will be discussed in the next section. 


Losses 


The minimum insertion loss for these devices is de-« 
termined by the dielectric losses of the ferrite, wall losses 
in the connecting metallic guide, losses due to reflection 
including radiation caused by internal mismatches, and, 
in the isolator, the departure from the 45° operating 
rotation. An attempt was made to minimize the dielec- 
tric losses by selecting materials with low loss tangents 
and by keeping the length of the dielectric guide as short 
as possible. The magnetic losses are probably not very 
serious since both the saturation magnetization of the 
ferrite (5000 gauss) and the operating fields are far be- 
low the field required for gyromagnetic resonance 
(~18,000 oe). Experimentally, dielectric guides of solid 
ferrite exhibit only slightly greater loss than similar 
guides made of low loss nonmagnetic alumina. 

The wall loss quoted by manufacturers for coin silver 
waveguide of ID 0.074X0.148 in is about 0.04 db per 
inch in the 50 to 60 kMc band and each device includes 
2 or 3 inches of this guide plus two flanges. The metallic 
guide and flanges on the device actually contribute 
about 0.20 db to the minimum loss. 

When considering losses due to mismatches one must 
not only take into account the energy reflected from the 
device, but must also consider radiation from the dielec- 
tric waveguide caused by mismatches within the dielec- 
tric guide. When solid rods of ferrite or alumina are 
placed in these devices in place of the composite ferrite 
and alumina structures the insertion losses are invari- 
ably several tenths of a db less than for a composite 
device of equivalent length. The improvement in the 
external match can account for no more than a few 
hundreths of a db. The remainder of the improvement is 
attributed to the reduction in radiation due to the 
elimination of the ferrite-dielectric interfaces which are 
felt to be the major sources of internal mismatch. 

Finally the departure from the desired angle of rota- 
tion must be considered as a source of forward loss in the 
isolator. This loss is given in db by 


Le = — 10 logiy cos? (45° — 4), 
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where 6 is the angle of rotation. It can be seen that Le 
is quite insensitive to small departures from 6 =45°, and 
the rotation in these devices is so nearly independent of 
frequency that this source of loss can be neglected if the 
magnetic field is adjusted to give a 45° rotation at aly, 
frequency in the band. 

The principal source of the reverse loss in the isolator 
and the variable loss in the attenuator is absorption in 
the loss films in the dielectric taper sections. While the 
resistivity of the film is not critical, experience has 
shown 100 ohms per square to be a satisfactory value for 
use in devices at all microwave frequencies. A metallized 
mica film was chosen because it was available in very 
thin (0.001 in thick) sheets and was readily cut to the 
dimensions needed. It would be preferable to deposit 
the film directly upon the dielectric material of the 
tapers and eliminate the mica, but this has not yet been 
done. Assuming efficient loss films, these losses are 
limited by the departure of the angle of rotation from 
the optimum angle, the degree to which linear polariza- 
tion can be maintained, and in the isolator, the mis- 
match at the interface between the ferrite and alumina. 
The dependence of the maximum loss of the variable 
attenuator and the reverse loss of the isolator on the 
angle of rotation can be written as 


Le = 10 logio csc? Ad, 


where A@ is the departure from the optimum angle (45° 
for the isolator and 90° for the variable attenuator). 
Isolators with greater than 35 db minimum reverse loss 
have been built. From the above equation it can be seen 
that this requires that the rotation be within +0.5° of 
45°. Since the interface mismatch and departure from 
linear polarization both tend to reduce the reverse loss, 
the rotation must actually be constant to somewhat less 
than +0.5°. This high reverse loss also requires that the 
linear polarization be kept to a rather high degree. 

The dependence of the reverse loss in the isolator 
upon the interface mismatch comes about in the follow- 
ing way. A reverse wave enters the isolator and under- 
goes a 45° rotation in travelling to the far end interface 
where it is partially transmitted-and partially reflected. 
The transmitted wave is absorbed in the far end loss 
film while the reflected wave undergoes an additional 
45° rotation in travelling back toward the near end inter- 
face where it is partially transmitted and partially re- 
flected. Once again the transmitted wave is absorbed, 
and the reflected wave is rotated an additional 45° in 
travelling back toward the far end. On this pass the re- 
flected wave arrives at the far end polarized perpendic- 
ular to the loss film, and the portion transmitted be- 
yond the interface is coupled out into the metallic 
waveguide. Neglecting the ferrite losses and reflection 
and radiation losses this transmitted wave is attenuated 
by just twice the return loss of the ferrite dielectric 
interface. Thus if the return loss of the interface were 
15 db, the maximum reverse loss in the isolator would 
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be only slightly greater than 30 db. Thus it is important 
to match the interface as well as possible in order to 
optimize both the forward and the reverse losses of the 


isolator. 


The Dielectric Waveguide Housing 


The dielectric guide was housed in a nonconducting 
housing for two reasons. First, if a conducting cylinder 
were placed about the dielectric guide, the resulting 
waveguide would support several modes which would 
degrade the device characteristics. Second, a conducting 
cylinder would support eddy currents which slow the 


response of the device to a changing control field, and a 


fast response is essential to many variable-attenuator 
applications. In order to prevent communication be- 
tween waves internal and external to the dielectric wave- 
guide, a semiconducting carbon loaded phenol fibre was 
used for the housing. This material is lossy to the micro- 
waves and presents a high resistance to the low fre- 
quency eddy currents. The contribution of this RF lossy 
housing to the minimum insertion loss of the devices is 
negligible providing its inner diameter is greater than 
twice the dielectric guide diameter, because over 95 per 
cent of the microwave energy is confined to the dielec- 
tric guide, and the RF fields outside the dielectric guide 
decay essentially exponentially. An equally satisfac- 
tory housing for devices which do not have to be 
“switched” is a metal cylinder lined with a 0.100 in 
thick RF lossy cylinder with the above restriction on 
the internal diameter. The lossy liner alters the bound- 
ary conditions at the conducting cylinder wall so as to 
prevent the propagation of higher modes. 


Supporting the Dielectric Guide 


The dielectric waveguide must be suspended upon the 
axis of its housing with its tapers protruding into the 
rectangular input and output guides. The support 
should have a dielectric constant much less than that of 
the dielectric guide so as to minimize its effect on the 
distribution of energy in the dielectric waveguide, and it 
should have low losses at millimeter wavelengths. Plastic 
foams are often employed in devices built to operate at 
lower frequencies, but they become difficult to work with 
in the millimeter wave range because of the small dimen- 
sions. In these devices, two 0.015 in thick wafers of a 
low loss plastic of dielectric constant ~2.5 which goes 
under the trade names of Stycast 0005 and Rexolite 
were used. These wafers are made in the form of circular 
washers and are placed in metal cups which are attached 
to each end of the dielectric waveguide housing, and the 
dielectric waveguide is suspended between them. The 
supporting wafers are recessed into depressions in the 
cups which are concentric with the housing and also 
concentric with machined receptacles for the flanges of 
the rectangular waveguides. Axial motion of the dielec- 
tric waveguide in its supports is prevented by the ap- 
plication of a spot of adhesive at each support. 
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Magnetic Field Requirements 


Unlike gyromagnetic resonance which requires fields 
of 18 to 20 thousand oersteds at these frequencies, Fara- 
day Rotation occurs for fields between 0 and those re- 


quired for saturation of the ferrite. The field requirement 


is minimized by selecting a high saturation ferrite. In 
this case one need not worry about the saturation being 
so high as to cause low field losses, because the field re 
quired for resonance is three or four times as great as the 
saturation magnetization of the highest saturation 
ferrite. A nickel-zinc ferrite of 5000 gauss saturation 
was chosen and the length of the ferrite was adjusted so 
that the devices operated with ~30 oe applied field. 
The resulting ferrite lengths were 0.300 in for the isola- 
tor (45° rotation) and 0.500 in for the variable attenua- 
tor (0° to 90° rotation). The 30 oe field can be obtained 
with ~0.25 amps in a solenoid coil of 120 turns over a 
length of 0.50 in for the attenuator. For the isolator the 
held required can be obtained with a magnetized rod of 
Indiana Steel’s Alnico V 0.300 long by 0.125 in in 
diameter brought to within ~0.200 in of the ferrite. In 
practice both the distance from the ferrite and the 
angular orientation of the magnet with respect to the 
axis of the ferrite are made adjustable to provide for a 
fine adjustment of the field so that the isolator’s reverse 
loss can be optimized. 


Magnetic Shielding 


Since these devices operate at low fields (30 oe) and 
are critically dependent upon the operating field, they 
have been encased in 1/32 in thick u-metal cylinders 
which extend over the entire length of the dielectric 
guides including the tapers and which shield the ferrite 
from external magnetic fields. 


THE VARIABLE ATTENUATOR AS A POWER LEVELER 


No attempt will be made to itemize the various appli- 
cations for these two devices, but there is one application 
of the variable attenuator which should be of consider- 
able interest to anyone engaged in millimeter wave 
work. The variable attenuator is especially suited for 
use in an automatic power level control circuit for 
leveling the output of a backward wave oscillator, for 
example. In this application the variable attenuator is 
placed in tandem with the microwave generator. The 
power out of the attenuator is sampled by means of a 
directional coupler and a detector, and this level is com- 
pared with a reference level. The error between the 
power level and the reference level is translated into a 


correction current which is applied to the windings of 


the variable attenuator. This automatically adjusts the 
output power level toward the reference level. Several 
such leveler circuits have been put into operation by 
this author, A. W. Anderson, and R. V. Goordman, who 
designed the necessary reference circuits and differential 
current amplifiers. These circuits have been capable of 
removing variations of several kc frequency content 
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from the output of BWO’s swept over the 50 to 60 
kMc band. Fig. 6 shows the effect of leveling on the out- 
put of a BWO swept between 50 and 60 kMc. 


UNLEVELED 


6.8db 


LEVELED 


BWO OUTPUT POWER 


50 52 54 56 58 60 
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Fig. 6—Miitiimeter wave power leveling. A comparison of the leveled 
and unleveled output of a BWO swept from 50 to 60 kMc. 


EXTENSION OF THE DESIGN 


There is no apparent reason why the dielectric wave- 
guide rotator should not be readily incorporated into 
any of the well-known Faraday rotation devices. This 
type of variable attenuator with similar characteristics 
has been built at 5.5 kMc and at X band which points 
up the fact that this design is applicable at any fre- 
quency subject to limitations on materials and dimen- 
sions. At the lower frequencies one may choose from 
other excellent broadband rotators such as the dielec- 
trically compensated rotator described by Ohm‘ and the 
ridged waveguide rotator described by Chait and 
Sakiotis. However, the simplicity of the dielectric wave- 
guide rotator and the relatively large dimensions of its 
components tend to make it the most practical for milli- 
meter wave applications. 


ACKNOWLEDGMENT 


A special commendation goes to A. W. Anderson who 
carried out the assembly and testing of these devices 
and their predecessors. His skill and imagination in solv- 
ing the many mechanical and electrical problems which 
arose in connection with this effort have been of great 
value. J. A. Weiss contributed greatly to the develop- 
ment through numerous discussions and suggestions. 

Thanks also go to the men in our model shop under 
A. W. Koenig who prepared the sometimes complicated 
and always small ferrite and alumina parts. 

The author is also indebted to R. V. Goordman for his 
design of the leveler amplifier which has not only in- 
creased the utility of the devices but has increased the 
facility with which future development work can be 
carried out. 


4E. A. Ohm, “A broad-band microwave circulator,” IRE TRans. 
on MicrowAvE THEORY AND TECHNIQUES, vol. MTT-4, pp. 210- 
217; October, 1956. 

5 H. N. Chait and N. G. Sakiotis, “Broad-band ferrite rotators 
using quadruply-ridged circular waveguide,” IRE Trans. on MrI- 
CROWAVE THEORY AND TECHNIQUES, vol. MTT-7, pp. 38-51; January, 
1959. 


524 


IRE TRANSACTIONS ON MICROWAVE THEORY AND TECHNIQUES 


November 


A New High-Prectsion Method for the Measurement 
of the VSWR of Coaxial Connectors* 


A. E. SANDERSON], MEMBER, IRE 


Summary—A substitution method of measuring the very small 
reflections due to a pair of precision coaxial connectors has been 
developed. The connectors under test are mounted on a section of 
precision air line which serves as the impedance reference standard. 


The electrical length of this line, including connectors, is a multiple | 


of one-half wavelength at the frequency of measurement. 

A slotted line and a termination, both having the same type 
connectors as those under test, are required. With the aid of an 
auxiliary slide-screw tuner, the slotted line and the termination 
are matched to each other. The output of the slotted line is then 
plotted by a graphic level recorder having an expanded-scale presen- 
tation and a mechanical linkage between the chart drive and the 
probe on the slotted line. 

The section of air line fitted with the connectors under test is 
then placed between the slotted line and the termination, and a 
second curve is recorded. The slotted line and termination errors still 
cancel each other, and any errors due to variations in probe coupling 
along the line also cancel out. The difference between the initial 
curve and the second curve represents the mismatch of the con- 
nectors under test with respect to the precision air line. With a 
recorder having a scale expansion of 2 per cent full scale, VSWR’s 
as low as 1.001 are easily discernible. 


INTRODUCTION 
[VI eaten of the VSWR or reflection co- 
A 


efficient of a pair of coaxial connectors has al- 

ways been difficult because it is hard to separate 
the reflections due to the connectors from those due to 
the termination and from errors in the slotted line. In 
the following substitution method, the difference be- 
tween the two successive measurements represents very 
closely the VSWR of a pair of connectors with respect 
to a section of precision air line that serves as the im- 
pedance reference standard. The most troublesome 
sources of error in the usual direct method, such as 
termination VSWR, residual VSWR in the slotted line, 
probe reflections, and variation in probe coupling are 
present in both substitution measurements to the same 
degree, and therefore cancel out in the final results to a 
first approximation. This technique has proved most 
useful in the development of new connectors. Its use has 
made possible the development of a new, high-precision 
connector for use from de to 9 Ge with reflections an 
order of magnitude lower than those of any previous 
connector. Partly because of the lack of suitable meas- 
urement techniques, the nominal design of most widely- 
used coaxial connectors is far from optimum. Many 
commercially available connectors could be improved 
substantially without tighter tolerances, simply by 
changes in the nominal dimensions. 


* Received by the PGMTT, June 26, 1961; revised manuscript 
received, July 20, 1961. 
t General Radio Company, West Concord, Mass. 


The basic tools of this method are a slotted line anda 
graphic level recorder. These have been combined into 
one instrument, which presents a strip-chart recording 
of the standing-wave pattern on the slotted line. The 
chart drive is synchronized with the probe-carriage drive 
so that several different standing-wave patterns on the 
slotted line may be recorded on the same section of 
chart. The section of chart can then be removed and 
analyzed graphically to determine the magnitude and 
phase of the standing-wave patterns. 

Such a “slotted-line-with-a-memory” is capable of 
much greater accuracy than the slotted line alone when 
used in the substitution method. Without the memory 
feature, the lack of flatness in the slotted line interferes 
with accurate determination of the position of the 
minimum and amplitude of the standing-wave pattern. 
At very low VSWR’s, lack of flatness can prevent any 
measurement from being made because the sine wave 
variations that represent the desired signal are obscured 
by the variations in output owing to variations in probe 
coupling. However, these variations in coupling do re- 
peat on successive passes of the probe carriage along the 
slotted line, and if the two curves of the substitution 
method are recorded, it is possible to subtract the curves 
graphically and obtain a good-looking sine wave when 
neither of the original curves resembles a sine wave at 
all. Therefore, the amplitude and phase of the difference 
curve, which are the quantities of interest in the sub- 
stitution method, can be determined accurately by this 
method under circumstances that ordinarily would make 
a measurement impossible. 


DESCRIPTION OF METHOD 


The measuring apparatus is illustrated in Fig. 1. The | 


electrical length of the test section (reference air line 
plus unknown connectors) is a multiple of a half wave- 
length. This condition is obtained by adjusting the fre- 
quency until the positions of minima for a short-circuit 
termination are the same with and without the test sec- 


tion in place. For the initial adjustment, the termination | 


is connected directly to the slotted line. The auxiliary 
slide-screw tuner, which in practice may be part of either 


the slotted line or the termination, is used to match one | 


to the other, 7.e., to eliminate sinusoidal variations in 
the output of the slotted line. The probe is driven along 
the slotted line, and an initial curve (curve 1 of Fig. 2) 
is recorded on the strip chart. This curve would be a 
straight line but for variations in probe coupling. 
Next, a short circuit is placed at the reference plane 
and the probe is driven along the line again, producing a 


ay * 
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CARRIAGE WITH 
PROBE AND 
TUNING STUB 


CONNECTORS UNDER 
TEST 
AUXILIARY 


SOURCE SLIDE-SCREW 


TERMINATION 


ee 


ELecTaicaL \_ 
LENGTH iMPEDANCE 


REFERENCE STANDARD 
AIR-LINE 


GRAPHIC LEVEL RECORDER, 
WITH SUPPRESSED ZERO SCALE 


PLOT OF STANDING WAVE PATTERN 
ON SLOTTED LINE. STRIP CHART 
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Fig. 1—Block diagram of measuring apparatus. 
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Fig. 2—Typical chart record taken at 8 Ge. Horizontal scale is 1 cm 
per division, vertical scale is 2 per cent full scale. Curve 1 is the 
initial condition; the difference between curves 1 and 3 is the 
VSWR of the connectors. Curves 2 and 4 are taken with a short 
circuit at the reference plane. 


record of wavelength and position of minima on the 
slotted line. Connectors whose inner and outer conduc- 
tors do not lie in one plane pose no special problem. The 
short circuit may be physically located at a distance 
from the junction of the two connectors. Then the posi- 
tions of minima on the chart record are corrected by the 
distance between the physical short-circuit and the de- 
sired reference plane. 

The test section is placed next between the slotted 
line and the termination, and a third curve is recorded. 
As a check on the fact that the electrical length of the 
test section is one-half wavelength, a fourth curve should 
be taken with the short circuit placed at the output end 
of the test section. The position of minima should be the 
same as before. The strip-chart record is now complete 
and may be removed for graphical analysis. 

With a square-law detector and a linear recorder, the 
difference between curves 1 and 3 in Fig. 2 is sinusoidal, 
and the corresponding reflection coefficient may be 
plotted as a point on the Smith chart. As is shown in 
the Appendix, this point represents the reflection co- 
efficient of the pair of connectors under test with re- 
spect to the characteristic impedance of the reference 
air line, and referred to the plane of the short circuit. 
This may be justified intuitively if one considers that 
the insertion of a reflectionless one-half wavelength sec- 
tion of transmission line of any constant characteristic 
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impedance would, theoretically, cause no change in the 
standing-wave pattern. Therefore, any difference be- 
tween the two curves can arise only if the connectors do 
not match the air line and thus cause internal reflections 
within the test section. 


DISCUSSION OF ERRORS 


The result of this measurement is an approximation, 
of course, but the degree of approximation is quite good. 
If the slide-screw tuner is associated with the slotted 
line, the error in the measured value of the reflection co- 
efficient of the connectors due to these approximations 
depends on the reflection coefficient of the termination. 
If the tuner is part of the termination, the error depends 
on the reflection coefficient of the slotted line. 

With the tuner part of the slotted line 


o<|ar| <4|rf(jr.| + |r 


), 


where 


T,,[, =reflection coefficients of unknown connectors 
AN =error 
T,=TL of termination. 


With the tuner part of the termination 
OE ATA Tar fee sea pe 


I, = I of measuring instrument. 


The maximum error is a constant percentage of |T,| 
aa | T,|, and with reasonably low-reflection components, 
is negligible. For example, a slotted line with I, =0.01 
(residual VSWR ~1.02) and connectors having T,=T, 
=0.01, could cause the measured reflection coefficient 
to be in error by a maximum of 0.0008. 

Attenuation in the test section may cause some error 
in the measurement. if the termination has a finite reflec- 
tion coefficient. Between the first and the second meas- 
urements, the apparent reflection coefficient of the 
termination as seen by the slotted line is reduced by 
twice the amount of the attenuation in the test section. 
Thus, even if the connectors were perfect, there would 
be a reflection-coefficient reading with the test section 
in place. If the attenuation of the test section is A db, 
then the error in the measurement is given by 


AL 223A: 


Since the test section can be quite short, on the order of 
a few half-wavelengths at the test frequency, the at- 
tenuation of the test section can easily be kept below 
0.1 db, corresponding to an error less than 2.3 per cent 
of ee 

The reflections within the test section can cause an 
error in setting the frequency to obtain an even multiple 
of one-half wavelength in the test section. The maximum 
angular error in radians in setting the electrical length, 
assuming the worst phase relationship between IT, and 
Ts 


AG = 20) Tol ey Ty). 
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This angular error causes the phase of I’; to be rotated 
from the phase at which it cancelled the slotted-line 
error. It can be shown that the maximum resulting 
error is 


0< (Arh 4 rel eas 


The same sort of error arises if the test section is not 
set exactly to m\/2 for any other reason. In order to 
estimate the accuracy with which this setting must be 
made, the following formula is given: 


Ax 
AT = 2A6T; = iletie Hip 


where Ax is the deviation in the length from nA/2. Note 
that this is an absolute error, and not a percentage error, 
so the setting is most critical when measuring low-reflec- 
tion connectors, with a termination having a significant 
ere 

In general it is better practice to make the tuner a 
part of the termination rather than of the slotted line, 
since the slotted-line residual reflection is usually 
smaller than the termination reflection. The initial tun- 
ing adjustment then ensures that the termination is as 
good as the slotted line, and minimizes the possible 
errors due to all of the above-mentioned causes. 

The lowest VSWR that can be measured depends on 
the detector noise level. The noise level can be mini- 
mized by use of a good mixer crystal and a low-noise 
amplifier with high selectivity. With these precautions, 
the noise can be brought down to a level corresponding 
to a VSWR. of 1.0001 to. 1.0003, so, that a VSWR. of 
1.001 is well above the noise level. 


RESULTS 


The above method can be used to measure both co- 
axial and waveguide connectors. The following results 
were measured on a newly-developed coaxial connector 
having a Teflon bead support. The diameter of the 
outer conductor is 0.5625 inch, imposing an upper-fre- 
quency limit of about 9.3 Gc. Using a 15-cm test section, 
the connectors can be measured every 1 Gc up to 9 Ge. 
Fig. 2 is a typical chart record taken at 8 Gc. The re- 
sults for a frequency run on a single pair of connectors 
over the range of 1 to 9 Ge are shown in Fig. 3. They 
are plotted both as points on an expanded Smith Chart 
and as a VSWR-vs-frequency run. 

From the Smith Chart plot it is possible to determine 
that the behavior of this pair of connectors is correct 
theoretically. In this particular case, both connectors 
of the mated pair were identical, and the reference plane 
was chosen to be the centerline of a mated pair. Under 
these conditions the discontinuities are disposed sym- 
metrically about the reference plane, and all the meas- 
ured points should lie along the imaginary axis of the 
Smith Chart. From the distribution of points on the 
Smith Chart, it is possible to calculate what is wrong 
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Fig. 3—Test data taken on a pair of precision coaxial connectors. 
(a) Smith Chart plot of data. (b) Same data plotted as VSWR 
vs frequency. 


with a pair of connectors. In this particular case, the 
characteristic impedance of the connectors was too high 


by 0.1 per cent over an electrical length of 3.2 cm. This | 


could have been corrected by an increase of 0.0002 inch 
in the diameter of the inner conductor over the cor- 
responding physical length. Note that the phase infor- 
mation of the Smith Chart plot is essential to deriving 
this important design information. VSWR information 
alone is quite useless in trying to converge on a op- 
timum design in the face of several independent vari- 
ables such as are present in a coaxial connector with a 
bead support. 

A noteworthy advantage of this technique is that a 
single slotted line and a single termination can be used 
over the entire frequency range of the connectors. At 
each frequency the auxiliary tuner must be set to match 
the slotted line to the termination, but, owing to the 
orthogonality of the two adjustments of the slide-screw 
tuner, this is accomplished easily and quickly. 


CONCLUSIONS 


The method presented here permits the measurement 
of the magnitude and phase of the reflection coefficient 
of coaxial connectors with or without bead supports. 
The magnitude of the reflection coefficient can be meas- 
ured with a resolution of 0.0005 and an accuracy on the 
order of a few per cent. This compares favorably with 
the accuracy and resolution of a previous method! 
which is limited to the measurement of waveguide and 
coaxial connectors that do not have bead supports. 
However, the method described here is limited to the 


_|R.W. Beatty, “Measurements of reflections and losses of wave- 
guide joints and connectors using microwave reflectometer tech- 
niques,” IRE TRANS. ON INSTRUMENTATION, vol. I-9, pp. 219-226; 
September, 1960, 
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measurement of reflection coefficient, and is not adapt- 
able to the measurement of connector losses. A practical 
advantage of this method is that a given test setup can 
be used to make measurements from a few hundred 


' megacycles to the cutoff frequency of the slotted line. 


This method has been applied to the design of a preci- 
sion coaxial connector, and it has been found that con- 
nectors and bead supports can be designed and con- 
structed with VSWR’s smaller than 1.002 over the en- 
tire frequency range of the connector, 2.e., dc to just 
below the cutoff frequency. In the future it may be 
possible to do better, because no theoretical limitation 
has been reached, but only the practical limitations of 
holding mechanical tolerances and obtaining adequately 
smooth surface finishes. 


APPENDIX 
ANALYSIS OF MEASUREMENT TECHNIQUE 


The measurement technique can be analyzed through 
the use of signal flow graphs as described by Hunton.2 
The analysis assumes that the connectors and the refer- 
ence air line are lossless, and that the reflection co- 
efficients of all components are less than 0.1. These con- 
ditions are met easily in any practical system. 

The equivalent circuit for the complete system is 
shown in Fig. 4, and the corresponding signal-flow 
graph is shown in Fig. 5. (Although the method de- 
scribed here uses a slotted line, the signal-flow graph 
analysis applies equally well to other measuring instru- 
ments.) Shurmer® has shown that “the properties of a 
lossless junction are uniquely defined by the complex 
value of reflection coefficient at a reference plane in the 
measuring line corresponding to matched conditions at 
the load, and that any such lossless system may there- 
fore be represented by an equivalent system of a 
matched line with a reactance inserted at some par- 
ticular plane.” Therefore the susceptance B, in the 
equivalent circuit of the slotted line simulates all the 
sources of error in the original slotted line that could 
cause it to read other than zero reflection coefficient 
when terminated in a matched load. This includes reflec- 
tions from supporting beads, end of slot, and output 
connector, as well as an error in the characteristic im- 
pedance of the slotted section, and probe reflections in- 
teracting with a mismatched signal source. The equiv- 
alent circuit does not include the effect of variation in 
probe coupling, but this cancels out in the substitution 
method except for a small modulation effect. This 
modulation effect causes the amplitude of the sine-wave 
difference curve to vary by the same percentage as the 
probe coupling varies. Since the slotted line may easily 


2 J, K. Hunton, “Analysis of microwave measurement techniques 
by means of signal flow graphs,” IRE TRANS. ON MICROWAVE 
THEORY AND TECHNIQUES, vol. MTT-8, pp. 206-212; March, 1960. 

3H. V. Shurmer, “Transformation of the Smith chart through 
lossless junctions,” Proc. IEE, vol. 105C, pp. 177-182; March, 1958. 
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Fig. 4—Equivalent circuit for the analysis of the measurement 
technique. Shunt susceptances B,,, By, and By simulate the 


residual reflection of the slotted line and the reflections of the two 
unknown connectors. 


MEASURING 


INSTRUMENT | TEST SECTION 


b, I+T in 


Fig. 5—Signal-flow graph corresponding to the 
equivalent circuit of Fig. 4. 


be flattened to within 1 per cent over the section in use, 
the error from this source can be held to less than 1 per 
cent of the magnitude of the measured reflection co- 
efficient. 

The reflection coefficients of the unknown connectors 
are simulated with shunt susceptances located at par- 
ticular positions along a one-half-wavelength section 
of constant-impedance transmission line. In the flow 
graph (Fig. 5), these three discontinuities have been 
transferred to the reference plane. All reflection co- 
efficients are referred to the characteristic impedance of 
the precision air line, and the equivalent slotted line 
also has this characteristic impedance. 

The reflection coefficient as measured by the equiv- 
alent slotted line must be determined for three condi- 
tions: 1) for the initial condition with the termination 
directly on the slotted line, 2) for the secondary condi- 
tion with the connectors under test between the slotted 
line and termination, and 3) for the correct answer that 
would be obtained with a perfect slotted line and termi- 
nation. By subtracting 1) from 2) and comparing this 
answer with 3), one can estimate the magnitude of the 
error. 

The solution for the input reflection coefficient may 
be written by inspection, and all terms involving third- 
or higher-order products of I will be omitted under the 
assumption that no reflection-coefficient magnitude ex- 


ceeds 0.1. 


by : 
T = — = Pye + Pee*(1 + 20a) 


ay 
+ r,e¥(1 ale 2m =r ai) 
a OL SEO uae Mins (1) 
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where 
Tne?#=reflection coefficient of measuring 
equipment referred to its output, 
Te /? T',e?¥ =reflection coefficients of unknown con- 
nectors referred to ends of test section. 
T';=reflection coefficient of load referred to 
its input. 
Im, I',, and I’, are the shunt suscep- 
tances in the equivalent circuit and 
have the form 


in 


ree D 
Z + fm \ 


ip Mo 


These susceptances are placed at electrical angles 6, ¢, 
and y from the reference plane in the equivalent circuit. 

The initial condition is obtained if T, and I, are made 
equal to 0 in (1). Denoting this by I’, we have 


TY =) Rea + 2P a). (3) 


The difference between (1) and (3) is the apparent 
connector-reflection coefficient 


P— I = Y,e-2*(1 + 27,,) 
+ T,e(1 + 27,, + 2T,) 
Sag) Pe (4) 


The true reflection coefficient of both connectors can 
be obtained if I’, and I’; are made equal to zero in (1). 
Denoting this by I'’’, we have 


Tr” = Tye? + Pye2¥(1 + 27,). (5) 
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Subtracting (5) from (4) gives the absolute error in 
measuring the reflection coefficient of the pair of con- 


nectors. 
JN Po = 


= 27,7 672% + 27 ,Ty,e2" + 2PiT,+ 2PiTy. (6) 


This is a vector relationship, and it is very unlikely that 
all the vectors would add up in phase to yield the maxi- 
mum possible error. However, the maximum value of 
the above expression is the sum of the magnitudes of 
the four individual vectors, and the minimum value is 
zero when the vectors happen to cancel. Therefore, 


0< [ar < 2¢ re ey Gers ere eee 


The error is a constant percentage of the sum of the 
reflection-coefficient magnitudes of the two connectors, 
and therefore reduces to zero with perfect connectors. 

This is the maximum error in the measurement if no 
attempt is made to match the slotted line to the termina- 
tion. If they are matched, then I’ =0 and from (3) 


| Il) | rT; | ; (8) 


Substituting (8) in (7), 
0< Ari << SN0p Ghee 


) (9) 
(ONE 


0< | AT) <4/ To Ere - iy) ae 


If the tuner is part of the slotted line, then the reflec- 
tion coefficient of the termination is the governing factor 
in the accuracy of the measurement, and (9) applies. If 
a tunable termination is used, then the residual error in 
the slotted line is the governing factor and (10) applies. 
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Hybrid-Ring Directional Coupler for 


Arbitrary Power Divisions* 


CHUCK Y. PON}, MEMBER, IRE 


Summary—A directional coupler in the form of a hybrid ring is 
described in this paper. A theoretical analysis using the scattering 
matrix has been carried out and experimental verification of the 
theoretical result has been achieved in a stripline network. 

Simple design equations which enable one to design a direc- 
tional coupler with any degree of coupling have been derived. This 
coupler differs from the commonly used couplers in that the voltages 
at the output arms are either in-phase or opposite-phase with 
respect to each other. In addition, its geometrical symmetry 
makes it very convenient for use in symmetrical networks, par- 
ticularly as a power divider in antenna feeding systems. 


INTRODUCTION 


HE important common properties possessed by 
all directional couplers are: 1) the output arms are 


isolated from each other, and 2) the input im- 
pedance is matched looking into any arm when the 
other arms are terminated by match impedances. 

Since the conventional simple Y-junction power di- 
viders do not possess these properties, directional 
couplers are preferable for certain applications, such as 
antenna array feed systems where the need for minimiz- 
ing mutual coupling puts a premium on isolation be- 
tween the output arms of the power dividers. The in- 
herent match of the directional coupler compensates 
for its larger size in that the matching transformers 
necessary with the Y junction are not required. 

The two-dimensional structure of stripline facilitates 
the construction of numerous directional couplers 
which have found extensive applications in microwave 
circuits. Among the various types of stripline directional 
couplers, the ones which are most commonly used and 
easiest to construct are the quarter-wave parallel-line 
couplers and the quarter-wave branch-line couplers 
shown in Fig. 1. The theoretical analyses and the de- 
sign equations for these couplers have been discussed 
extensively in the literature.'* For particular applica- 
tions significant factors that must be considered are 
physical configuration and the inherent 90° phase 
difference between the output arms. 


* Received by the PGMTT, May 8, 1961; revised manuscript 
ived, July 24, 1961. 
Be ais ico Co., Div. of Textron, Inc., Belmont, Calif. . 
1S. B. Cohn, P. M. Sherk, J. K. eas Bw “Ps sont ane 
48 ission Lines and Components,” Stanford Research Institute, 
AeaiiReAe, Calib. Final Rept., Contract DA 36-039-SC 73232 DA, 
. 45-77; February, 1957. ; i 
ae Leo Voie Cieanch guide directional couplers,” Proc. Natl. 
Electronics Conf., Chicago, IIl., October 1-3, 1956; National Elec- 
tronics Conference, Inc., Chicago, IIl., vol. 12, pp. 723-732, April 15, 
eo, Reed and G. J. Wheeler, “A method of analysis of symmetrical 
four-port networks,” IRE TRANS. ON Microwave THEORY AND 
TECHNIOUES, vol. MTT-4, pp. 246-252; October, 1956. 


The directional coupler described in this paper has 
the configuration of a hybrid ring (Fig. 2). The impor- 
tant features of this coupler are: 


1) The input impedance is matched to the char- 
acteristic impedance of any arm when its two ad- 
jacent arms are terminated by matched loads. 

2) The iwo output arms are isolated from each other. 

3) The voltages in the two output arms are either in- 
phase or 180° out of phase, depending on the input 
arms chosen. 

4) The power-split ratio is adjusted by varying the 
impedances between the arms. 


poe 


(b) 


Fig. 1—(a) Parallel-line directional coupler. 
(b) Branch-line directional coupler. 


Fig. 2—Hybrid-ring directional coupler. 
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The relative advantage of each directional coupler 
described above depends on the physical arrangement 
and the desired electrical characteristics of the circuit 
in which it is to be incorporated. For instance, in an 
equiphase, symmetrical, parallel-feed antenna array, 
the hybrid-ring directional coupler has a definite ad- 
vantage over the parallel-line and branch-line couplers 
because no phase-compensating element is necessary for 
the former. Also, the hybrid-ring-coupler has broader 
bandwidth than does the branch-line coupler. 


ANALYSIS OF THE HYBRID-RING 
DIRECTIONAL COUPLER 


A general configuration of a hybrid-ring directional 
coupler is illustrated in Fig. 2. The characteristic ad- 
mittances of the four arms are equal and normalized. 
The variable parameters are the two admittances VY, 
and Y2, which determine the degree of coupling of the 
output arms and the impedance matching condition for 
the input arm. 

The analysis of this hybrid-ring coupler consists of 
the usual procedure of reducing the four-terminal net- 
work to a two-terminal network by taking advantage 
of the symmetry about the plane A-A. For example, 
when two in-phase waves of unit amplitude are applied 
to terminals 1 and 4, or to terminals 2 and 3, the current 
is zero at the plane A-A. As a result, the ring can be 
open-circuited at this plane and only one half of the 
circuit needs to be analyzed. This condition is called the 
even mode and all the parameters associated with this 
mode are denoted by the subscript e (Fig. 3). When two 
opposite-phase waves of unit amplitude are applied to 
terminals 1 and 4, or to terminals 2 and 3, the voltage 
is zero at the plane A-A. As a result, the ring can be 
short-circuited at this plane and, again, only one half 
of the circuit needs to be analyzed. This condition is 
called the odd mode and all parameters associated with 
this mode are identified by the subscript o (Fig. 4). 

The equivalent circuits for these two modes are also 
shown in their respective figures. The incident and re- 
flected waves are denoted as a and 3, respectively. 

Once the scattering matrices for the even and odd 
modes are known, the reflected waves in each arm can 
be determined. Then, by superimposing the waves of 
the two modes, we have the resultant reflected waves in 
each arm and a single incident wave in one arm. 

To find the scattering matrix for each mode, we first 
derive the admittance matrix for each mode. From Fig, 
3(d), we find that the admittance matrix for the even 


mode is 
—V, VY, 
Valea) 5 1 
[Y] il * | (1) 


From Figure 4(d), the admittance matrix for the odd 
mode is 
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(c) (d) 


Fig. 3—(a) Incident waves at-arms 1 and 4. (») Incident waves at 
arms 2 and 3. (c) Open circuit at A-A. (d) Equivalent circuit. 


Yo (3) 


(d) 


Fig. 4—Odd mode. (a) Incident waves at arms 1 and 4. (b) Incident 
waves at arms 2 and 3, (c) Short circuit at A-A. (d) Equivalent 
circuit. 
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Va VY, 
VY), =j é 
LY]e = 3 Ee - J oy 


The scattering matrix is related to the admittance 
matrix by 


[S]=[-—V]7+yP. (3) 


Carrying out the matrix operations, we have for the 
even-mode scattering matrix 


i= Yq = Vy 92V, 
Pe 
[s]. =| 


—J2V2 
l 1+ 2+ Ve 


=f2V% ] 
1+ V;?+- Y,? 
: 4 
1— V,?— YF V4 4) 


1+ Ve+V.? 


and for the odd-mode scattering matrix 


| —V?- V.2—42 VY; 
aes 
[S}..= | 


Spe 
| 1+V2+ 22 


—j2Y, 1 
1+Ve2+ V2 | 6 
5 re) 
1— V\?— ¥.2+72 4 


1+¥2+Y.2 


Recalling that the reflected waves are related to the 
incident wave by 


[S]la], (6) 


we can now determine the reflected wave in each arm 
for each mode. Thus, for the first case in which the inci- 
dent waves are at arms 1 and 4, the reflected waves for 
the even mode are 


1 — ae ee Y,? See Voy 
bie — bs. = ; 5 (7) 
1+ VY,?+ Y.? 
=91V 5 
14 ¥24 Ye? 


(8) 


boe = bse 


and for the odd mode are 


eg 


by = — 64, = (9) 
oS ey eee mae a 
G2Y2 
bo, phe PAS nm , (10) 
1+ Y,2+ Y-? 


The resultant waves when the even and odd modes are 
superimposed are 


n= 2 (11) 
eee Ya" 

bys 2/ *) (12) 
ree Gee ee 

bo = 0 (13) 
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me 
bs = 3 (14) 
pet Greta ue ar 
J4V 
b (15) 


2a) 7 Ges ga 


Similarly, for the second case in which the incident 
Waves are at arms 2 and 3, the reflected waves for the 
even mode are 


=f2Ve 


bi. = bie = (16) 
ea ae ee 
1 pe, V Dy ae Vo2 sae 12 V 
bee oe bye <7 : : Z , (17) 
oe riage) ee 
and for the odd mode are 
—27V 
ee see (18) 
Wap Wee Jae 
1— VY,2— Y.? — 72V 
bag = — baa = — ( : sae ). (19) 
SE Me se ee 


The resultant waves when the even and odd modes are 
superimposed are 


Oy = 2 (20) 
AY. 
ee z (21) 
fe ee 
ALY. 
by = eat (22) 
ey cee ee 
(ee eee 
b; = 2/ ). (23) 
ey aa las 


The condition that the input arm in both cases be per- 
fectly matched requires that 6; in (12) and 6; in (23) be 
zero, from which we get 


Ves Ye? S01. (24) 
The resultant waves for the two cases are summarized 
in Figs. 5(a) and 5(b). The output voltage ratio be- 
tween arms 3 and 4 in Fig. 5(a) is 


b V 
ae) (25) 
bs Vy 


and the output voltage ratio between arms 1 and 2 in 
Fig. 5(b) is 
by VY, 


eee (26) 
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(a) 


(b) 


Fig. 5—Incident and reflected waves. 


Eq. (25) states that for an input voltage at arm 1 the 
output voltages at arms 3 and 4 are 180° out of phase. 
Eq. (26) states that for an input voltage at arm 3, the 
output voltages at arms 1 and 2 are in-phase. 

From the last three equations, one can design a 
matched power divider with any desired power ratio by 
using the proper admittances Y; and Y2. It can be ob- 
served that for equal power split, z.e., P3/Ps=1, Yi and 
Y> are equal to 1/+/2, which is recognized as the ad- 
mittance for the well-known 3-db “rat race” ring. 

Finally, the scattering matrix characterizing this di- 
rectional coupler can be written as 


[ 0 0 -j¥, j¥1 
0 0 -jY, -jV, 
Sl ae (27) 
—jY, —jY¥; 0 0 
| Gi 1 0 0 


The results obtained above are for a single frequency. 
To find the frequency dependence of this hybrid-ring 
coupler, it is necessary to use the equivalent circuits and 
derivations as given in the Appendix. The power 
emerging from each arm relative to the input power at 
arm 1 and the input VSWR as a function of frequency 
for a 3-db anda 10-db power split are plotted in Figs. 
6(a) and 6(b), respectively. For comparison, the isola- 
tion and VSWR for a branch-line 3-db power split is 
also plotted on Fig. 6(a), from which we can see that 
the hybrid-ring coupler has broader bandwidth than 
the branch-line coupler. Due to the lack of available 
data on the parallel-line coupler, no comparison can be 
made with it at this time. 
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Fig. 6—(a) Relative power and VSWR for 3-db power split. 
(b) Relative power and VSWR for 10-db power split. 
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Fig. 7—2.5:1 Stripline power divider. 
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Fig. 8—Power split and isolation of hybrid-ring coupler. 


30- 


25= 


20- 


Pon: Hybrid-Ring Directional Coupler 


1 


Fig. 9—Equivalent circuit for one-half of the ring 
circuit for the even mode. 
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Fig. 10—Equivalent circuit for one-half of the ring 
circuit for the odd mode. 
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A stripline hybrid-ring directional coupler with a 
power split ratio of 3.98 db between the two output 
arms at the center frequency of 3.76 kMc was designed 
and tested. The configuration of this power divider is 
shown in Fig. 7. The measured power split and isolation 
are shown in Fig. 8. Close agreement is observed be- 
tween measured and calculated values. The results ob- 
tained in this analysis are valid for any type of trans- 
mission line in which a 7’ can be constructed. It might 
be worthwhile to point out another advantage of using 
the hybrid-ring coupler as a power divider in place of a 
Y-junction power divider. Generally, the power-split 
ratio of a power divider is controlled by varying some 
characteristic admittances, the allowable values of 
which are limited by constructional tolerances, in the 
circuit. For a Y junction, the power-split ratio is pro- 
portional to the admittance ratio between its output 
arms. For a hybrid-ring coupler, the power-split ratio 
is proportional to the square of the admittance ratio of 
the two variable admittances in the ring. Therefore, the 
maximum attainable power split in any transmission 
line is greater for the hybrid-ring coupler than for the 


Y-junction power divider. 
APPENDIX 
Admittance Matrix for the Even Mode 
Vine = 7( Vu tan 30.— VY s:cot 29) 
Yn. =7( V7 tand = V5 cot 26) 
Vitest oot oe = fee csc 20, 
Admittance Matrix for the Odd Mode 
Vio = — j(Vicot 36+ V2 cot 26) 
Yoo = — j(VYicot @+ Ye cot 26) 
Vise = Von = 7 V2 esc 20 


(28) 
(29) 
(30) 


(31) 
(32) 
(33) 
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Scattering Matrix 


E sa ia Veet ie eigen —2Vis 
1 =F We + V 29 ++ VA V 22 = We 2” 1 + Vu = V22 =P Yu Vo a V1. 
[s] = [7 - vJlz+ Y}"=| i 3 (34) 
= Pp ie Vi ae oe Yo | 
E Meee Mor esc hogy Vaio? pee! 13 igi oe Vo V1? 


1) For the Even Mode: 
Ss e Sy 2Qe 
[Ss]. =| y al (35) 
Substituting (28)—(30) into (34), we get 


1— Y2+ VY,’ tan 36 tané — VV» cot 26(tan 36 + tan @) + jYVi(tan @ — tan 34) 


i‘ 1+ VY2— Vi2tan 36 tang + VYiV>2 cot 20(tan 39 + tan 6) + j[Vi(tan 39 + tan 0) — 2V2 cot 26] 
92 Visits 2g, 
S12 = Ie i : (37) 
1+ V2 — VY, tan 36 tano+ YiV> cot 26(tan 39 + tané) + j[Vi(tan 36 + tan 8) — 2V» cot 26] 
c 1— Y.2+ Y,? tan 36 tan@ — Y,¥2 cot 20(tan 36 + tan 6) + 7Vi(tan 30 — tan @) 38) 
“1+ Vo! — V2 tan 36tan@ + ViYs cot 26(tan 36 + tan 6) + j[¥i(tan 30 + tan 6) — 2¥2 cot 26] ( 
2) For the Odd Mode: 
[s] ies val (39) 
0 —s . 
S210 S22 
Substituting (31)—(33) into (34), we get 
. 1— Y.+ Vi cot 36 cot @ + Vi¥2 cot 20(cot 30 + cot 6) — 7¥i(cot 6 — cot 36) 
Gea 
1+ VY.’ — Vy’ cot 36 cot @— V,V2 cot 26(cot 3@ + cot 6) — j[Yi(cot 30 + cot 6) + 2¥» cot 26] (40) 
4925 CSG20 
51% = Stic = (41) 
1+ Y.2— VY; cot 36 cot 9 — Yi ¥.2 cot 26(cot 39 + cot 6) — j| ¥i(cot 36 + cot 6) + 2¥» cot 20 | 
eyed 1— Y.?+ YV,? cot 36 cot 9 + VY» cot 20(cot 36 + cot 6) — 7 ¥i(cot 36 — cot 6) 
220 —_ 
1+ VY.’ — V1’ cot 34 cot @— VY» cot 29(cot 38 + cot 6) — j[¥i(cot 30 + cot 6) + 2¥>. cot 20) CY) 
For two in-phase waves of unit amplitude incident on 
arms 1 and 4, the reflected waves for the even mode are 
a= ile a= 1 (43) 
Bic = db4e = Site (44) 


bee = D3e — S12¢. (45) 
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For two opposite-phase waves of unit amplitude inci- 


dent on arms 1 and 4, the reflected waves for the odd 
mode are 


bio = 
b3o +e 


2 Dio = Sets 
ik bo, a S20. 


(46) 
(47) 


Adding the even and odd modes together, we have the 
resultant incident and reflected waves 


a= 2 (48) 
Vets Dis = Sie 1-oSai0 (49) 
Gat= 099 4- boo = Sine — Sin (50) 
Oba Dig = Sing Saat (51) 
Oe Dae bag Sie — Siig: (52) 
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Similarly, for waves incident on arms 2 and 3, we have 
for the resultant incident and reflected waves 


Gg = 2 (3) 
Oi 19901) 15 (54) 
be = S229 — S226 (55) 
bs = Sox + S226 (56) 
bs = Size — S20. (57) 
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A Coupled Strip-Line Configuration Using 
Printed-Circuit Construction that Allows 
Very Close Coupling* 


WILLIAM J. GETSINGER?, MEMBER, IRE 


Summary—A new strrip-line configuration is presented, appli- 
cable to printed-circuit construction, that allows very close coupling 
to be achieved without esorting to very small coupling gaps and 
excessively critical dimensions. Graphs of even- and odd-mode 
fringing capacitances are given. These graphs can be used with 
simple formulas, which also are given, to determine the dimensions 
of the configuration that will give specified even- and odd-mode 
characteristic impedances or shunt capacitances. 

The usefulness of the graphs and formulas was demonstrated by 
using them to design 3-db backward-couplers. The performance of 
the couplers in this new configuration was typical of similar couplers 
made in more conventional configurations, as expected. However, 
the devices shown have an advantage in that they can be manu- 
factured by relatively inexpensive and rapid printed-circuit methods 
and, since the region between the conductors is solid dielectric, 
they are unusually rugged. 


I. GENERAL 


N working with shielded strip-line, the need for 
AN ececty coupled strips arises in designing 3-db 
couplers [1] and broad-band filters (iis he 
typical printed-circuit coupled strip-line configuration 
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Stanford Research Institute, 


consists of two slabs of dielectric sandwiched between 
parallel ground planes. One of the slabs has two paral- 
lel copper strips printed on it. Coupling is achieved by 
bringing adjacent edges of the two strips close enough 
to cause appreciable capacitance to exist between the 
strips. Very close coupling requires that the strips be 
brought very near each other. For the 3-db coupler, and 
even more for very broad-band parallel-coupled filters, 
the spacing between strips becomes too small to be made 
accurately using practical construction techniques be- 
cause the allowable tolerance on the spacing decreases 
as the spacing decreases. Thus, there is a practical limit 
to the inter-strip capacitance that can be achieved with 
edge-coupled thin strips. 

One solution to this problem has been to orient the 
coupled strips face-to-face and perpendicular to the 
ground planes. While this achieves large inter-strip ca- 
pacitance, it is not always a desirable configuration, be- 
cause it is difficult to build and it does not interconnect 
easily with more conventional strip-line circuits in 
which the strip is parallel to the ground planes. Also, 
current tends to concentrate at the thin edges of the 
strips in this construction, causing higher losses. 

It is also possible to use thick bars for strips in order 
to achieve sufficient inter-strip capacitance, but this 
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possibility precludes the use of printed-circuit materials 


and techniques. 


Il. PROPOSED CONFIGURATION 


A cross section of coupled strip-lines using the pro- 
posed construction is shown in Fig. 1. The two strips 
denoted by c are tied together at the ends of the micro- 
wave component in which they are used, while in the 
coupling region, strips ¢ overlap the strip denoted by a. 
Thus, strips c form a single transmission line coupled to 
the transmission line formed by strip a. Large coupling 
between these two lines is achieved by using the paral- 
lel-plate capacitance caused by the overlapping. This 
configuration uses thin strips parallel to the ground 
planes, and thus is amenable to the use of printed-cir- 
cuit techniques and materials. It connects easily with 
conventional strip-line circuits, and does not require 
critical tolerances. This construction will be denoted by 
the term interleaving. 


Fig. 1—Proposed strip-line configuration. 


It is necessary to use a symmetrical construction with 
respect to the ground planes, requiring two outer cen- 
ter-strips for one line, in order to prevent radiation into 
a parallel-plate mode between the ground planes. 


III]. TECHNICAL DESCRIPTION 
The characteristic impedance, Zo, of a lossless uni- 
form transmission line operating in the TEM mode is 
related to its shunt capacitance by: 


Vine ohms (1) 


peo 
(C/e) 
where 


fe, is the relative dielectric constant of the medium 

in which the wave travels 
n is the impedance of free space = 376.7 ohms per 

square 

C/e is the ratio of the static capacitance per unit 
length between conductors to the permittivity 
(in the same units) of the dielectric medium. This 
ratio is independent of the dielectric constant. 


The even- and odd-mode impedances of coupled TEM 
lines [4], [5] can be found by substituting even- and 
odd-mode capacitances of the lines into (1). 

A generalized schematic diagram of shielded coupled- 
strip transmission line is shown in Fig. 2. The circles 
represent the coupled conductors, The capacitance to 
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ground for a single conductor when both conductors are 
at the same potential is C,,, the even-mode capacitance. 
The capacitance to ground when the two conductors are 
oppositely charged with respect to ground is Coo, the 
odd-mode capacitance. It is assumed that the physical 
arrangement is such that the even-mode capacitances 
of the two conductors are the same, thus implying that 
the odd-mode capcitances are also the same. This paper 
relates these capacitances to the physical dimensions of 
the strips. 


OC= 5 (Coo-Coe) 


See Sy ra ro 
ee = sifce OR / / . H 
Cos’ x /Coo Xe Cts 


~ 4 
ae | a ORC, / 
; a bee 
Stee aa 
POSITIVE d NEGATIVE d 


Fig. 3—Capacitances and dimension of proposed 
strip-line configuration. 


The structure of Fig. 1 is composed of parallel planar 
surfaces. This makes it practical to consider the total 
capacitance of a given strip to be composed of parallel- 
plane capacitances plus appropriate fringing capaci- 
tances. (Fringing capacitances take into account the 
distortion of the field lines in the vicinity of the edges 
of the plane strips.) Fig. 3 relates the various capaci- 
tances to the geometry of the structure under consider- 
ation. Two diagrams are shown to clarify the definitions 
for strip @ inserted in and withdrawn from strips c. All 
capacitances are defined on the basis of unit depth into 
the paper. The parallel-plane capacitances to one 
ground plane are given by: 


Can 228 
ee 2 
€ b 2) 
CS 2c/b 
= ae (3) 
€ Liar 


Capacitance AC, between the center strips, has been 
plotted as a function of g/b and d/g in Fig. 4. The fring- 
ing capacitances were found by conformal mapping 
techniques. The derivations are given in the Appendix. 
Graphs of the fringing capacitances as functions of g/b 
and d/g are given in Figs. 5-9. Notice that the parallel- 
plate and fringing capcitances are defined to apply from 
one side of the center line to the nearest ground plane, 
as shown in Fig. 3, 
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Fig. 4—Inter-strip capacitance. 


Fig. 7—Odd-mode fringing capacitance of strip c. 
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Fig. 5—Fringing capacitance of offset thin strip. Fig. 8—Even-mode fringing capacitance of strip a. 
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Fig. 6—Even-mode fringing capacitance of strip ¢. Fig. 9—Odd-mode fringing capacitance of strip a, 
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The total even-mode capacitance for either strip is 
given by the sum of all of the capacitances to ground 
associated with that strip when operating in the even 
mode: 


Gia 2G ack Ce Ca, |: =22 Ce 43 Ci Ce eae) 


Eq. (4) imposes the condition that the even-mode ca- 
pacitances be the same for the two transmission lines. 
Similarly, 


(Ces = 2 Gee + Cr + (eed = 2| Gre =F Cas =F GS: (5) 


When the strips are operating in the odd mode, they 
are oppositely charged, one positive and one negative, 
and thus a surface of zero potential exists somewhere be- 
tween them. The odd-mode fringing capacitances in- 
clude the capacitance (AC) to this wall of zero potential, 
as well as the capacitances to the actual ground plane. 

When identical even-mode capacitances have been 
imposed on the two lines, it can be shown that the odd- 
mode capacitances are also the same. Subtraction of (4) 
from (5) gives 


Cs ro (Gu = 2 Caos = Cae) OCG AE Tt C..) (6) 


The total capacitance between the two lines is denoted 
AC and is given by 


AC (1/2) 4 Cosa (Geek (7) 


This follows from consideration of the definitions of 
even- and odd-mode capacitances, as indicated on Fig. 
2. The quantity AC/e is given as a function of d/g and 
g/b in Fig. 4. The capacitance C,’ is the same as C,.,’ at 
g/b=0, and its value is given by 

er 
ee st (8) 

€ 

Through the use of the above relations and figures, it is 
possible to relate physical dimensions of the given con- 
figuration to even- and odd-mode capacitances or im- 
pedances. 


IV. UsE oF THE GRAPHS 


Usually an engineer has already determined values of 
even- and odd-mode impedances, Z,, and Z,., or even- 
and odd-mode capacitances, C,. and C,., and wishes to 
determine the corresponding physical parameters. A 
simple procedure accomplishes this. Eq. (7) can be 


written 
1 aa (Oi 


Using (1) gives 


n 1 1 
AC/e = — s ). 
DN GreN Aas Lian 


Values of 6 and g are selected, and then used with the 
value of AC/e found by (9) or (10) to determine d/g 
directly from the graph of Fig. 4. Next, having deter- 


(10) 
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mined C,./e from Zoe and (1), it is possible to find 
Con!’ /e and C..’/e from Figs. 5 and 6. These quantities 
are substituted in (11) to give c/b: 


1 — ¢/b E eae Fee >: calle. (11) 


p= 
Cf ; 


Finally, Cy-’/e is found from Fig. 8 and substituted in 
(12) to give a/b. 


a/b = 3[3Co./€ — 


Thus, all the physical dimensions are determined. These 
formulas are accurate for a/b>0.35 and (c/b)/(1—g/6) 
> 0.35. For narrower widths, simple corrections are pos- 
sible which will be given in the next section. 

Eqs. (11) and (12), used to determine c/b and a/b, 
were derived from (4) and use no odd-mode capaci- 
tances. Similar equations for determining a/b and c/b 
could have been derived using (5), and then no even- 
mode capacitances would have been: involved. Both 
methods are equally valid. This paper includes graphs 
of both even- and odd-mode capacitances for complete- 
ness and for possible applications in which one mode 
may be of greater interest than another, although only 
the even-mode graphs, Figs. 6 and 8 will be used in the 
examples to follow. 

In a specific device, the feeding lines connected to the 
coupled region may be constructed of single and dual 
strips in isolation from each other. The characteristic 
impedance of a single thin strip between parallel ground 
planes [6] is either the even- or odd-mode characteristic 
impedance of strip @ when widely separated from strips 
c. Adding the fringing capacitances from the edges of a 
thin strip [see (8)] to the parallel plate capacitances 
from its surfaces [see (2) ], and then substituting in (1) 
gives the following formula for the relative strip width 
a/b, in terms of the characteristic impedance Z,;, for an 
isolated single strip between parallel ground planes: 


Caifex 0-441) (12) 


Oe eet 


/ 13 
AZ os €, ( ) 


for a/b>0.35. 

Similarly, for thin dual strips between parallel 
ground planes, the fringing capacitances (Fig. 5) are 
added to the parallel plate capacitances (3) and substi- 
tuted in (1) to yield 

z — Coal] 


AZ oats, 


for (c/b)/(1—g/b) >0.35, as the relation between rela- 
tive strip width c/b, and the characteristic impedance, 
Zoi. Corrections for narrow strips will be given in the 
next section. 


Cho = (1a x/0)( (14) 


V. CONSIDERATIONS OF ACCURACY 


If the strip widths a and c are allowed to become too 
small, then there is interaction of the fringing fields 
from the two edges, and the decomposition of total ca- 
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pacitance into parallel-plane capacitance and fringing 
capacitances (which are based on infinite strip widths), 
no longer is accurate. Cohn [1], [ 6|shows that fora single 
strip centered between parallel planes, the error in total 
‘capacitance from this cause is about 1.24 per cent for 
w/(b—t) =0.35, where w is the width of the Strip,.¢ 1s 
its thickness, and 0b is again the ground-plane spacing. 
If maximum error in total capacitance of approximately 
this magnitude is allowed, then it is necessary that 
a/b>0.35 and [(c/b)/(1—g/b) ]>0.35. 

Should these inequalities be too restricting, it is pos- 
sible to make approximate corrections based on increas- 
ing the parallel-plate capacitance to compensate for the 
loss of fringing capacitance due to interaction of fring- 
ing fields. If an initial value, a;/b is found to be less than 
0.35, a new value, a2/b can be used, where 


ao/b = (0.07 + a,/b)/1.20 (15) 
provided 0.1 <a2/b<0.35. A similar formula for cor- 
recting an initial value o/b, gives a new value, c2/d 
as 


c2/b = [0.07(1 — g/b) + c1/b]/1.20 (16) 
provided g/d is fairly small and 0.1 <(c2/b)/(1—g/b) 
<0.35. These formulas are based on a linear approxi- 
mation to the exact fringing capacitance of a single thin 
strip for a width to plate-spacing ratio between 0.1 and 
0.35. As the relative strip width becomes narrower than 
0.35, the fringing capacitance, defined as total capaci- 
tance less parallel plate capacitance, decreases from the 
value C;’ or C,,,’ used in the derivations and graphs. 
The total capacitance is given by substituting into (1) 
the exact thin-strip formula for Z, given in [6]. Eqs. 
(15) and (16) add sufficient parallel-plate capacitance 
to compensate for the loss of fringing capacitance. The 
loss of fringing is assumed to vary linearly below a rela- 
tive width of 0.35, and it is also assumed that C.,,’ de- 
creases by the same amount as does C;’. Although the 
formulas are analytically only approximate for coupled 
strips, they are sufficiently accurate for practical use be- 
cause they do no more than give a small correction to 
a quantity that is reasonably close to the exact value. 
They can be used with both isolated and coupled strips. 

The discontinuity in the slope of C..’/e in Fig. 8 at 
d/g=0 is not a physical phenomenon, but is a mathe- 
matical result of considering dimension a to extend to 
the edge of strips c for positive d, while for negative d, 
dimension a extends to the edge of strip a, as shown in 
Fig. 3. The only practical effect of this situation is that 
the width of strip a is equal to dimension a when d is 
negative, but when d is positive the width of strip a is 
equal to the sum of dimensions a and d. This is shown 
clearly in Fig. 3. 

In deriving the fringing capacitance, one of the as- 
sumptions made was that the strip was infinitely thin. 
Investigation of a graph given by Cohn [1], [6] shows 
that the fringing capacitance, C,'/e from a strip centered 
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between parallel ground planes increases by about 2 
per cent for a 1 per cent increase in the ratio of strip 
thickness to plate spacing, for a very thin strip. Fring- 
ing capacitance is usually only part of the total capaci- 
tance involved in a strip-line circuit, so that for many 
situations, a strip no thicker than 1 or 2 per cent of the 
associated parallel-plate separation can be considered 
thin without serious error. 

The derivations for the fringing capacitances are ex- 
act for infinitely thin strips with dimension a (see Fig. 
3) extending infinitely far to the right while dimension 
c extends infinitely far to the left. The computed values 
from which the curves were plotted were accurate to 
three places after the decimal, although the curves 
themselves cannot be relied on to be closer than about 
+5 in the third significant figure, as plotted. 

For insertion of the strip @ between strips c beyond 
the maximum plotted, d/g=1.0, the even-mode values 
Cae’/e and C,-'/e do not change from their values at 
d/g=1.0, while AC/e and the odd-mode values Cy.’ /e 
and C,’/e, can be found simply by adding 4(d/g—1) to 
their values at d/g=1. For spacing between strips c 
greater than g/b=0.5, or for a separation d/g< —2.0, 
probably some different strip-line construction would 
be more suitable. 

Finally, it should be noted that if these curves pre- 
dict a value of d positive and approximately equal to 
or greater than c, the result is not valid. When strip a 
protrudes all the way between strips c in this manner, it 
merely means that too great a value of g/b was selected 
to realize the odd-mode capacitance. This restriction 
may be expressed mathematically by requiring that 
d<c—(g/2). If this condition is not met for a desired 
set of capacitances, then it is necessary to make g/d 
smaller and determine new dimensions. 


VI. APPLICATIONS 


The graphs and procedures described above have 
been used to design strip-line 3-db couplers [1], [5]. 

A 3-db coupler was designed to have an input im- 
pedance of 50 ohms. Fig. 10 shows pertinent details of 
its construction. The dielectric material used, Rexolite 
#2200, has a published dielectric constant of 2.77. This 
material is commercially available with sheets of 0.001- 
inch copper bonded to the sides. 

A center-frequency coupling value of —2.8 db, rather 
than —3.0 db, was chosen to allow for an expected de- 
crease in coupling at frequencies away from the center 
frequency. Use of the formulas of [1] or [5] gave 
values of 125.15 ohms for Z,, and 19.95 ohms for Zoo. 
Substitution of these values in (1) gave C,./e=1.81 and 
Coo/€= 11.34. Using the laminate thicknesses shown on 
Fig. 10, it was found that g/b =0.0964. Eq. (9) and Fig. 
4 showed the required value of d/g to be 0.445. Then, 
use of the procedure described in the preceding section, 
including Eqs. (11) and (12), gave a/b=0.284 and 
c/b=0.107. (In the coupler constructed, a value of 
0.097 was used for c/b because Fig. 5 had not been pre- 


540 


pared, and an approximate method was used to find 
C,,,//€.) The coupler was made one-quarter wavelength 
long in the dielectric at the center frequency of 200 Mc. 

Performance curves for this coupler are shown in 
Fig. 11. The behavior of the coupler is typical of 3-db 
backward couplers made in other configurations. 

A second 3-db coupler was made on another project 
for parametric amplifier work. This coupler was de- 
signed to have a center frequency of 1000 Mc. In this 
design the strip widths were widened in accordance with 
(15) and (16) for correcting narrow strips. The dimen- 
sions are shown in Fig. 12. The bulk of input reflections 
were caused by reactance of the right-angle bends join- 
ing the feed lines to the coupling region. The purely 
capacitive tuning screws shown were much more effec- 
tive in cancelling the reflections than were modifications 
of the structure of the bend or tabs on the feed lines at 
the bends. The greater effect of the bend reactance as 
frequency increases is shown in the performance curves 
for this coupler, Fig. 13. Fig. 14 is a photograph of the 
coupler. 
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Fig. 10—Details of construction of 200-Mc 3-db backward coupler. 
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Fig. 11—Performance of 200-Mc 3-db backward coupler. 
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Fig. 12—Details of construction of 1000-Mc 3-db backward coupler. 
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Fig. 13—Performance of 1000-Mc 3-db backward coupler. 
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APPENDIX 


DERIVATION OF FRINGING CAPACITANCES 


A. Preliminary 


It is desired to determine the static fringing capaci- 
tances shown on the structure of Fig. 3 by means of con- 
formal mapping techniques [7], [8]. This can be done by 
subjecting the boundaries of the structure to transfor- 
mations under which capacitance is invariant, and that 
lead to a new structure for which capacitance is known. 
Subtraction of parallel-plate capacitances of the original 
structure from the total capacitance then leaves the 
fringing capacitances. The analysis will be limited to 
structures in which strips c and a are so wide that inter- 
action between fringing fields of the two edges of a 
single strip are negligible. As discussed in Section V, 
this requires that the approximate relations a/b>0.35 
and [(c/b)/(1—g/b) >0.35] be held. Under these con- 
ditions it is possible to let strip c extend infinitely far 
to the left, and strip a infinitely far to the right without 
disturbing the fringing fields appreciably in the region 
where the two strips interact. Also, the electric field can 
lie parallel to the horizontal center line where no con- 
ductor exists, but cannot cross it because of the sym- 
metry of the structure, assuming the two conducting 
strips c are always at the same potential with respect to 
each other. Therefore a magnetic wall can be placed 
along the center line extending infinitely far to the left 
from the left edge of strip a. These modifications allow 
analysis of only half of the total symmetrical structure, 
as shown in Fig. 15(a). The mathematical model is 
shown in Fig. 15(b). Conductors are indicated by solid 
lines, and the magnetic wall is indicated by a dashed 
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Fig. 15—Cross section of proposed configuration on 2 plane. 
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line. The upper-case script letters of Fig. 15(b) denote 
pertinent points of the structure and will serve as refer- 
ences when transformations to different complex planes 
are made. The values chosen for the various points on 
the z plane will prove convenient under transformation. 

The analysis consists essentially in transforming the 
contours of the structure on the zg plane into a parallel- 
plate representation on the w plane, where capacitance 
can be computed directly. This procedure is compli- 
cated by having three conductors while only two are 
desired for a parallel-plate representation. This compli- 
cation will be resolved by showing that there exists a 
surface of zero potential, which can be replaced by an 
electric wall, running between the conducting strips for 
the odd mode, and that this same surface can be treated 
as a magnetic wall for the even mode. Fig. 15(c) shows 
the wall running between points 9, a saddle-point, and 
%#, following some curve whose exact shape is unknown. 
A subsequent transformation will rectify this curve, 
dividing the structure into two parts, each of which has 
only two conductors and can be further analyzed sepa- 
rately. 

As a first step, the interior of the polygon @@CDQ’ 
will be mapped onto the upper half of a z plane as 
shown in Fig. 16(a), The mapping is given by Kober 
[9] as 


he 1 


In (23 — 1) + 5 


In (1 + 1). 


ZZ = 


(17) 


The points noted on the zg plane are related to points on 
the real axis of the 2 plane by 
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Fig. 16—Intermediate transformations from 2 plane. 
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The small circle at point © indicates an infinitely small 
gap at that point, such that the conductors on either 
side may be at different potentials. Point D is removed 
to — under the next transformation, which is to a 
z plane. This transformation will place points ® and 
& equidistant from the y2 axis, as shown in Fig. 16(b). 
The transformation is 


2,= 1+ VW2(y + 1) es. 


The source of this transformation, as with most trans- 
formations used in this chapter, is a combination of ex- 
perience and the use of references [7 |-[10]. However, al- 
though the derivations of the transformations may not 
be obvious, they may be checked at points of interest 
simply by substituting values of the independent vari- 
able and observing that the transformation gives the 
correct result for the dependent variable. 

The structure on the zg plane will now be related to 
the given structure. The conductor between @’ and 9 
corresponds to the ground plane on the given structure. 
The conductor between @ and & corresponds to strip a 
in the given structure, and the conductor between ® 
and © corresponds to one of the strips c in the given 
structure. The zg plane structure is symmetrical about 
the y2 axis. Under even-mode excitation both conduct- 
ing strips a and c are at the same potential, and thus no 
electric field lines cross the yz axis. Therefore, a mag- 
netic wall can be placed along the y» axis and left and 
right halves may be analyzed separately. Under odd- 
mode excitation the conducting strips @ and ¢ are op- 
positely charged with respect to the ground plane, and 
thus all electric field lines crossing the yy» axis must cross 
normal to that axis to preserve symmetry. Therefore, 
an electric wall at zero potential may be placed along 
the y2 axis and left or right half only need be analyzed. 
Notice that script letters 3@ and g have been assigned 
to the end points of the line of symmetry. By means of 
the transformation 


(20) 


Z2 = arc cosh gz 


(21) 
the interior of the polygon @45¢@’ goes into the upper 
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half of the z3 plane, and the polygon 9D5C goes into the 
lower half of the z; plane, as shown in Fig. 16(c). Only 
that portion of the x; axis between 9 and 3 is common 
to both upper and lower half-planes, and for this reason 
the x; axis is shown split beyond 5¢ and g. The solid 
line (conductor) between 3 and J is to be used for odd- 
mode analysis, while the dashed line (magnetic wall) is 
to be used for even-mode analysis. 

On the gz; plane 3 and g fall at +1.0 and —1.0, as can 
be determined by subsituting the known values of 5C 
and g on the z2 plane into (21). In order to find 2;(@) it 
is necessary to work from the 2 plane, where Kober 
[9] shows that 21(@) = —1.0. Then, by successive sub- 
stitution and manipulation of (20) and (21), it is found 
that 


1 2 V2 + 1) 
23(@) SS | —————— 
2 LV2(y + 1) 2 


|--2 (22) 


where —€ is the value of z;(@) on the zg; plane. Notice 
that 


E> 160: (23) 


By the symmetry of the z2 plane with respect to the 
imaginary axis and the nature of the transformation 


(21), 
(24) 


although it should be noted that & and @ are on oppo- 
site sides of a branch cut on the g; plane. 


B. Odd-Mode Fringing Capacttance—Strip a 


Now consider the odd mode, and investigate the fring- © 


ing capacitance of strip a, which is associated with 
point §. The upper half of the z; plane is transformed to 
a parallel plate region on the w; plane by 


23 = (2) [E — 1) cosh rm, — (= 1) | (25) 


as shown on Fig. 17(a). 

The total capacitance on the w; plane is parallel- 
plate capacitance. The amount of capacitance per unit 
permittivity between the w,-plane origin and some loca- 
tion w,>0 is equal to #4, for unit depth into the paper, 
because there is unit spacing between the conducting 
planes. This is the odd-mode capacitance to one 
ground plane from strip a. The corresponding capaci- 
tance for strip a on the gz plane is the fringing capaci- 
tance from the vicinity of & plus the parallel-plate ca- 
pacitance, which will be defined as the amount of paral- 
lel-plate capacitance from strip a to ground, measured 
between z(a@) (Edge @) and the mapping of wu, men- 
tioned above onto the z plane. Mathematically, the 
z-plane parallel-plate capacitance, relevant to some 
value uw; on the w, plane, has the value (1/7) Re [s(w1) 
—z(a)]|, as can be deduced from Fig. 15(b). Alterna- 
tively this defines the fringing capacitance in the odd 
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Fig. 17—Final configurations on w planes. 


mode from strip a to one ground plane as the difference 
between the total capacitance to some value wz; on the 
w, plane and the parallel-plate capcitance out to the 
mapping of #; on the zg plane, as mu approaches infinity. 
This odd-mode fringing capacitance from strip a will 
be denoted by C,,’/e. From the above discussion, 


lim 


uj 3 


Cod Je = 4 — eee l(u1) — <(a)]} | (26) 
TT 

From a physical point of view, this definition of parallel- 
plane capacitance assumes that strips a@ and c always 
overlap. Mathematically, the definition of parallel- 
plane capacitance is wholly arbitrary, so that this phys- 
ical defect in definition need not be ameliorated until 
the mathematical derivation is complete. When the 
proper substitutions have been made in (26), allow- 
ing the approach to the limit to take place, sufficient 
manipulation gives the final expression for Cyo’/e as 


(n + 3) — | (27) 


1 
Co /é= Re =| s(@ —In 
r + 


C. Odd-Mode Fringing Capacitance—Strip ¢ 

Strip ¢ is associated with points ®CD. Eq. (21) 
mapped the polygon D3CIBD of the 22 plane onto the 
lower half of the z; plane (Fig. 16). The lower half of 


Getsinger: Coupled Strip-Line Configuration Using Printed-Circuit Construction 


543 


the zs plane is next mapped onto the w2 plane by means 
of the transformation 


33 = — $[(E+ 1) + (€ — 1) cosh ran]. (28) 


Assuming unit depth into the paper, the total capaci- 
tance per unit permittivity as a function of uw» is equal to 
uy. The parallel-plate capacitance to the adjacent 
ground plane of one of the strips c may be defined as 


Re[z(a) — 2(22) | 
ay 2) lees) 


from Fig. 15, in a manner similar to that defined for 
strip a. The difference between total capacitance and 
parallel-plate capacitance, relevant to some value of uw 
approaching infinity, is the odd-mode fringing capaci- 
tance of strip c, and will be denoted by C,.’/e. There- 
fore, from the above discussion, 


Jn, en ne 
COs 


Again, substitution, passing to the limit, and manipu- 
lation yields the final result. 


Gre (29) 


Cud/e= Re—[ "n+ In Sty She!) ees 
gr ll=—a Ge) PR BAG Se a) 
(a). (30) 


D. Even-Mode Fringing Capacttance-Strip a 


In analyzing the even mode, the two strips, a and c¢ 
are at the same potential, as previously discussed, and 
the plane J3C may be considered as a magnetic wall. 
For strip a, associated with point &, the transformation 
from the upper half of the 23; plane, Fig. 15(c) to a ws 
plane, Fig. 16(c), is 


zs = (1/2)[(E + 1) cosh rw; — (E — 1)]. 


The definition and discussion of parallel-plate capaci- 
tance for strip @ given in connection with odd-mode ca- 
pacitance holds for this case also. The even-mode fring- 
ing capacitance is given by the difference between total 
capacitance and parallel-plate capacitance, so that by 
analogy with (26), the even-mode fringing capacitance 
for strip a is 

Cael/e = lim {uz — Re (1/r)[2(us) — z(a)]}. 


Us -) 


(31) 


(32) 
The substitutions and manipulations are much like 


those used to find C,.’/e. The result is 


ats) + Ss & 
: 


1 
Ce ee Re—| a) — | 
Tv 
E. Even-Mode Fringing Capacitance—Strip c 


The same reasoning and procedure may be used in 
finding the even-mode fringing capacitance from strip 
c as were used for the other three fringing capacitances 
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and, in fact, this was done in the original work on this 
problem. However, only three capacitances are re- 
quired to describe a parallel coupled TEM structure, as 
in Fig. 2, and this indicates the possibility that if three 
fringing capacitances are known, the fourth may be 
related to them by a function which is independent of 
the geometry of the structure. This geometry-independ- 
ent function, applicable to any parallel-coupled TEM 
structure that can be represented schematically by 
Fig. 2, is given by (6), which upon manipulation may 
be written as 


Gax.fe a Croife ee Casne ap Casile a Cafe — AC /e, (34) 
using (7) for the definition of AC/e. Thus, the unkown 
fringing capacitance, C,.’/e, can be written as a linear 
combination of the other three fringing capacitances. 


Substitution of (27), (30), and (33) into (34) yields 
1 F +a 2 


Re — In 2 — 


T = @. —a 


2(a) 


8(n + 1) 


= a> (35 
HS ra a 


This result agrees with that found for C,,.’/e directly 
from the mapping. 


F. Definition of Parallel-Plate Capacitance of Strip a 


In mathematically determining the fringing capaci- 
tances for the centered center-strip, strip a, the equiva- 
lent parallel-plate capacitor on the gz plane, Fig. 15, is 
extended to the right from z(q@) for all cases. In consid- 
ering the physics of the situation, it is apparent that a 
more realistic definition would have the parallel-plate 
capacitance for strip @ computed from the edge of strip 
a, 2(m), except when strip a is shielded by strip c, and 
then the parallel-plate capacitance would be computed 
from the edge of the shielding strip c at z(a). In order for 
the plotted curves to agree with this physical definition, 
it was necessary to add a parallel-plate capacitance to 
computed values of C,.’/e and C,.’/e. This parallel- 
plate capacitance was added only when 2(n) >2(a), and 
simply replaced that subtracted in the derivation. 
The value added to C,.’/e and Cua.’/e was equal to 
[z(n) —z(a) |/7. In terms of dimensions, this addi- 
tional capacitance per unit permittivity can be ex- 
pressed as | 2d/b| for d<0. The plotted curves for strip 
a, Figs. 8 and 9, incorporate this term. 


G. Derivation of Ceo’ /€ 


The fringing capacitance C,,,’/e is that from the edge 
of a strip located between a parallel magnetic wall and 
a parallel electric wall, as indicated on the graph, Fig. 5. 
It can be specified mathematically as 


eae Cro Ca Ole Gast G (36) 


From Fig. 15 it can be seen that 2(n) > «© as d>— 0, 
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and on Fig. 16(a) this corresponds to 7. Thus, 
using (30), 


1 fic+e 
Cx 6 =n Re— | In 2 


N- © Tv Koatnt Be 


8 it 2 
vei Dante Ea oe (a) | (37) 
Gp 3) 27 2a) ee 
or 
1 2 
Cow /€ = —| ie In 2 + In 8 — Re x(a) |. (38) 
T —@a i) ai 


The real part of z(a) is given in (18), and from Fig. 15, @ 
is found to be related to g/b by 


COS IFA I (39) 


Thus, Cew’/e can be expressed in terms of g/b by 


1 
Coo /€ = =|2 In 2 — In (1 — g/d) 


Tv 
Te Ghee 
1 — g/b 


This is plotted in Fig. 5. The fringing capacitance 
C,’/e is the value of C...’/e for g/b=0, and is 


In «/o |. (40) 


2 
C/'/e = — In 2 = 0.4413. (41) 
Tv 
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The Measurement of Conductivity and Permittivity 
of Semiconductor Spheres by an Extension 


of the Cavity Perturbation Method* 


K. S. CHAMPLIN}, memper, rE, AND R. R. KRONGARDT 


Summary—A technique based on cavity perturbation theory is 
described with which one can determine the microwave conduc- 
tivity and dielectric permittivity of a small sphere of completely 
arbitrary conductivity. These properties follow from the measured 
frequency shift and quality change occurring when the sample is 
inserted into a regicn of maximum electric field in a cavity resonator. 
The range of validity of the quasi-static internal field approximation 
is discussed, and curves are provided for extending the measuring 
technique beyond this range. The extended theory is valid for the 
entire conductivity range from zero to infinity. Measurements on 
several samples of known conductivity and permittivity in which the 
approximation is not satisfied are seen to agree with the theory. For 
highly conductive materials, the present method is closely related 
to the ‘‘eddy current loss’? measuring technique discussed by 
others. The two methods are compared from the point of view of 
perturbation theory in order to determine their relative merits. Be- 
cause the measuring technique employs a spherical sample, it may 
be applied profitably to materials with nonisotropic carrier mobilities 
and to semiconducting materials for which contact fabrication tech- 
niques are poorly known. 


INTRODUCTION 
(Cae perturbation techniques have frequently 


been used to measure the complex magnetic and 
electric susceptibilities of many magnetic |1] and 
dielectric [2] materials. These measurements are per- 
formed by inserting a small appropriately shaped 
sample into a cavity resonator and determining the 
properties of the sample from the resultant change in 
quality and resonant frequency. 
Such techniques have found very little use in research 
on materials with conductivities in the range of semi- 
conductors. Several probable reasons are: 


1) The assumption often made in perturbation cal- 
culations—that the fields are uniform throughout 
the sample—is usually not satisfied with semi- 
conductors of practical size. 

2) The conduction and displacement currents of 
semiconductors are often of the same order of 
magnitude at microwave frequencies. The simpli- 
fying assumptions which apply to either low-loss 
or high-loss materials are therefore not valid. 

3) It is sometimes believed that the approximations 
inherent in perturbation methods preclude their 
use with materials of arbitrary conductivity. 

i Dv 3 1; revised manuscript 
Baler tay HOGG Cc atpoa by the NP Office of Scientific 


h of the Office of Aerospace Research, under Contract No. 
AP 49(638)-747, and by the Graduate School of the University of 
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versity of Minnesota, Minneapolis, Minn. 


The present paper treats the problem of determining 
the microwave conductivity and permittivity of a small 
sphere (~1 mm radius for x-band measurements, as 
shown in Fig. 1) of completely arbitrary conductivity. 
These properties follow from the measured frequency 
shift and quality change occurring when the sample is 
inserted into a region of maximum electric field in a 
cavity resonator. The method is quite general and re- 
quires no @ priort knowledge concerning the conduc- 
tivity range of the sample. For materials of arbitrary 
conductivity, both the frequency shift and quality 
change are required to determine uniquely ezther the 
conductivity or the permittivity. Furthermore, the uni- 
form internal field approximation often made in per- 
turbation calculations is found to limit measurement to 
materials of low conductivity. A computor solution of 
the field equations removes this restriction, thus extend- 
ing the measuring technique to high conductivity ma- 
terials. 

The measuring technique should apply to the syste- 
matic study of new semiconducting materials such as 
the organic semiconductors. For these materials, many 
of which have extremely nonisotropic carrier mobilities, 


Fig. 1—Spherical samples of Si and Ge with radii of 1.0 mm and 
0.4 mm, respectively. A common pin is included for size comparison. 
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the techniques of fabricating good “ohmic” contacts are 
totally unknown. In addition to the obvious advantage 
of eliminating contacts, the microwave technique has 
the further advantage of permitting measurement along 
various crystallographic directions by merely rotating 
the specimen. 


I. THEORY 
A. The Perturbation Formula 


Consider a single oscillatory mode of a cavity reso- 
nator. If a perturbing specimen, small compared with 
the spatial variation of the unperturbed fields, is intro- 
duced into the cavity, the complex natural decay fre- 
quency changes by an amount [3]-[8]! 

5a P.E,* + M-Hy* 


=— ) 1 
4) 4W m) 


where a complex quantity is denoted by a circumflex 
above it. In (1), Ey and Ay are the unperturbed fields at 
the location of the specimen, P and M are the speci- 
men’s total induced electric and magnetic moments ob- 
served externally, and W is the energy stored in the 
cavity. Although (1) applies to the transient case, 
measurements are generally obtained from the sinus- 
oidal steady state. For the high-Q values of interest, 
these viewpoints are related by 


& = wo + j(w0/2Q), (2) 


in which w» is the resonant frequency for forced oscilla- 
tions. 

Placing the sample at an electric field maximum re- 
sults in Hy =0, while the stored energy follows from the 
relation (mks units) 


= (Def | E|2do (3) 


cavity 


where E is the unperturbed vector field distribution for 
the given mode. There remains only to determine P. 

Casimir has solved for the magnetic moment of a fer- 
romagnetic sphere in an initially uniform high-fre- 
quency magnetic field [9]. Because of the dual nature 
of Maxwell’s equations, his solution applies also to the 
electric moment of a semiconducting sphere in a high- 
frequency electric field. The result, for a sphere of 
radius Rk and complex relative: permittivity @, is (see 
Appendix) 


x é0(7R) — 1) / 4 * 
IER ae } ( rR’) Eo, (4) 
é-O(7R) + 2) \3 


1 The ets Ste form of the perturbation formula is derived in 
references [3|-[7]. For small samples, (1) and the more general integral 
form are equivalent. 
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in which 7 is the propagation constant for plane waves 
in the material, and #(7R) is given by 


asl ({R) cosh (7R) —sinh (FR) | (5) 
GR cosh (7R)—{1+(9R)?} sinh (PR) Ne 


d(7R) = 


The imaginary part of the complex permittivity é, 
results from both dielectric and conductive losses. For 
semiconductors in which conductive losses predomi- 
nate, 


é, = Ga for (6) 


is a convenient convention, where the relative conduc- 
tivity o, is equal to o/we if dielectric losses can be 
neglected. The utility of this notation results from o, 
then being simply proportional to the conductivity in 
mks units, é.g.,.0,=(0.53)¢ at 9:6 kMe. 

Because of the form of (4), we define the effective com- 
plex permittivity of the sphere by 


€, (eff) — é,0(7R) 
= €cfett) a. IGrlekt)- (7) 
Methods for converting from effective to actual values 


will be given in Section I-D. Combining (1), (3), (4) 
and (7) leads to 
68 


€ntaray aan 
= — (3/2)(1/C.) (a2/ve) |], (8) 


aT eae” 


A) 
where v, and v, are the volume of the sample and of the 
cavity, respectively, and C, is the cavity constant, 

1 | E 
| | 


Ve Y cavity | 


2 


dv, (9) 


a quantity readily evaluated for a given mode; e.g., 
C.=% for a rectangular cavity oscillating in the TEjo, 
mode. , 


B. Inversion of the Perturbation Formula 


Assuming that the Q of the perturbed resonator is 
fairly pe (8) may be written 


{ite th if sao} 


2) 
= — ) 10 
} €r (eff) + 2} = jlorcern} ( ) 


where 
C= (3/2)(1/C.) (v6/0e). (11) 
Eq. (10) is of the form of the complex transformation 
Z = 3/2*, (12) 


where Z=X-+jY relates to the experimental param- 
eters and #=u-+jv to the physical properties of the 


196] 


sphere. Separating (10) into real and imaginary parts 
yields 


f ES 3} ercetty + 2} (13) 
K el 1 €r (eft) a 2}2 i ' ae 
1 3{ r(e 
\— a(1/20)f = ae et - (14) 
Lércetty + 24? + {orcerty }? 


The inverse transformation is, of course, of the same 
form. Thus 


1 Wo 
3 1! + Ge a 
| &r (ett) cr 2} = = PaCS) 
J, : 1 dw) ro J 1 (1 0) l 2 
PSA Reapers ked| 
ji \ 
3<— 6(1/20 
Ux ( OQ); 
Lr(eff)f = - (16) 


MEAG? CAPs Pesan os 
eee le rer 


Eqs. (15) and (16) separately yield ¢,(eff) and o,(eff) 
from the measured changes in w» and Q. 
Fig. 2 shows the relative frequency shift and quality 


Er (ott)=!0 


E (ott)=!6 


7, (ett) =!000 


17K 8(1/2Q) - QUALITY CHANGE - RELATIVE UNITS 


| Tr (ett) O! | 


- 07 -08 =0:9 SHO, 
17K (8 &,/~,) - FREQUENCY CHANGE - RELATIVE UNITS 


Fig. 2—Relative frequency shift and quality change as function of 
effective relative permittivity and conductivity of small semi- 
conducting sphere. Sphere is placed at location of maximum elec- 


tric field, 
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change for several values of e,(eff) and a,(eff). For 
small o,(eff), the frequency change depends only on 
e-(eff), and 6(1/Q) varies directly as a,(eff). Spencer, 
et al., have measured the complex permittivity of small 
ferrite spheres with effective conductivities in this 
range [1]. At the other end of the a,(eff) scale, w/w» ap- 
proaches a constant independent of e,(eff), while an in- 
verse relationship exists between 6(1/Q) and a,(eff). 
One sees that in general, both experimental parameters 
are required to determine ezther e,(eff) or o,(eff). 


C. The Quasi-Static Field Approximation 


Frequently, as in [1], one assumes that | FR| is small 
compared with unity. The field distribution then fol- 
lows from the static solution by merely extending e, to 
complex values. For a semiconducting sphere in an ini- 
tially uniform time-varying field, the quasi-static field 
within the sphere is again uniform; and the sphere ac- 
quires an electric moment given by (4) with é(7R) =1. 
Thus, for the quasi-static case, 


€r (eff) — €ry 


Or(eff) — Or. (17) 
The terms neglected in (4) by this approximation are 
those in (7 R)? and higher orders. 

The range of validity of the quasi-static approxima- 
tion at 9.6 kMc can be determined from Fig. 3. If one 
limits | +R| to values less than, say, 3, a germanium 
sphere of 4-mm radius restricts measurement to resis- 
tivities greater than about 10 ohm-cm (0,220). Reduc- 
ing the radius extends the range of validity. One can 
see, however, that practical considerations will prevent 
utilizing the quasi-static approximation with very low 
resistivity materials. For radii larger than about } mm, 
the approximation is never valid regardless of the re- 
sistivity because of the large dielectric constant. 
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Fig. 3—Magnitude of inverse propagation constant as a function 
of conductivity for silicon and germanium. f=9.6 kMc, For con- 
venience, resistivity scale is also shown. 
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D. The Exact Solution—Conversion from Effective to 
Actual Values 

For materials with magnetic permeabilities equal to 
unity, one can write 


(PR) = joo(uoer)'/?(é,R?) 1”. (18) 


Since, at a given frequency, (fF) is a function of the 
single complex variable (é,R?), (5) leads to the following 
complex relationship between (é,?) and (é-err) 4”): 


{ 2.cetty R?} = — 2\2,R?} 
| (VR) cosh (7R) — sinh (FR) | (19) 
(PR) cosh (PR) — {1 + (PR)?} sinh (PR) 


Eq. (19) has been evaluated for a frequency of 9.6 kMc 
with a high-speed digital computer. The results of these 
computations are shown in Figs. 4-6. 

Figs. 4 and 5 show a@’e,(er) and @’¢,(err) as functions of 
a’e, and a’c,, where a is the sphere radius in muzllimeters. 
At certain values, a type of dimensional resonance re- 
sults in €,ers) changing sign. The positive range of €,erf) 
is shown in Fig. 4 and the negative range in Fig. 5. One 
sees from Fig. 5 that the results become less dependent 
on ¢€, as og; increases. For ¢-<o,, (0o<1 ohm cm for Ge 
and Si) a unique relationship exists between @7a,(f4) 
and a’c,, which is independent of e,. This relationship is 
shown in Fig. 6. 

Although the curves of Figs. 4-6 were derived for 
f=9.6 kMc and p,=1, one can easily extend their use 
to other frequencies and (real) permeabilities by intro- 
ducing the “corrected” radius a’ defined by 


Ff cxme) 
are aeenCy’ 
9.6 


a = pA? 


(20) 


The plots in Figs. 4-6 are useful for estimating the 
accuracy of the quasi-static approximation as well as 
for converting from effective to actual values. As an 
example of the former, consider the solid curve ae, =4 
in Fig. 4 which applies to the 3-mm germanium sphere 
discussed in the previous section. At low conductivities, 
Tr(eft)/Or =1.03. As conductivity increases, the ratio de- 
creases but is still about 0.925 for a’¢,=80 (Fig. 5). One 
concludes that with a 3-mm germanium sphere, the 
quasi-static approximation introduces less than 8 per 
cent error in the measured conductivity for o,<320 
(e$0.6 ohm-cm). Thus, as far as conductivity measure- 
ments are concerned, the quasi-static approximation is 
much less restrictive than one might assume from Fig. 
3. For ¢,>320, it becomes necessary to correct the ef- 
fective conductivity. In this range, however, ¢,<o, so 
that Fig. 6 applies. 

When the conductivity is large enough that ¢,.<o, 
and 500 <a’o, are simultaneously satisfied, the asymp- 
totic approximation to the curve in Fig. 6 yields 


eo Ay) 


Qo, (eft) = — Oe (ett) = {5/2} (ao, aL 
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Fig. 4—Relationship between effective and actual values of relative 
permittivity and conductivity for sphere of radius a (millimeters) 
f=9.6 kMe, u,=1, e, (eff) >0. 
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Fig. ee ae pageren effective and actual values of relative 
permittivity and conductivity for sphere of radius a (millimeters). 
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Fig. 6—Relationship between effective and actual relative conduc- 


tiv ae for sphere of radius a (millimeters). é-Kor, f=9.6 kMc, 


while (13) and (14 


) become 


j 1 \ { 1 dwo 

ok Z Oy p= — 

\K \ IK Wo f 

Ges 
= | — . 22 
2 Or (eff) ( ) 
Combining, one has 
a? 

= (0.045) . (23) 


1 | 2 
{— a(1/20)} 


Thus, for very high-conductivity materials, ¢, can be 
determined analytically from measurements of quality 
change alone. 


E. The “Eddy Current Loss” Method 


The conductivity of highly-conductive spheres can 
also be measured by the “eddy current loss” method. 
With this method, one determines the conductivity 
from the change in Q which results from inserting the 
sample into a region of maximum magnetic field in a 
cavity resonator. 

The eddy current loss method was first discussed by 
Linhart, et al., who analytically determined the con- 
ductivity of a sphere that was large compared with the 
skin depth [10]. The size restriction was later removed 
by Kohane and Servitz with a graphical evaluation pro- 
cedure [11]. Both papers contain the tacit assumption 
which led to Fig. 6; 7.¢., ¢-<<o,(p<1 ohm-cm for Si and 
Ge). Further, the method of Linhart, et a/., applies to 
the region 500 <a’s,, for which the asymptotic approxi- 
mation in Fig. 6 and (23) are justified. 

For comparison with the “standard” method, it is 
informative to discuss the eddy current loss method 
from the standpoint of perturbation theory. According 
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to Casimir [9], a sphere of relative permeability @, in 
a high-frequency magnetic field acquires a magnetic 
moment 


A Z,0(7R) — 1 4 
Wt = us| (7R) i 
3 


j,0(fR) + 2) \ 


in complete analogy with (4). Again, 4(7R) is defined 
by (5). Since electric and magnetic fields enter (1) in 
exactly the same way, the work in Sections I-A and 
I-B can be extended to the present case by merely rede- 
fining the cavity constant in terms of magnetic fields 
and replacing €,@r) with |f,6(7R)}. For nonmagnetic 
materials (@,241), as considered in references [10] and 
[11], one then has the following: 


Ri Ah, (24) 


1) The real part of (VR) replaces €,ers), 
2) The imaginary part of 6(7R) replaces —¢;cer1). 
Performing these substitutions in (14) and evaluating 


for €,<«o, leads to the transcendental equation which 
has been plotted by Kohane and Servitz [11]. 


For large | +R], (VR) approaches 2/(7R). The 
transcendental expression then becomes 
| : 6(1 29) 
ene Ae 
3 1 1 
(25) 


a 2/2 w(uoeo)/?2R o,1!? 


in agreement with Linhart, et al. [10]. For the same 
approximation, the standard method leads to [see (23) | 


1 8) 
\— a(1/20)} = ——= (oe)? R (26) 


2/2 pala 


Thus, at 9.6 kMc the observed quality change by the 
two methods has the ratio 


1 
ee 
\— a(1/20) 

K a 


where a is the sphere radius in millimeters. 

The following comparisons can now be made: 

1) The standard method has several advantages over 
the eddy current loss method if the conductivity is not 
too large. The standard method is useful over a very 
wide conductivity range; it may be used with materials 
with uw,#1; and unlike the eddy current loss HMO oad it 
gives a single valued result. 

2) On the other hand, the eddy current loss method 
is probably preferable for conductivity measurements 
in the range 500 <a’o,, because there is a larger quality 
change for a given o, than with the standard method if 
the radius is less than 5 mm (as the original assumptions 
require). The eddy current loss method should thus 
yield greater accuracy in this conductivity range. 


Sos 
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TABLE I 
TypicAL MEASUREMENTS 
: = E ~ a 5 ae a a . = j p 
ae ape ce ae Wer (ott) Wor (eft) Wer Gor a Q cm 

S le 1 
eG 250 0.945 1.94 10.39 Aik 2 0.743 10.4 0.683 11.6 248 
Sample 2 ; "eth a 
p-type Si 135 1.026 4.03 13230 On 1.58 123} ih ot 
Sample 3 . aoe 
n-type Ge 37 (hae 9.13 20.49 OAs 8.32 DEY WD 6.90 15.9 : 
Sample 4 me 
n-type Ge 10 0.982 9.81 13.96 13.47 21.78 1550221 19.8 15.6+1 
Sample 5 a 
n-type Si 3 1.033 U2 eo) —1.43 Of 2? 15+5 65.0 1525 


II. EXPERIMENTAL RESULTS 


Measurements of microwave conductivity and _ per- 
mittivity have been performed on a number of single- 
crystal germanium and silicon specimens. An under- 
coupled, rectangular transmission cavity, oscillating in 
the TEio3 mode, was used in these studies. The sample 
was placed on a slight indentation in the center of a 
thin mylar film stretching horizontally across the mid- 
dle of the cavity. The film supported the sample at the 
cavity’s geometric center, yet left the empty cavity 
field relatively undisturbed. Opening and closing the 
cavity during measurement was avoided by inserting 
the sample through a small hole at a region of minimum 
wall current. The empty cavity had a resonant fre- 
quency of 9.482 kMc, a loaded Q of 7650, and a volume 
of 15.18 cm|3]. 

The response curve of the cavity was displayed on an 
oscilloscope by frequency modulating the klystron 
source. A marker pulse indicating the absorption fre- 
quency of a cavity wavemeter was superimposed on this 
resonance curve and used for measuring frequency dif- 
ferences. The change in quality caused by the sample 
was determined from the change in transmitted power 
as measured with a precision attenuator by using the 
following relation [12 |: 


1 P12 
oe 


where Qo is the loaded Q of the empty cavity. 

Typical results are shown in Table I. Even for the 
samples with large resistivity, the quasi-static approxi- 
mation is not justified in these measurements since 
| 7R| is of the order of unity (see Fig. 3). The approxi- 
mation gets worse as resistivity decreases. Indeed, for 
sample 5, the effective permittivity is actually negative. 
Although permittivity measurements are rather in- 
accurate in this range, the corrected value is of the right 
order of magnitude. The agreement between values of 
resistivity measured by dc and by microwave means is 
seen to be excellent. 


(28) 


III. CONCLUSIONS 


The preceding discussion has developed the relation- 
ships between the electrical properties of a small sphere 
of completely arbitrary conductivity and the frequency 
shift and quality change resulting from its insertion into 
a cavity resonator. For experiments in which the quasi- 
static field approximation is justified, the inversion for- 
mulas (15) and (16) yield the conductivity and permit- 
tivity of the sphere in terms of the experimental param- 
eters. For the general case, however, (15) and (16) yield 
only “effective” values which are then converted to the 
“actual” conductivity and permittivity with the aid of 
Figs. 4-6. Measurements on materials not satisfying 
the quasi-static approximation show good agreement 
with the theory. 

The above method may possibly be applicable to the 
observation of such semiconductor phenomena as the 
photoconductive effect, the magnetoresistive effect, and 
the “hot” electron effect, as well as to the simpler meas- 
urement of static conductivity. Since “ohmic” con- 
tacts are not used, these measurements can be made on 
materials for which contact fabrication techniques are 
not well understood. Furthermore, the spherical geom- 
etry should allow one to perform separate electrical 
measurements along the various crystal axes of non- 
isotropic solids by merely rotating a single specimen. 


APPENDIX 


THE ELECTRIC MOMENT OF A SEMICONDUCTING 
SPHERE IN A TIME-VARYING ELECTRIC FIELD 


Consider a sphere of radius R in a time-varying elec- 
tric field. Assume that the sphere is sufficiently small 
so that the external field in its neighborhood is quasi- 
static, reducing to a uniform field in the Z direction Ex» 
at large distances. Since the magnitudes of the constitu- 
tive parameters are to be unrestricted, no such assump- 
tion will apply to the internal field. This problem, whose 
magnetic analogue has been discussed by Casimir [9], 
is thus a step beyond the quasi-static treatment. 

In view of the solenoidal character of the complex dis- 
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placement vector, it can be derived from a vector po- 
tential A whose divergence is zero. Thus 


and 


| 
(29) 


V-A=0 
where 
2(s) (€0 t0rRe= 
Ga). = 30 
ES. lone: 7a IK B® 
The vector potential satisfies 
VA=0 forR<r (31) 
VA=FA=0 for r< RP (32) 


with 


sei . iis 
F = jot moere,} 1, 


and the boundary conditions that A and the tangential 
component of E are continuous at the surface of the 
sphere. 

Just as in the quasi-static treatment, the external field 
is the superposition of the uniform field £.) and that of 
a dipole in the z direction with moment P.. 


Az = — (1/2)eEwy — PRES 
Arr? 
Sen (33) 
Apel 2; —— | - 
Arr> | 
Inside the sphere, we put formally 
A, = — f(4r)y, 
A, = +f(fr)x. (34) 
Substituting (34) into (32) leads to 
‘ pur ‘ 
TESS Perce Chae Dara (35) 
(fr) 
which has the solution 
s (fr) cosh (Yr) — sinh (¥r) 
fan) = a4 ies | 
(7r) 
= afi(fr) (36) 


where a is a constant to be determined from boundary 
conditions. f 
From the continuity of A at the surface one has 


A 


ie 5. 
PW ers = ee = ee Bi) 
ap(7R) Agr! (1/2) ek 20, (37) 
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and from the continuity of the tangential component 


A 


of E, 
UM P. A 
- {2a(9R) + (PR)A'GR)} +— = cok. (38) 
4or R® 


es 


Solving (37) and (38) for P, yields the desired result, 


N é,0(7R) — 1 4 N 
P= $4 \( rR’) En, (39) 
@.0(7R) + 2 3 

where 

visa 2n(7R) 

1K) ERE (40) 
2A(7R) + (PR) A’ (PR) 

d(7R) 


ae (VR) cosh (VR) — sinh (VR) | (41) 
(YR) cosh (FR) — {1+ (yR)?} sinh (7R)) 
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The Dominant Cutoff Wavelength of a Lunar Line* 


A. Y. HUt+, memBer, IRE, AND A. ISHIMARU{], MEMBER, IRE 


Summary—A method is presented for calculating the lowest 
cutoff wavelength of anew microwave transmission line, the “lunar 
line,” which is formed by two eccentric circular metal tubes con- 
nected with a metal bar or tangential to each other. The lunar- 
shaped cross section is approximated by introducing a series of steps 
in the outer guide wall and by dividing the cross section into m fan- 
shape regions. Thus, the problem is reduced to one of a multiple- 
step waveguide and can be solved by introducing the angular param- 
eter a; for the individual regions. The radial boundary conditions 
require a combination of Bessel functions of noninteger order for 
each region. The common boundaries between regions give m in- 
tegral equations that represent the total power in one region trans- 
ferred into the next region. The integral equations are solved ap- 
proximately by solving only the first terms of an infinite series ex- 
pansion of the tangential electric field at the common boundary. The 
solution of the m-stepped waveguide results in a system of 2m 
equations containing 2m unknowns: the cutoff wave number £,, the 
order of the Bessel function p;, and the angular parameter a,. A suc- 
cessive approximation method is applied to obtain the cutotf 
wavelength. The calculated value is in close agreement with experi- 
mental results. 


I. INTRODUCTION 


N 1959 a new microwave transmission line, the 
if “lunar line,” was developed at The Boeing Airplane 

Company. The lunar line is an eccentric version of 
Schelkunoff’s coaxial cylinders with a radial baffle! and 
is formed by two eccentric circular metal tubes which 
are either connected with a metal bar or are tangential 
to each other (Figs. 1 and 2). The cutoff frequency of 
the lunar line is lower than that of circular or coaxial 
waveguides with the same outside diameter, propagat- 
ing TE,, mode. Its low impedance and wide bandwidth 
characteristics may make it useful as a transmission 
line, a filter, a cavity, or a feeder for an array of slot an- 
tennas. 

Conventional methods of determining the cutoff 
wavelength cannot be applied to lunar line because of 
its complicated cross section. In 1958 Iashkin?~ pro- 
posed a new method for determining the dominant cut- 
off frequencies of waveguides with triangular and 


* Received by the PGMTT, May 8, 1961; revised manuscript 
received, July 26, 1961. The work was performed under Contract 
No. AF 19(604)-6189 with the AF Cambridge Res. Center, Bedford, 
Mass., Rept. No 1, February, 1961. 

+ Boeing Airplane Co., Transport Div., Renton, Wash. 

t Dept. of Elec. Engrg., Univ. of Washington, Seattle, Wash. 

1S. A. Schelkunoff, “Electromagnetic Waves,” D. Van Nostrand 
Co., Inc., New York, N. Y., p. 392; 1943. 

2 A. I. lashkin, “A method of approximate calculation for wave- 
guides of triangular and trapezoidal cross-section,” Radiotekhnika, 
USSR, vol. 3, pp. 1-9; 1958. 

3 A. I. lashkin, “A method of approximate calculation of wave- 
guides with complicated cross-sectional form,” Radiotekh. i elektron., 
USSR, vol. 3, pp. 831-833; 1958. 

4A. 1. lashkin, “The calculation of the fundamental critical wave- 
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—Photograph of a lunar line. 
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pa = 1.8955 inches po=0.8125 inches 


Fig. 2—Cross section of a lunar line. 


trapezoidal cross sections. He approximated the cross 
section with a series of steps and introduced new angu- 
lar parameters a; which reduced the problem to a 
simple system of equations. However, because his solu- 
tion is restricted to a waveguide which can be approxi- 
mated by multistepped rectangular regions, it cannot 
be applied directly to the lunar line which has circular 
boundaries. 

In this paper, Iashkin’s method is extended to wave- 
guides with circular boundaries. A system of equations 
involving the cutoff wave number B,, the order of the 
Bessel function p,, and the angular parameter a;, is ob- 
tained and solved approximately. The numerically cal- 
culated cutoff wavelength of the lunar line is in close 
agreement with experimental results. 


Il. STATEMENT OF THE PROBLEM 


Consider the lunar line with the cross section shown 
in Fig. 2. It is assumed that only the dominant TE mode 
is propagating, and that the guide wall is perfectly con- 
ducting. The z component of the magnetic field, H., 
perpendicular to the cross section of the lunar line, 
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satisfies the two-dimensional wave equation 


OH, 


On 


Ve eH, = = 0 onthe boundary, (1) 


where V; is the gradient operator transverse to the ¢ 
axis, B. is the cutoff wave number, and the cutoff 
wavelength is given by \,=(27/8,). 


III. APPROXIMATION BY MULTISTEPPED REGIONS 


With conventional methods, it is not possible to ob- 
tain an exact solution for (1) when it pertains to the 
lunar shaped region shown in Fig. 2. An approximate 
solution can be obtained by deforming the outer bound- 
ary of the cross section into a series of steps (Fig. 3). If 
the deformations are not large and have alternate signs, 
their effect will be negligible, and the cutoff wave- 
length of the original lunar line will be approximately 
the same as that of a waveguide with a multistepped 
cross section. Thus, the problem is reduced to one of 
finding the cutoff wavelength of the multistepped 
waveguide. The precision of the calculated cutoff wave- 
length depends on the number of steps in the cross sec- 
tion. 


IV. SoLUTION BY MEANS OF THE PARAMETERS a; 


The lunar line shown in Fig. 3 is deformed by eighteen 
fan-shape regions. Because of their symmetry about 
g=7T, only nine of the eighteen regions must be con- 


sidered. For a cylindrical coordinate system, the 7th 
region is defined by 
1 > S $i; 
po = p & pi, 
where 
9. 
The solution of (1) for each region is? 
See apaneou)s - @ 


n=1 


where # is the order of the Bessel function and C is the 
coefficient of the series solution. The function Z, repre- 
sents the following combination of Bessel functions: 

, (BeP0)S p,, (Bp). (3) 


Zp. (B-p) = Jp, ’(Bcpo) Np, (B-p) om dV 


Application of the boundary condition yields 


aos: 
= 0, or 
Op | p=»; 


Z>,,"(Beps) = 0 (4) 


5. N. Marcuvitz, “Waveguide Handbook,” McGraw-Hill Book 


Co., Inc., New York, N. Y., pp. 66-80; 1951. 
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po=0.8125 inches 
p:=length from center o to outside of zth fan-shape region 


pi =0.98 inches ¢di= 20° 
p2=1.04 inches g2= 40° 
p3=1.12 inches ¢3;= 60° 


ps=1.23 inches ao Oe 
ps = 1.36 inches 
ps=1.53 inches 
p7=1.68 inches o7= 140° 
ps=1.81 inches 
p9=1.86 inches 


Fig. 3—Cross section of an 18-stepped form of a lunar line. 


and 
aH:, 
= 0) 9So!aine— 0; (5) 
0p 
The fields must be continuous across the com- 


mon boundary between the 7 and the 7+1 regions 
(po. Sp Spi, 6=$9:); thus 


Qin) 


DH CinZp (G0) COs Pin Ore 


n=1 


= DS CetZoe41,(BeP) COS Prtiald: — ety] (6) 


n=1 
and 
oo il ‘ 
S Cra aoe PinZp,, (B-p) sin Pino: = Qin) 
n=1 p 
ee il 
= Do Cerin — Pov Zpts41n(Bep) SiN Pitaynlb: — een] 
n=1 p 
= ®,(p). (7) 


The unknown function ®;,(p) is the radial electric field 
of the ith region. Expressed in a series form, ®;(p) is 


pin(BoP) 


®;(p) = a Ds a (8) 


The first approximation may be obtained by taking the 
first term of the expansion 


(9) 


Z,, (Be) 
ee Dye 
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The function Z,,, has the following properties :° 


Pi dp 
f Lien (Bp) Zpv(BcP) a 0, for W se VY, (10) 
A in p 
Pp dp 1 
[Z0,3(60) = = — Un, (0) — In, (0) 
Po i. p 2Pin 
for mi—=— Paes 11) 


The functions Z,,, are orthogonal in 7th region. This 
orthogonality property can be used to determine Cin 
and CGi1yn from (7) in terms of the integral involving 
the ®(p) function. Thus 
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Substituting (9) and (14) into (15) and integrating 


gives 


cot pii(oi — aii) 
(2p)? 


(Teale) = T»;,(p0) | 


cot Prnlo: — AG+1)n] 


lL Ge end alee) 


Ceeinn == 


Substituting Ci, and Coin into (6) and simplifying 
yields the following integral equation: 


Ce} 
n=1 


The limits of the right side of the integral in (14) are 
Po—pis1, but at 6=¢; and at p;Sp Spi41, the function 
®(£)=0H./dn=0. Therefore the 
Po Pi. 


F Seed 4 (16) 
\ (pir)? — PP GHt)n 
2 {{ i(E)Zp, (Bt) dé 
z a ; (12) 
sin Pinl(d = Qin) Ee (p:) — Ip. (po) | 
2 [> Bail Zrc (BEDE 
Po 3 (13) 
' sin Posvnald = ocirsyn]} acu, lace ~~ Tp ¢i41yn(0) J 
cot Pini — ain) f- ®il8)Zp,, (Bef) Zp, (Ben de 
Ip. (p:) io Ip (po) 
es cot Poisrynldi i, acsial f Pir i(E)Zp¢.,) (Be) Zp,,, ,), (Ben) dé 
= 2 (14) 
~ Tp (41), PitD) = Tn (41), (P 0) 
Between region 9 and 10, (16) is reduced to 
limit h to cot poi(d9 — a1) 
imits change awe 91 [T,,, (os) ~ Beal ee) (17) 
“P91 


Eq. (14) is an integral equation for the unknown 
function ®(£) and insures the continuity of the z com- 
ponent of the magnetic field at the boundary. There- 
fore, the unknown functions ®,(&) and ®,,;(&) are equal 
at the common boundary, and the function ®,(&) is 
used for a small region. 

The equation which determines the cutoff wave num- 
ber can be obtained by multiplying both sides of (14) 
by ®,(p) and by integrating over the boundary pp to p,. 
Since ®,(p) is the tangential electric field and both 
sides of (14) are the z component of the magnetic field, 
this procedure insures that the total power of the 7th 
region will be transferred into (¢+1)th region, that is 


fo e@H.crde = f° 80)Hecolode. (5) 


6 G. N. Watson, “A Treatise on the Theory of Bessel Functions,” 
Cambridge University Press, Cambridge, Eng., p. 135; 1958. 


since 
Py = pio, and Z' >», (BePs) = Z' >», (BcP10) =" (py 


Substituting ¢9=7 into (17) gives 


abs 
pola = 91) = oe Or a9 = T — 


- (18 
Des (18) 


At the boundary ¢=7, the field Ex0H./pd¢ is sym- 
metric and the field H, is zero. Thus, for the region 
represented in Fig. 3, a system of equations is obtained 
which consists of nine equations of type (4), eight 
equations of type (16), and one equation of type (18). 
Generally it is not possible to solve these equations be- 
cause an infinite number of aj, and pin must be deter- 
mined. However, it is shown in Section V that (4) ad- 
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mits only one positive real root Pi, and the rest of the 
roots are complex. The parameters p, and ay represent 
the dominant TE,; propagating mode. Therefore, an ap- 
proximate solution is obtained by neglecting all of the 


‘ nonpropagating modes. This approximation reduces the 


series in (16) to one term. Thus, eighteen equations of 
type (4), (16) and (18) contain eighteen unknown quan- 
tities B., a2, - - - a», (drop the subscript one of a) and 
Bis Pot. 

To solve for 6., assume an appropriate value of B, 
and substitute this value into (4), (16) and (18) for cal- 
culating a». Two ay parameters are obtained for each 
B. value. When the assumed value of 8, increases, the 
value of a» from (16) decreases and the value of ay from 
(18) increases. Therefore, the true value of B, can be de- 
termined graphically from the point where the value of 
these two ag are equal. 


V. SAMPLE CALCULATION OF THE CUTOFF 
WAVELENGTH OF A LUNAR LINE 


In order to choose some appropriate value of B,, a 
simplified case is first considered. Then the value of 6., 
is varied near the chosen value to obtain the true {,. 

In the deformation from the lunar-line cross section, 
to a one-stepped, fan-shape region, the approximate 
cutoff wave number may be chosen as 


2a 
BS E070. 
APaveraxs x 190°) 


(19) 


The fan-shape is stretched to form a rectangular wave- 
guide, and the dimension a is PaverageX 190°; therefore, 
the cutoff wavelength is 2a. 

Substituting 8,=0.70, into nine equations of type 
(4) and using the Bessel Function recurrence relations, 
gives 


Zp, (Bepi) = a [Jn, —1(Bepo) — Jy, +1(Bepo) | 
-[Vp,,-1(Bc:) — Np, +1(80p1) | 
2 [Wp,, -1(Bep0) a Np, +1(Bcp0) | 
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The Z,’,,(8.p:) functions are symmetrical with respect 
to the p;=0; therefore, the equation Z,’,,(8.p:) =0 has 
one positive root, and must have an equal negative root. 
Since H, is symmetric with respect to the p;=0, only 
the positive root pin needs to be considered. 

The values 6.po and 6.p; are too small to be consid- 
ered with the ordinary approximate formula for the 
large argument Bessel Functions. However, because the 
series form of these Bessel Functions converges rather 
rapidly, the finite terms are used for approximate com- 
putations to obtain the roots p; and the parameters a; 
of each 6, value. 

The graphical method is used to plot the function 
Z>,, (Bepi) against p; (Fig. 4 shows 4 Z>,'(8.p1) vs the pr 
curve) and the root, fu, of (4) is 0.625. Similarly the 


roots px + - + Po can be obtained. They are 
pir = 0.625 por = 0.803 
pa = 0.648 pn = 0.849 
pu = 0.673 psi = 0.886 
par = 0.708 po = 0.899. 
psi = 0.7501 (21) 


The.curve in Fig. 4 shows only one positive real root. 
It is difficult to find complex roots of the equation 
Zy (B-Pi) =9 for a small argument. However, the high 
modes of the field, H., are assumed to attenuate very 
quickly. Substituting 6,, a1=0 and nine pj roots into 
eight equations of type (16), a: through ap are obtained: 
ag is 1.1832. If po, is substituted into (18), the result, 
ay = 1.3943, is different from that obtained by comput- 
ing equations of type (16). Therefore, the value 8, =0.70 
does not satisfy this system of eighteen equations. How- 
ever, if it is assumed that 6.=0.64 and 6.=0.67, anda 
parameters are computed using the same procedure as 
that used to compute 8,=0.70, the data listed in Table 
I result. 

When £,=0.67, the a computed from equations of 
type (16) and that computed from (18) are close, there- 
fore B,=0.67 satisfies the system of eighteen equations. 
However, other lower values of 8, have been computed 


r,,—1(Bers) = Jn, +1(Bep,)}}. ee) in which the two ay parameters are different. Therefore, 
TABLE I 
COMPUTING a; PARAMETER 
6.=0.64 Bo=0.67 B.=0.70 
4 Bcpi Pit ay Bopi pir ai Bcpi Pit a; 
0.544375 0.56875 
{ oe 0.571 0 0.6566 0.599 0 0.686 0.625 0 
2 0.6656 0.592 0.1365 0.6968 0.621 0.1087 0.728 0.648 0.1225 
3 0.7168 0.617 0.2673 0.7504 0.642 0.1735 0.784 0.673 0.2234 
4 0.7872 0.649 0.4371 0.8241 0.677 0.4787 0.861 0.708 0.4394 
5 0.8704 0.687 0.6591 0.9112 0.718 0.7534 0.952 0.7501 0.6874 
0.9180 1.0251 0. | 4 : 
; ee ee 1.1512 1.1256 0.814 {10 ene 0,849 1.1096 
8 1.1584 0.813 1.3611 (9127 0.886 1.1872 
1.2462 0.863 1.3363 1.302 i 
ef pa ca ree 1.32144 1.3943 


2 See eee 
* wv, computing from type (16) equations. 
+ ag computing from (18). 
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Be=0.70 
(DFR 0.625 


Fig. 4—4Z’pin(Behi) vs pi curve 


6.=0.67 is the dominant cutoff approximate wave 
number of the experimental lunar line. The calculated 
value is in close agreement with experimental results. 


VI. EXPERIMENTAL RESULTS 


The lunar line used in the experiment was formed by 
two eccentric circular metal tubes, connected with a 
metal bar (Fig. 1). The waveguide wavelength of the 
lunar line was measured by the slotted section, audio- 
modulated signal source method. A crystal detector 
from an HP Model 805B slotted line was used to meas- 
ure the free space wavelength \. The crystal detector 
from the lunar line was used to measure the waveguide 
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wavelength \,. The distance between two adjacent 
minimum positions indicated on the VSWR meter is 
equal to half a wavelength. The mean value d,/2 was 
taken as the average of four such readings. The ends of 
the lunar line were terminated in adjustable short cir- 
cuits. Care was taken in adjusting the position of these 
short circuits to obtain a resonant standing wave distri- 
bution within the lunar line cavity at the measuring fre- 
quency. 

The experimental result of an average cutoff wave- 
length of the lunar line is 9.577 inches, the cutoff wave 
number 8, is 0.6561. 

Using the same method, the waveguide wavelengths 
of circular and of coaxial waveguides were measured for 
comparison. 

For a circular waveguide of radius, @=1.435 inches, 
a waveguide wavelength \,=8.52 inches was measured 
at a frequency of 2800 Mc. The experimental cutoff 
wavelength X, is 4.84 inches. For a coaxial waveguide, 
whose outer conductor radius @ is 1.435 inches and 
whose inner conductor radius 0 is 0.8125 inch, a wave- 
guide wavelength of \,=8.56 inches was measured at a 
frequency of 2200 Mc. The experimental cutoff wave- 
length Xd, is 6.8 inches. The experimental results are in 
close agreement with the calculated value of cutoff 
wavelengths for circular and coaxial waveguides. The 
dominant cutoff wavelength of a lunar line is lower 
than that of circular and coaxial waveguides having the 
same outside diameter. 
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The Negative-Conductance Slot Amplifier’ 


M. E. PEDINOFFT 


Summary—It has been suggested that the incorporation of ac- 
tive solid-state devices into the elements of an antenna may lead 
to the simplification of the over-all microwave system and at the 
same time to a reduction in size, power and weight requirements. 
This paper will discuss several approaches to a study of the micro- 
wave properties of a slotted antenna element shunted by a tunnel 
diode biased into its negative-conductance region. The first approach 
involves calculation of the lumped parameter equivalent circuit of 
the slot amplifier system at resonance and can be extended to de- 
termination of the gain bandwidth and noise performance of the 
device, whereas the second approach is concerned with the admit- 
tance of the slot and the diode as a function of frequency over a wide 
frequency range. The latter method of analysis successfully predicts 
the conditions of oscillation and amplification at fundamental as well 
as higher frequency resonances and leads to a method for stabiliza- 
tion of the system. Preliminary experimental results indicate a 
transmission gain of 21.5 db at 2.7 kMc with a Hughes Number 
PC-3 GaAs tunnel diode in the slot amplifier. 


I. INTRODUCTION 


URING the past few years, amplification tech- 
PD niques and devices available to the systems 

designer have been improved steadily to the 
point where the concept of low noise amplification 
within the elements of an antenna could be translated 
into a workable system. Several systems!” reported in 
the literature have demonstrated the feasibility of ob- 
taining parametric amplification and conversion gain 
by the use of solid-state diodes integrated into the an- 
tenna configuration; thus amplification occurs in the 
region of reception, and transmission losses which de- 
grade system performance are eliminated. These de- 
vices have been used with log periodic arrays and cylin- 
drical wire antennas. This paper describes the applica- 
cation of an amplification technique which uses the 
negative conductance of a tunnel diode in a linear mag- 
netic radiator, namely the waveguide endplate slot an- 
tenna.’+ An interesting property of the endplate slot is 
that when it is operated at resonance, it can be used 
with slight adjustment to couple all of the energy in the 
incident wave out into space, or it can provide unity 


* Received by the PGMTT, June 8, 1961; revised manuscript re- 
ceived, July 31, 1961. The research reported in this paper has been 
sponsored by the Electronic Res. Directorate of the AF Cambridge 
Res. Ctr., Air Res. and Dev. Command, Bedford, Mass., under Con- 
tract No. AF 19(604)-8386. ; 

+ Hughes Aircraft Co., Malibu, Calif. 

1 A. D. Frost, “Parametric amplifier antenna,” PRoc. IRE, vol. 
4 . 1163-1164; June, 1960. 

és Pe EDs Saree J. R. Copeland, and W. J. Robertson, “Anten- 
naverters and Antennafiers—Unified Antenna and Receiver Circuitry 
Design,” Abstracts of 10th Annual Symp. on USAF Antenna Research 
and Development Program, University of Illinois, Urbana, sponsored 
by Wright Air Dev. Div., Wright AFB, Dayton, Ohio, October 
3-7, 1960. ; 4 ‘ 

3 A. F. Stevenson, “Theory of slots in rectangular waveguides, 
J. Appl. Phys., vol. 19, pp. 25-38; January, 1948. : 

4°W. H. Watson, “The Physical Principles of Waveguide Trans- 
mission and Antenna Systems, Clarendon Press, Oxford, Eng., p. 89; 


1947. 


coupling to another waveguide. Thus, by placing a 
negative conductance element within the slot, one can 
obtain transmission gain through the slot for the case of 
electromagnetic radiation coupled to the waveguide 
from space or from another waveguide. Due to the bi- 
lateral nature of the slot-diode system, one obtains gain 
for waves incident on the slot from either direction; but 
in addition, the presence of the diode within the other- 
wise matched slot produces a mismatch and an attend- 
ant reflection coefficient greater than unity in the di- 
rection of incidence. In many applications such as a 
waveguide line amplifier, the large reflected component 
of the wave can again reflect from regions of impedance 
mismatch and give rise to feedback oscillations unless 
proper isolation is used; but for the antenna receiving 
application, the wave reflected from the slot is radiated 
into space, thus eliminating one source of instability. 
This ultimately results in a reduction of the available 
gain by approximately 3 db, but saves considerable 
weight and space by the elimination of the need for a 
circulator and at least one isolator. 


Il. THEORY 
Waveguide Endplate Slot 


Tunnel Diode in an Endplate Slot: Consider the an- 
tenna system formed by placing a tunnel diode at the 
center of a horizontal centered slot cut in an infinite 
endplate which terminates a waveguide supporting the 
TE.) mode, as shown in Fig. 1. Sevenson® has shown 
that transverse broadwall slots present a series im- 
pedance to the dominant mode in the guide and can be 
represented by an equivalent circuit consisting of a 
lumped inductance, a lumped capacitance and a radia- 
tion resistance all in parallel at the frequency of reso- 
nance of the slot. Watson‘ has shown that if the wave- 
guide is terminated by a thin perfect conductor and the 
series slot is moved from the broad wall to the center of 
the endplate, then the slot retains its parallel, resonant, 
equivalent circuit and the slot impedance is now the 
terminating impedance for the waveguide. Thus the 
slot presents a parallel impedance to the dominant mode 
in the guide. This is illustrated in Fig. 2(a)—2(d). In this 
analysis we are concerned with the impedance which the 
slot and waveguide system presents to the terminals of 
the tunnel diode at the center of the slot. In other words, 
it is important to deduce the relationship between the 
wave impedance of the slot as seen from the input end® 
of the waveguide and the driving point impedance of 


5 In the equivalent circuits presented here which refer to a wave- 
guide input it is assumed that the input terminals are an integral 
number of half wavelengths from the endplate, or that the lumped 
equivalent circuit refers to the plane of the slot. 
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Fig. 1—Endplate slot containing a tunnel diode. 


the slot as seen from a pair of terminals placed near the 
centers of the long walls of the slot [see Fig. 2(c) and 
(d) |. Thus the endplate slot acts simultaneously as a 
resonant circuit and as an impedance transformer. This 
impedance tranformation ratio will be derived in a later 
section. 

The microwave equivalent circuit of the tunnel diode 
has been described in the literature by several authors®? 
and is shown in Fig. 3 where the negative conductance 
is determined by the dc current-voltage characteristics 
of the diode shown in Fig. 4. By placing the tunnel 
diode across the slot (terminals ZZ’), one obtains the 
equivalent circuit shown in Fig. 5. If the waveguide is 
terminated by a constant current generator with an 
internal impedance equal to Z,, the characteristic im- 
pedance of the waveguide for the dominant mode, the 
equivalent circuit of the system referred to the center of 
the slot is given by Fig. 6 for the frequency of resonance 
of the slot. At frequencies far removed from resonance 
this equivalent circuit is not valid. This, then, is the cir- 
cuit describing the transmission amplifier, and it is eas- 
ily converted to the receiving amplifier by transposing 
the constant current generator to the position of 7. 
Thus, a wave incident on the slot from the right will in- 
duce a current in the system across terminals ZZ’, and 
the magnitude of this current will be determined in part 
by absorption cross section of the slot. Fig. 7 demon- 
strates the lumped parameter equivalent circuit for the 
receiving amplifier and the feasibility of increasing the 
source and load currents by means of the negative con- 


6 H. S. Sommers, Jr., “Tunnel diodes as high frequency devices,” 
Proc. IRE, vol. 47, pp. 1201-1206; July, 1959. 

7B. Sklar, “Tunnel diode, its action and properties,” Electronics, 
vol. 32, pp. 54-57; November, 1959. 
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(a) 


(d) (e) 


Fig. 2—Geometrical representation and circuit equivalents of slots. 
(a) Series slot in broad wall of a waveguide. (b) Equivalent circuit 
of series slot in broad wall. (c) Shunt slot in endplate of a wave- 
guide. (d) Equivalent circuit of shunt slot in endplate of a 
waveguide. (e) Equivalent circuit of endplate slot showing im- 
pedance transformation property of slot at resonance. 


ductance which is transformed by the reactive network 
to terminals ZZ’. 

The preceding qualitative lumped parameter equiva- 
lent circuit analysis has been presented in order to pro- 
vide the reader with some physical insight into the am- 
plificatory behavior of this device and is based largely 
on heuristic arguments. The equivalent circuit for the 
slot is valid only near resonance, and the presence of an 
obstruction in the center of the slot such as a tunnel 
diode provides a sufficient lumped reactance to alter the 
coupling of the slot to the waveguide. This results in a 
shift in slot resonant frequency and an alteration of the 
elements of the equivalent network. If the dimensions 
of the diode become appreciable with respect to slot 
wavelength the fields will be distorted and the equiva- 
lent circuit parameters will be altered. 

In view of the fact that the circuit is valid only over 
a narrow frequency range and must be changed for each 
higher order resonance of the device, it is of limited use- 
fulness for determining stability conditions over a wide 
range of frequency. However, the lumped parameter 
equivalent circuit can be used to estimate the gain band- 
width product of the system. 

Properties of the Resonant Endplate Slot Terminating a 
Waveguide: Stevenson* has shown that for the case of a 
slot in one wall of an infinite (terminated) waveguide 
the voltage amplitude P at the center of the slot near 
resonance is related to the amplitude A of an incident 
TE wave by the formula 


P/A = ¢/Ka, (1) 
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Fig. 3—Equivalent circuit of tunnel diode biased into 
the negative-conductance region. 
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Fig. 4—Typical current vs voltage characteristic 
of a tunnel diode. 


where ¢ and K are complex dimensionless quantities de- 
fined in (2) and (3) and a is the broadwall dimension of 
the waveguide. 


r/4 
c= {16 cos reds, (2) 
ya 
where /(£) /a denotes the component of H along the slot 
at the point € in an Ho,;(TEio) wave of unit amplitude 
traveling in the positive Z direction. 


Re(K) 

= — 73/60r — (y/2)| ¢|? (endplate slot only) — (3a) 
Re(K) 
=——— 7 | (3 |? (guide to guide endplate coupling slot), (3b) 


where y=1/r’?kUab, R=2r/d, U=k,=27/),, and 6 is 
the height of the guide. 

The amplitudes of the reflected and transmitted 
waves in the guide generated by the voltage induced in 
the slot are given by 


B/P = ¢/x?kUb 
C/P = ¢*/x?kUb (for guide to guide case only), (4) 


where the star denotes the complex conjugate. 
Applying these equations to the case of the wave- 
guide terminated by an endplate slot one finds that the 
wave reflected from the endplate consists of two compo- 
nents. One component is due to the endplate in the ab- 
sence of the slot and the other due to the presence of the 
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Fig. 5—Equivalent circuit of tunnel diode slot configuration 
referred to waveguide input terminals. 
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Fig. 6—Equivalent circuit of tunnel diode slot transmission amplifier 
including matched generator at waveguide input. 


Fig. 7—Equivalent circuit of tunnel diode receiving amplifier. 


slot. Thus, if the amplitude of the incident wave is A 
and the reflection coefficient of the plate is —1, one ob- 
tains for the reflected component from (1) and (3) 


(Sa) 


or 


a (5b) 


where I is the reflection coefficient of the system re- 
ferred to the plane of the slot. 

The impedance of the endplate slot normalized to the 
waveguide is then defined by 


Beit see: 


—30ryf? 
i ee ae 


ve 73 


(6) 


nr 


Consider now an endplate containing a slot of length 
2L and width 2e with its center displaced by x» from the 
narrow wall of the guide and oriented at an angle 6 rela- 
tive to the broadwall (see Fig. 8). Letting the X axis be 
parallel to the broadwall, one obtains from Stevenson’s 
solution for the fields in the guide the magnetic compo- 
nent H, 


T TX 
ie — ( — Un) sin — . (7) 


a a 
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Fig. 8—Endplate slot position and orientation. 


The component of H along the slot then has the form 


f@) = 2H,, = 2H; cos (8) 


a 
2 x 0 
ES (= Us) sin e oer ) cos6, (8) 
a 


a 


where the factor 2 in front of H,; is to account for the 
incident and reflected fields at the endplate. Combin- 
ing (8) and (2), one obtains 


; TX fae 
sin { —— } cos | — —cos@ 
Uo1 ‘ a ah @ 


For the centered horizontal endplate slot the param- 
eters Xo and @ have the values x»=a/2, 0=0, and the 
function ¢ is given by 


where sin 1=)/2a and cos 1=A/Ag = U1 /R. 
In general, the endplate function | ¢| * has the form 


: . , 7X0 Tee 
167? cos? 7 cos? 6 sin? —— cos? (= sin 7 Cos ) 
a 


pi)? = BC) 


[1 — sin? z cos? 6]? 


The normalized impedance of the centered horizontal 
endplate slot thus becomes 


ts 
167? cos? 7 cos? (5 sin ‘ 


307 il 
Z=— X —— X 
73 a’kU ab cos! 7 
@ sin?2 Fg 2 On. 
= 2.09 — cose | —— Siti 4), (12) 
b cos*1 2 


The preceding analysis can be extended to the more 
general case of a displaced rotated endplate slot by the 
use of (9) and (6). (While this analysis is not new it ap- 
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pears in the literature in sufficiently ambiguous form as 
to require restatement here.) 

Thus it is apparent that the slot presents an 1m- 
pedance to the reference plane of the waveguide given 
by 


Vv 
Zin = al = (sa) Dr (13) 
2 Ke VCs 


where Z, is the characteristic impedance of the guide 
for the dominant mode of propagation, and Zj, is the 
waveguide input impedance. 

Hence the slot behaves as an impedance transformer 
which transforms the driving point impedance of the 
resonant slot radiating into a half space (2R,) into the 
input impedance given by (13) above. This impedance 
transformation ratio ¢? is defined as the quotient of the 
input impedance Zj, and the slot impedance 2k, 


Live 2 J, 
DIRa 2K — yf?/ 2R, 
where 
1207)? 
be (15) 
ASKS 


for a halfwave resonant slot.® 

An equivalent circuit representation of this trans- 
former is given in Figs. 8 and 9. If the waveguide is ter- 
minated in a matched load, the impedance presented to 
the driving point of the slot due to this load is given by 


i (IR ae 
Z= = ( ) 2R, 
e 7o 


(16) 


Since this impedance is in parallel with the slot radia- 
tion resistance 2R,, the total driving point admittance 
of the resonant endplate slot coupled to a matched 
waveguide is found to be 


1 2 
meee ees 
2R, 2K — yf? 


By applying conservation of power® to the guide-to- 
guide mutual endplate slot, z.e., the resonant transverse 
iris, the driving point impedance of the slot radiating in 
one direction is found to be equal to 


2(377) 
y(s)? 


(17) 


= 2n/y(f)?. (18) 


slot — 


* Putnam in the book noted below has shown that experimental 
values for the driving point impedance of resonant slots are centered 
about 350 ohms, and that the spacing of the centered driving points 
has a pronounced influence on this impedance. 

J. L. Putnam, “Input impedances of centre-fed slot aerials near 
Ree resonance,” J. IEE (London), vol. 95, pt. 3A, p. 290; 

* By assuming a wave of unit amplitude incident on the slot, one 
can compute the power incident on the slot, the power reflected from 
the slot, and the power transmitted through the slot, as well as the 
voltage induced at the center of the slot. Then equating the trans- 
mitted power in terms of the slot voltage and impedance to the net 
power in the dominant mode we may obtain (18). 
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Fig. 9—Equivalent transformer—endplate slot. 


If the resonant slot feeds a matched guide, all of the 
energy incident on the slot is transmitted and the input 
impedance is equal to Z,. Therefore, a transformation 
ratio'® (p’)? can be defined by 


COT icgenemene tis e 5 ra 
2n/y(s)” 2m 


(see Fig. 10). Thus the matched load Z, transforms into 
the slot as Z,/(’)*. Adding this transformed impedance 
to that of the diode Zp one gets 


1 @)\> 
ae ( - ) | 
dice analy a 
Transforming back to the input yields the input im- 
pedance Z;, or admittance Yj,; 


(19) 


(20) 


Dea 
Zin = ("| + =| 
Zp ae 
Ve 2n VY 
Ve — + y, = ¥, (== a 1). (21) 
(¢’)? rs)? 
Eq. (21) is an approximation relating the measured 


waveguide input admittance to the admittance of the 
diode in the waveguide slot. It is understood here that 
the transformation ratio (¢’)?:1 relates the driving 
point impedance of the unobstructed guide-to-guide 
coupling slot to the input impedance of the waveguide. 
Any changein boundary conditions at the slot such as the 
presence of the diode or a change in guide height will 
alter this transformation ratio. However, if the circuit 
is analyzed from the viewpoint that the tunnel diode 
located at the center of the slot “sees” a constant cur- 
rent generator of internal impedance Z,/(’’)’ on the 
left and a load of impedance equal to Z,/(¢’’)” on the 
right, where (’’)? is the true impedance transformation 
ratio, then the circuit shown in Fig. 11 will adequately 
represent the system, provided ¢’ is replaced by $”. 
Two problems preclude a meaningful analysis of the 
equivalent circuit of the slot tunnel diode guide-to- 
guide coupler. The first of these is based on the fact that 
at resonance it is difficult to compute the exact transfor- 
mation ratio (¢’’)?, and the second arises because it is 
difficult to determine the transformation ratio at fre- 


co; f (6), (10) and (15) in (14) indicates that ¢’ in (19) is 
Pei i s) Lae This implies that the field configurations on 
either side of the slot are independent of each other. 
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Fig. 10—Sketch of endplate slot—diode assembly acting as 
a guide-to-guide coupler. 
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Fig. 11—Equivalent circuit of endplate slot diode 
guide-to-guide coupler. 


quencies removed from the fundamental slot resonance. 
As a consequence of the above analysis, the conclu- 
sion was drawn that ordinary waveguide measurements 
made on endplate slots and guide-to-guide coupling 
slots containing negative resistance diodes would yield 
information which could not be readily correlated with 
theory at frequencies off resonance. Moreover, at reso- 
nance the theory could be evaluated only by means of 
a parameter $’’ which in turn was not simply deduci- 
ble from experiment because of the peculiarities of 
negative impedances. However, the form of the equiva- 
lent circuit obtained should be amenable to gain and 
noise analyses. In the next section a method of analysis 
is presented which qualitatively predicts the behavior 
of diode slot systems and is applicable to waveguide slot 
systems as well as slots in infinite conducting planes. 


Admittance Analysis 


Admittance Analysis of Tunnel Diode Slot Systems: An 
evaluation of (15) and (18), which describes the driving 
point impedance of an endplate slot and a guide-to- 
guide coupling slot, respectively, shows that the driv- 
ing point radiation resistances of the slot radiating into 
space and into a matched waveguide differ by ap- 
proximately 30 per cent for the case where \ =1.4a and 
a=2b (typical values for these waveguide parameters). 
Therefore, one can expect that the admittance proper- 
ties of both slot geometries will show similar behavior 
as a function of frequency with the exception that the 
conductance of the guide-to-guide coupling slot will ex- 
ceed that of the endplate slot by 30 per cent. Appar- 
ently here the role of the environment of the slot is to 
determine the degree of coupling of the slot field to the 
boundaries and has little effect on the resonant fre- 
quency of the slot. However, in the case of an endplate 
slot backed by a resonant cavity, Putman® has shown 
that the presence of the cavity gives rise to a doubling 
of the resistive component of the impedance for all 
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cavity dimensions, and a marked dependence of the 
reactance at all frequencies on cavity dimensions. This is 
attributed to the natural reactance of the cavity in 
shunt with that of the slot. 

In the light of this information, it was concluded that 
the driving point behavior of a resonant slot radiating 
endwise into two matched waveguides would be quite 
similar to that of a resonant slot cut in an infinite con- 
ducting plane and radiating into space. Hence an ad- 
mittance analysis of the free space slot diode systems 
should predict qualitatively the behavior of the wave- 
guide endplate diode slot and the guide-to-guide slot 
diode coupler systems as a function of frequency. 

Calculation of the Driving Point Admittance of a 
Resonant Slot Cut in an Infinite Conducting Plane: By 
using an application of Babinet’s principle! it can be 
shown that the radiation (driving point) impedance of 
a strip dipole and its slot complement are reciprocally 
related by the expression 


(Zo)? 
WA = ) 
AZ» 


(22) 


& 


where Z)=120 z, Z, is the impedance of the slot, and 
Z, is the impedance of a strip dipole of the same shape 
and size as the slot. This relationship is not restricted to 
resonance conditions; hence, if the impedance of the 
strip dipole is known as a function of frequency, then 
one can calculate the corresponding complementary 
slot impedance as a function of frequency. The slot ad- 
mittance can be calculated from (22) by inserting the 
equation 
4 
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where JY, is the driving-point admittance of the slot. 

One point to be considered here is that the usual tab- 
ulations of impedance data presented by King” and 
others have been obtained from calculations based on 
wire antennas of circular cross section, whereas the 
complement of a slotted antenna is a flat strip. Hallen™ 
has shown that if the flat strip antenna has a width 
equal to W then it is equivalent in cross section to a 
wire of radius 


ye 24 
7a (24) 


Since impedance data is usually tabulated for various 
values of the ratio of antenna length to diameter 
(2h/2a), this aspect parameter for the slot complement 


" H. G. Booker, “Slot aerials and their relation to complementary 
wire aerials (Babinet’s principle),” J. TEE (London), vol. 93, Part 3A, 
p. 620; 1946. 

® R. W. P. King, “The Theory of Linear Antennas,” Harvard 
University Press, Cambridge, Mass., p. 173; 1956. 

18 E. Hallen, “Theoretical investigations into the transmitting and 
receiving qualities of antennae,” Nova Acta Regiae Soc. Sci. Up- 
saliensis, ser 4, vol. 11, pt. 1, p. 1; 1938. 
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can be written as 


(25) 


where 2h is the slot length and W is the slot width. The 
thickness-length parameter is sometimes described by 
the function 


2h 
Q = 2In—- 
a 


(26) 


The equivalent dimension parameter h/a or 2 for the 
slot is thus calculated from (24) or (25) and is used to 
select the appropriate tabulated wire dipole impedance 
data from King.!2 This impedance data is then con- 
verted by means of (23) into slot admittance data. 
The device used in this experiment contained a slot 
of length 2.25 in and of width 0.030 in. Thus, from (25) 
and (26), the thickness-to-length parameters were 
found to be h/a =150 and Q=2I1n (2h/a) = 11.4. Return- 
ing to the dipole data given by King, it was concluded 
that the resistance and reactance of a wire dipole of 
thickness-to-length ratio (h/a) equal to 122.4 was suf- 


ficiently accurate for use in evaluation of the slot ad- 


mittance near the first resonance. Taking the real and 
imaginary parts of (23), the slot conductance and sus- 
ceptance were computed from the relations 


Rw 
35,476 

x 
35,476 


G, 


(27) 


where Rw and Xyw are the real and imaginary parts of 
the dipole impedance, and G, and B, are the conduct- 
ance and susceptance of the slot, respectively. The ad- 
mittance data thus obtained is shown as a function of 
frequency in Figs. 12 and 13. Comparison of these 
graphs of the calculated slot conductance and slot sus- 
ceptance as a function of frequency with measured 
values of slot resistance and reactance as a function of 
frequency obtained by Putman indicates that the theo- 
retical and experimental curves have the same general 
form but differ slightly in scale factor. For example, the 
calculated conductance of the slot at resonance (A/2) is 
2X10-* mho and is somewhat smaller than a value of 
2.810? mho measured at lower frequencies by Put- 
man. This discrepancy between theoretical and empir- 
ical values of resonant slot admittance has been dis- 
cussed by Bailey who concludes that these values may 
differ by 20 per cent barring experimental inaccuracies 
and driving-point effects. The purpose of this compari- 
son has been to show that the driving-point admittance 
as a function of frequency of a slot cut in an infinite 
conducting plane can be qualitatively predicted by 


“ C. E. G. Bailey, “Slot feeders and slot ials,” 
(London), vol. 93, pt. 3A, p. 615; 1946, Se sna aa 
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means of the preceding computational steps. More- 


over, the results of the calculation should be sufficiently 
accurate to enable prediction of the shifted resonance 
frequencies and the net driving-point conductances 
which will result when a microwave tunnel diode is 
placed across the center of the slot. 

Conductance Transformation of a Tunnel Diode: If 
a semiconductor diode, such as a tunnel diode, is now 
placed at the feed terminals of the slot, the frequencies 
of resonance and the total conductance of the system at 
these resonance frequencies can be determined by 
superimposing the diode conductance and susceptance 
on the graphs of slot conductance and susceptance 
with the signs reversed. The resonance frequencies 
would, therefore, occur whenever the diode susceptance 
and the slot susceptance intersected. 

In order to plot the diode susceptance and conduct- 
ance in conformity with the foregoing scheme, one must 
first transform the equivalent circuit of the diode. By 
neglecting the series inductance of the tunnel diode 
equivalent circuit one obtains a three-element circuit 
which can be conveniently reduced to two elements (see 
Figs. 14 and 15). Since the impedances of both circuits 
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circuits. 
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Fig. 15—I-V characteristic of Hughes PC-3 GaAs tunnel diode. 


are equal, one can write 


eG Nee 
The resistive cutoff frequency w=w(max), occurs when 
Real Z(w) =0. Solving for w max yields 

BS Gy iat (29) 
2rC V GR 


ee = 


where for later use we define 
a = f/f max = w/w max. 


(30) 


By equating the real and imaginary parts of (28) one 
obtains 


C 
(1 — RG)? + w?R2C? 
—G + RG? + wC?R 


—G'= : (32) 
(1 — RG)? + w?R?C? 


C= (31) 


Using (29) and (30) to eliminate the capacitance C from 
the denominator of (31) for C’ and from the numerator 
and denominator of (32) for —G’ yields 


1 1 
= er TEE eS (33) 
G’ Gi — a?) 
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and 
C 
= ie ; (34) 
(1 — RG)(1 — RG + a?RG) 
For frequencies far below cutoff a1 and 
1 1 
== = R (35) 
GieeG: 
G 
Gee a ae (36) 
(1 — RG)? 


A typical calculation performed on the Sylvania D4115 
B Tunnel Diode indicates that at low frequencies the 
negative resistance and the capacitance of the diode are 
given approximately by 


1 
a = 36.49 ‘or G = 2.74 X 10°? mhos 
Cozi pie lor a 19a 10a a max Uts) 


Plots of diode conductance G’ and susceptance —wC”" 
are shown in Figs. 12 and 13 superimposed on the calcu- 
lated values of slot conductance G and susceptance B. 
In addition, the estimated conductance and susceptance 
of the Hughes point contact Gallium Arsenide (PC-23) 
tunnel diode are shown on the same figures for compari- 
son. 

It is apparent from a study of Figs. 12 and 13 that at 
resonance the Sylvania tunnel diode cannot provide 
stable amplification because the negative conductance 
of the diode greatly exceeds the slot conductance, and 
will, therefore, give rise to large amplitude oscillations. 
Similarly in the case of the Hughes diode (PC-23) at 
resonance the negative conductance slightly exceeds the 
positive conductance and gives rise to oscillations. 

Admittance Transformation Within the Slot: In order 
to stabilize the diode-slot system, some technique must 
be used to effect a transformation of the slot conduct- 
ance and/or susceptance presented to the diode so that 
either the resulting conductance at resonance is posi- 
tive or the resonant frequencies of the system are shifted 
into regions where the net conductances are non-nega- 
tive. Several techniques are available which will cause 
the admittance presented to the diode to change. The 
first of these is the impedance or admittance transfor- 
mation obtained when a dipole is fed asymmetrically. 
It can be shown that if the voltage distribution of an 
infinitesimally thin resonant slot antenna is independ- 
ent of feed position, then the driving point resistance 
at resonance as a function of feed position is given by 


ap hae 
Kia) = R, sin = =| ; 
Deel 


where R,=480Q is the radiation resistance of the half- 
wavelength slot when center fed at resonance, d is the 
position of the feed from one end of the slot, and 2/ is 
the slot length. Inversion of (38) yields the resonant 


(38) 
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conductance of the slot as a function of feed position 


(39) 


It is apparent that the conductance presented to the 
diode at slot resonance can vary from approximately 
210-3 mho with the diode at the center of the slot to 
co mho with the diode at the end of the slot (for a thick 
slot the conductance at the end of the slot is finite). 
According to King! the input impedance of an asym- 
metrically-fed antenna is equal to the sum of the im- 
pedances of two antennas of different and quite arbi- 
trary lengths. This conclusion is based on the evidence 
that the current distribution in each part of the antenna 
is largely independent of the other part. The antenna 
impedances under consideration here are half imped- 
ances calculated on the basis of center fed antennas of 
half lengths equal to the lengths of the asymmetrical 
elements. These half impedances are directly obtained 
from the impedance data computed for center fed ele- 
ments by merely dividing the resistance and reactance 


by two. In fact the same impedance plot suffices to. 


describe the impedance of these elements of dissimilar 
length provided the frequency scale on the abscissa of 
the data is adjusted to account for the different lengths. 
Thus, for an antenna fed near one end, one adds half of 
the impedance of a vanishingly small antenna to half 
the impedance of an antenna of almost twice the length 
of the total antenna. Further analysis of this system in- 
dicates that below resonance the effect of shifting the 
feed to one end is to increase the driving point imped- 
ance of the wire antenna. In a similar manner one finds 
that the admittance of a slot fed near one end is a large 
quantity near resonance for the slot. Moreover, this 
method of analysis of asymmetrical feeding of slots indi- 
cates that the net susceptance of the slot does not re- 
main constant as one moves the driving point of the 
slot. 

The conclusion drawn from the analysis of impedance 
transformation due to a shift in the driving point of the 
endplate slot is that for a given driving point (diode) 
location it is possible, using King’s technique, to com- 
pute the driving point conductance and susceptance pre- 
sented to the diode. However, if one requires the com- 
plete admittance behavior as a function of frequency for 
all slot positions, the data manipulation would require 
computer processing and plotting. In addition, the re- 
sults would not possess a high degree of accuracy for de- 
termining system resonance frequencies because of the 
absence of susceptance data describing the local field 
perturbation due to the diode package within the slot. 

A second technique for altering the slot admittance 
involves the use of a lumped admittance element placed 
within the slot. For example, by placing a rod through 
a hole cut in one wall of the slot, one can produce an 
obstacle within the slot whose behavior will be analo- 


16 King, op. cit., p. 406. 
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gous to that of an obstacle in a waveguide. It has been 
experimentally determined that a slot which is resonant 
at 4 kMc can be suitably loaded by an obstacle so that 
it resonates at a frequency below 3 kMc. By applying 


' Babinet’s principle to cylindrical antennas it is ob- 


served that lengthening a half-wave dipole makes it 
more inductive, whereas lengthening a half-wavelength 
slot makes it more capacitive and shortening it makes 
it more inductive. Therefore, a slot cut to resonate ate @) 
given frequency will be inductive below resonance: In- 
troducing an obstacle which incompletely fills the slot 
and provides the required amount of capacitance will 
restore the condition of resonance. It is thus apparent 
that by reducing the length of the slot one can shift the 
slot resonances to higher frequencies; then by placing a 
variable shunt capacitance at the center of the slot one 
can tune the slot in order to bring the fundamental res- 
onance of the slot back to its original frequency. As a 
result of this manipulation the fundamental resonance 
will be unchanged, but all higher frequency resonances 
will be shifted to new frequencies, some higher and some 
lower than before. Furthermore, the resonant conduct- 
ance of the slot will be reduced by this adjustment. 
Returning to Figs. 12 and 13, it is seen that the pres- 
ence of a lumped capacitance due to the diode or 
another obstacle at the center of the slot will shift the 
first resonance of the system to a lower frequency than 
one would obtain in the absence of capacitive loading. 
Therefore, if amplification is required at a given fre- 
quency, the slot must be designed so that the first 
resonance, after loading, falls at this frequency and all 
other resonances occur at frequencies where the net con- 
ductances of the system are positive. In order to avoid 
a detailed cut and try procedure, it is possible to provide 
the slot with a variable capacitance at the center to 
facilitate tuning to resonance. Another useful variable 
parameter is the tunnel diode bias voltage. By carefully 
controlling this voltage, the diode conductance can be 
varied from its maximum negative value through zero 
to a positive value. Thus by manipulating a variable 
capacitance and the diode bias voltage, it is possible to 
tune an appropriately selected diode slot system into 
the condition of oscillation or of stable amplification. 


Ill. ExPpERIMENTAL PROGRAM 


Slot Amplifier 


The theoretical analysis presented earlier in this paper 
yielded insight into the behavior of tunnel diode slot 
amplifiers located in infinite conducting plates, but no 
concise theoretical development was obtained which 
would predict the behavior of the waveguide slot-diode 
amplifier system over a wide range of frequency. On the 
basis of experimental results presented by Watson!® it 
was observed that the normalized admittance of slots 
cut in waveguide was quite similar to that of slots in an 
infinite conducting plane with the exception of a scale 
factor over a wide range of frequency. Hence it was con- 
cluded that the stability analysis of the “free space” 


16 Watson, op. cit., pp. 82-85. 
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slot-diode system also applied approximately to the 
waveguide endplate slot-diode and guide-to-guide slot- 
diode coupler systems. Therefore, the experiment which 
was chosen to test the theoretical hypotheses expounded 
earlier included the guide-to-guide endplate mutual 
coupling slot. This resulted in the simplest experi- 
mental configuration in which the slot would still mani- 
fest many of the properties of an antenna and at the 
same time eliminated the need for an anechoic room. 
The experimental apparatus consisted of an S-band 
signal generator coupled into a slotted line through a 
directional coupler and a 20-db waveguide attenuator; 
and an S-band spectrum analyzer connected by means 
of a 40-db strip-line isolator and a variable waveguide 
attenuator to the opposite end of the slotted line (see 
Fig. 16). In practice, the endplate slot containing the 
tunnel diode was inserted between the slotted line and 
the variable attenuator and the apparatus was adjusted 
to produce stable amplification. The slotted plate was 
then removed from the apparatus and the attenuator 
setting was changed to bring the transmitted signal 
back up to its previous value. The difference in these at- 
tenuator settings thus yielded the insertion gain of the 
system. In essence this method of measurement com- 
pares the transmissivity of the slot amplifier with that 
of a passive resonant slot, since the resonant slot will 
present a normalized conductance of unity to the inci- 


dent wave in the guide. 
SPECTRUM ANALYZER 

40 db 

ISOLATOR, 


MICROWAVE 
SIGNAL 
GENERATOR 


STANDING WAVE DIODE BIAS 
RATIO DETECTOR SUPPLY 


ATTENUATOR 


ATTENUATOR 
10 db (VARIABLE) | - 


DIRECTIONAL SLOT AMPLIFIER 
COUPLER 


LOAD 


Fig. 16—Tunnel diode slot amplifier setup. 


The endplate apparatus shown in Fig. 17 was orig- 
inally designed to resonate unloaded at 2.7 kMc. 
However, the loading of the diode depressed the reso- 
nant frequency below the range of measurement of the 
apparatus. In the experiment performed in the labora- 
tory, a second slotted endplate (designed to resonate 
above 4 kMc unloaded) with a movable obstacle in the 
slot was placed adjacent to and in contact with the semi- 
bifurcated endplate containing the tunnel diode. By 
varying the position of the obstacle as well as the diode 
bias, a condition of resonance was encountered at which 
the slot exhibited transmission gains of 8, 16 and 21 db 
in the neighborhood of 2.7 kMc with different diodes, 
and a 3 db bandwidth of 21 Mc was observed for the 
amplifier with a center frequency gain of 16 db. The fre- 
quency response plot is shown in Fig. 18. It was assumed 
at that time that the inductance furnished by the sec- 
ond endplate was sufficient to shift the first resonance 
into a frequency region where the siot conductance ex- 
ceeded the diode negative conductance. However, the 
auxiliary slot shortened the original slot containing the 
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Fig. 18—Transmission gain as a function of frequency for 
the tunnel diode slot amplifier. 


diode thus elevating its resonant frequency and influ- 
encing the positions of all system resonances in some 
manner as well as the conductance of the system as a 
function of frequency. It is obvious from the amplifying 
behavior of the system that this technique does not 
shift any higher resonances into negatively conducting 
regions; otherwise the power gain of the system at the 
first resonance would be negligible. 


Slot Oscillator 


During the course of the experimentation on active 
slot elements, it was observed that when a diode (Syl- 
vania D4115 B) was located off center and suitably 
biased, the slot system would radiate a —38 dbm micro- 
wave signal in the neighborhood of 3 kMc. This fre- 
quency was dependent on slot position as well as bias 
voltage, but the amplitude was essentially independent 
of these conditions over a wide range of frequency. 
When a low level signal (—60 dbm) from the microwave 
signal generator was fed into the system it was observed 
that if the two signals were a fraction of a megacycle 
apart the oscillator would lock onto the incoming signal. 
This behavior was amplitude dependent, since very 
weak signals would not “pull” the oscillator, and very 
strong ones would give rise to harmonic generation and 
mixing. 
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IV. CONCLUSIONS 


It is beyond the scope of this paper to analyze in de- 
tail the complete frequency dependence of system ad- 
mittance because of a lack of adequate data describing 
the electrical parameters of the experimental tunnel di- 
odes used in the experiment and because of the limited 
accuracy of the values of slot admittances which are 
based on theoretical wire dipole impedance calculations. 
However, the analysis and the results presented thus 
far indicate that if the conductance and susceptance of 
a tunnel diode are known over a wide frequency range 
it is possible to design a slot environment which will in- 
sure stable system behavior. Also, the variability of the 
diode admittance as a function of bias voltage provides 
a method for adjustment of the system. The equivalent 
circuits are presented in a form suitable for gain band- 
width and noise analyses, but no attempt has been 
made here to optimize the performance of the device. 

The experimental work conducted on the project to 


date has been conducted entirely within a waveguide , 


system. On the basis of the observed behavior it is ex- 
pected that similar results will be obtained when the 
active slot elements are tested as antenna elements 
which couple to “space.” It is anticipated that in the 
amplifier case a multiple element active array will re- 
quire isolation devices between elements to prevent 
feedback oscillation from occurring. 

The results presented indicate that the “solid-state 
antenna” concept may play a significant role in future 
radar systems. The diode slot amplifier can be used in 
an amplifying array in which the phase shift of each 
element is controlled by the diode bias voltage or by 
means of a varactor diode shunting the tunnel diode. 
On the other hand, the behavior of the slot-oscillator 
indicates the possibility of using an array of tunnel 
diode slot oscillators backed by a common cavity as a 
short range solid state transmitting antenna. These slot 
devices are compact and require a minimum of wave- 
guide circuitry and in some instances can be used to 
convert directly from a microwave frequency to a low 
radio frequency by using the tunnel diode as an auto- 
dyne down converter. By backing the slot amplifier 
with a suitable resonant cavity, it may be used in con- 
junction with a circulator to form a reflection amplifier, 
and by cascading slot amplifiers and isolators it should 
be possible to produce a slotted traveling-wave ampli- 
fer. 
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Correspondence 


Measurement of the Conversion 
Conductances of Esaki Mixer 
Diodes* 


In order to compare the theoretically 
predicted and the experimentally observed 
behavior of frequency converters using Esaki 
diodes, it 1s necessary to evaluate various 
mixer parameters, in particular, the con- 
ductance elements of the conversion matrix. 
As is well known, these conductance ele- 
ments are certain Fourier coefficients of the 
periodic series representing the incremental 
time-varying diode conductance.! This con- 
ductance is produced by the large local 
oscillator (LO) voltage acting on the non- 
linear diode. Although one can determine 
these element values using a numerical 
Fourier analysis, this approach is both time- 
consuming and laborious.2 As an alterna- 
tive, we suggest an experimental technique 
originally proposed by Dicke over ten years 
ago for use with conventional (positive- 
conductance) crystal mixer diodes.! Since 
this method is quite easy to apply in that i 
only involves several low-frequency bridge 
measurements and one standing-wave meas- 
urement, and since, apparently, it is not 
well known, we shall risk repetition by 
describing a simplified version of it which we 
have modified to apply to Esaki diodes. 

To simplify the problem we assume that 
in the voltage and frequency range in which 
it is to be operated as a mixer, the Esaki 
diode can be represented adequately as a 
nonlinear conductance in parallel with a 
voltage independent junction capacitance. 
We also postulate that the LO voltage is 
sinusoidal and that all but three signal volt- 
ages generated in the mixing process can be 
considered terminated in short circuits. 
These three correspond to the input (RF) 
frequency w1, the output (IF) frequency ws, 
and the image frequency w;. Without loss 
of generality, we assume down conversion 
with the RF frequency above the LO fre- 
quency w . That is, w2.=w1—w9, and w3=2wo 
—w . In this case the small-signal equiva- 
lent circuit of the mixer is that shown in 
Fig. 1.12 The conductances go, gi, g2 are 
the first three Fourier coefficients of the 


Fig. 1—Equivalent circuit of an Esaki mixer. 


* Received by the PGMTT, July 17, 1961. _ 2 

1H. Torrey and C. Whitmer, “Crystal Rectifiers, 
McGraw-Hill Book Co., Inc., New York, N. Y. 1948. 

2R. A. Pucel, “Theory of the Esaki Diode Fre- 
quency Converter,” Solid State Electronics, vol. 3, 
November 1961. 
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time-varying conductance that we wish to 
evaluate. The capacitance C represents the 
diode junction capacitance. 

Dicke’s method can only be applied if the 
diode presents a positive conductance to the 
LO. This condition can be fulfilled by load- 
ing the diode with a stabilizing conductance 
Gs which is slightly larger in magnitude 
than the most negative value of the diode 
conductance.*? This conductance should be 
connected directly across the diode termi- 
nals, if possible. It also can be placed 
within a multiple of a_half-wavelength 
from it (measured at the LO frequency) 
provided the diode does not oscillate. For 
computational purposes, it can be incorpo- 
rated in the equivalent circuit as a shunt 
element across each of the three signal ports. 

To evaluate the three mixer conduct- 
ances, Dicke proposed that one measure the 
mixture admittance at the IF port using a 
bridge whose test frequency w: is very 
small compared to the LO frequency. This 
insures that for all practical purposes the 
generated RF and image frequencies can be 
assumed equal to the LO frequency w. For 
example, if the bridge frequency were 1 kc 
and the LO frequency were 500 Mc, the 
image, RF, and LO frequencies would be 
within 4X 10“ per cent of each other. Thus, if 
only the LO and the low-frequency bridge 
are applied to the stabilized diode, the re- 
sulting RF and image signals “see” the 
same circuit termination at their respective 
ports. Furthermore, this termination is just 
equal to the admittance presented to the 
diode by the LO source, since the RF, image, 
and LO frequencies are nearly equal. Let 
this admittance be denoted by yz: 


Ys = Se + jos. 


For convenience we include the susceptance 
of the diode capacitance at the RF-image- 
LO ports as part of 6,; that is, 6; contains 
the component #1C~w;CoC in addition 
to any external susceptance presented by 
the LO circuit. 

Under the above measurement condi- 
tions, the output admittance Yout presented 
to the bridge at the IF port is given by 


Vien ee ( 
* *" 2g17(go! + go — 82) 


(go’ + ge)® — go? + b5? 


where go’=go+G;. By measuring the con- 
ductive part of Vout for three independent 
LO admittances gs, bs, one obtains three 
equations which can be solved for the un- 
knowns g’o (hence go), #1”, and go. The junc- 
tion capacitance C can be obtained from the 
imaginary part of Your for any of the three 
independent terminations. In the Dicke 
method the three independent RF-image 
port terminations are determined by a 


+ jorC, (1) 


3 In practice, to insure stability, Gs may also have 
to satisfy other inequalities determined by the (neg- 
lected) series resiranee and inductance. For further 
details see, for example: 

U. S. Davidsohn, Y. C. Hwang, and G. B. Ober, 
“Designing with tunnel diodes,” Electronic Design, 
vol. 8, pt. 2, pp. 66-71; February 17, 1960. 

“Measurement of the equivalent circuit parameters 
of tunnel diodes,” General Radio Experimenier, vol. 
34, pp. 3-8, July-August, 1960. 
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simple standing-wave measurement in the 
LO circuit. To show how this is accom- 
plished, we must first describe the test pro- 
cedure in some detail. 

The LO source driving the stabilized 
diode is connected to the latter through a 
matched transmission line or waveguide and 
a tuner as indicated in Fig. 2(a). The tuner 


Transmission line, Yo Diodosinpeie 
Local —— ae Mixer Low- 
sal See =75C Sic: diode ca frequency 
loscillator o i anatea bridge 


| circuit 


Yout 


Mixer Low- 
diode frequency 
circuit | bridge 


Local 


oscillator 


out 


Fig. 2—The Dicke measurement circuit. (a) Matched 
conditions. (b) Mismatched conditions. 


is assumed to be lossless, or nearly so. The 
diode input capacitance C is considered part 
of the tuner. The diode bias voltage is set 
to the desired operating point, and the LO 
output is adjusted to some _ prescribed 
amplitude as registered, for example, by the 
change in diode bias current. The tuner is 
then adjusted for a match in the LO line.4 
Since this adjustment may affect the LO 
excitation at the diode, it may be necessary 
to readjust the LO to restore the bias cur- 
rent to its previous value. 

It can be shown!” that the average 
(large-signal) conductance Go presented by 
the diode to the tuner is given by 


Go = £0 — g2 (2) 


Since the tuner is lossless, under matched 
conditions the LO admittance presented to 
the diode at the tuner output terminals is 
real and obviously equal to Go. That is, 


Varese ++ jbs =G= £0 = ys (3) 


Next an arbitrary susceptance jb, such 
as produced by a stub, is applied across the 
LO line section at, say, the plane a-a’ indi- 
cated in Fig. 2(b). The LO output is re- 
adjusted, if necessary, to restore the pre- 
vious bias current. This insures that the 
LO excitation at the diode terminals remains 
constant. Thus the admittance at the tuner 
input terminals ¢-¢’ and at the susceptance 
plane “looking” toward the diode is the 
same as in the matched condition, namely 
Yo, the line admittance. In other words, the 
VSWR in the line section Lz is still unity. 
However, this is not the case for the VSWR 
in the line section L; between the LO source 
and the susceptance plane. We shall denote 
this VSWR by p. Clearly, the admittance 
ye “looking” back to the LO from the 


4 Tt is permissible in this case to speak of a match 
because the diode has been rendered passive by the 
stabilizing conductance. 
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diode terminals is no longer equal to Go, the 
value established in the previous step. 

Suppose now that with the susceptance 
in place the line section Ly is varied in 
length, say, by a line stretcher. Since this 
section sees a match at its output terminals 
t-t’ (the tuner is unaltered), it follows that 
the admittance presented to the LO does not 
change in this operation; that is, the LO 
excitation at the diode terminals is inde- 
pendent of LZ». On the other hand, the ad- 
mittance looking back from the diode termi- 
nals does vary with L» and, in fact, traces 
the circle shown in Fig. 3, as is well known 
from transmission line theory.® 


bs 


Fig. 3—Locus of the admittance 4s. 


Using the equation for this circle one may 
eliminate the term 0,2 in (1). The real part 
Gout of the resulting expression takes the 
form 


Gare = £0 
“ 2g1?(S0’ +8s— 82) 
(80? — g2?— Go?) + 86[280' + Go(o + 1/p~)] 


This expression applies to any setting of the 
line stretcher. Since Gout is an increasing 
function of gs, it follows that as the line 
stretcher is varied, the highest and lowest 
values of Gout measured by the bridge, which 
we denote by g, and gi, correspond to the 
highest and lowest values of g;, namely, 
pGo and Go/p, respectively. It also is evident 
that Gout measured in the previous matched 
condition, which we denote by gm, corre- 
sponds to g;=Go, p=1. 

Applying these three sets of conditions to 
(4) and using the identity for Go given by 
(2), we obtain three simultaneous equations 
which we can then solve for the mixer con- 
ductances. We obtain 


(4) 


£0 = £0 — Gs (a) 
81" = g0'(80' — Sm) (b) 
Merk ioral Neer 
2 = (25 )e', (5) 
where 
peers! and eh tay, eh oe 
&h — &m pk —1 


It is unnecessary to resolve the algebraic 
sign of gi, since only |g:| or g appear in 
equations pertaining to mixers.2® Thus the 
desired mixer conductances can be calcu- 
lated using four easily measured quantities. 

Several precautions should be observed 
using Dicke’s method. For example, an at- 
tenuator should be inserted between the LO 
and the standing-wave indicator to isolate 


5 W. C. Johnson, “Transmission Lines and Net- 
works,” McGraw-Hill Book Co., Inc., New Vork, 
N. Y.; 1950. 

6 C. S. Kim and J. E. Sparks, “Tunnel Diode Con- 
verters,” Proc, Natl. Electronics Conf., vol. 16, pp. 
791-800; 1960. 
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the line from any admittance fluctuations of 
the LO. The attenuator can also be used to 
vary the oscillator output. It might be men- 
tioned at this point that the tuner need not 
be connected directly to the diode terminals 
but can be any multiple of a half wave- 
length away from the diode reference plane. 
The audio bridge signal amplitude should be 
no greater than about 5 mv /-p to insure 
linear operation at the IF terminals. 

A schematic diagram of a possible mixer 
test jig is shown in Fig. 4. The blocking 
capacitor C; isolates the bias supply from 
the LO circuit. A path for direct current 
must exist in the bridge circuit, however. 


Ch Ly . 
= t TH. —» $< 
To tuner <— —=To bridge 
G. Cee 
Esaki fae 
diode 4 
To bias 


supply 


Fig. 4—A possible mixer test circuit for the 
Dicke method. 


The choke Ly and capacitor Cy decouple the 
bridge from the LO circuit. The reactance 
of Ly and the susceptance of Cy should be 
large at the LO frequency but small at the 
bridge frequency. If Cy is too large, one 
must reduce the measured output capaci- 
tance by the value of C; to obtain the true 
diode capacitance C. 

In closing it should be mentioned that if 
the diode series impedance is not negligible 
or if the diode capacitance is voltage de- 
pendent, the more general but less con- 
venient form of Dicke’s method must be 
employed.! 

Ros PuCcEL 
Research Division 
Raytheon Company 
Waltham, Mass. 


A Versatile Phase Measurement 
Method for Transmission-Line 
Networks* 


Current phase-measurement methods! 
for transmission-line circuits fall into two 
general categories. The first is the compari- 
son method, where the path under measure- 
ment is compared with another calibrated, 
variable one. The phase shift through the 
variable path is adjusted to equal that of the 
unknown path, and this condition is shown 
by a null detector. Null indication by both 
phase and amplitude adjustment is usually 
required; however, null indication by phase 
adjustment alone? can be effected. The 


* Received by the PGMTT, June 6, 1961. 

1F. E. Terman and J. M. Pettit, “Electronic 
Measurements,” McGraw-Hill Book Co. Inc., New 
York, N. Y., p. 267; 1952. 

2S. D. Robertson, “A method of measuring phase 
at microwave frequencies,” Bell Sys. Tech. J., vol. 28, 
pp. 69-103; 1949, 
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second category of phase measurements 
includes those measurements which provide 
voltage or meter output indication of phase 
angle. This category includes direct high 
frequency phase-detector circuits of limited 
frequency range or frequency-conversion 
methods where analog or digital circuits 
measure phase at a converted lower fre- 
quency. 

The new method to be described here is 
an extension of the second category, which is 
the meter or voltage indication of phase. It 
is capable of direct measurement over a 
broad frequency range. Fig. 1 shows the 
arrangement of the phase meter equipment. 
The RF signal source for the phase meas- 
urement is amplitude modulated (sine 
wave or square wave). This modulation sig- 
nal is carried as a sync to the synchronous 
detector. The RF signal is split, with one 
path going directly to one end of the 
slotted line as a reference phase signal and 
the other path going through the network 
under measurement. The output of the latter 
network feeds the other end of the slotted 
line as the unknown phase signal. 

Fig. 2 develops the relations between the 
two RF field vectors, the individual square 
detector probe outputs, and the differential 
output of the two probes constituting the 
phase detector. The independent variable is 
the relative phase angle 6 of the two RF 
signals for a fixed position X in the slotted 
line or the converse, variable position with 
fixed phase angle. 

The vector diagram shows the resultant 
field vector E; vs the RF phase angle 6. With 
a square law detector, the cosine law of tri- 
angles shows the output to be a constant 
term (E+ £,?) plus one varying with the 
cosine of phase angle 6. This relation is 
plotted for equal and unequal reference and 
unknown vectors £; and Fo». 

The differential output (Va—V,) of a 
pair of spaced probes is proportional to the 
sine of the phase angle. This allows the use 
of calibrated scales on the meter. The posi- 
tive and negative output is provided by 
using a modulated RF test signal and a 
synchronous detector at the output of the 
amplifier. The meter and voltage output is 
calibrated by moving the phase detector 
successively to positions for the maximum 
positive and negative outputs. The amplifier 
gain and a balance control are adjusted so 
that these two outputs are fixed meter cur- 
rents labelled +90° and —90°. After cali- 
bration, the phase detector is positioned at 
the exact center of the slotted line to read 
the absolute phase difference of the two in- 
put signals referred to slotted line input 
terminals. The meter indication covers a 
180° sector; to determine which of the two 
possible sectors the phase lies in, the phase 
detector is moved toward the unknown in- 
put. If meter motion is positive, the meter 
indication is correct. If a negative motion is 
obtained, the phase lies in the 90° to 270° 
sector and the actual angle is 180° minus the 
angle indicated on the meter. . 

High resolution is obtained by operating 
the phase meter near a zero and increasing 
the gain by definite amounts corresponding 
to meter scales; typical ranges are +90°, 
+20°, £6°, +2°, etc. In this mode of opera- 
tion the distance of the phase detector from 
the center of the line is converted to a phase 
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Fig. 1—Di Ss i icrowe ; i 
g irect-reading microwave phase meter (using double square-law probe phase detector on slotted line). 
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Fig. 2—Individual probe and phase detector output relations. 


angle (28x) and this angle is added to the 
meter indication. 

The spacing of the two probes determines 
only the sensitivity of the phase detector. 
For broad frequency use, the spacing can be 
a quarter wavelength at the center fre- 
quency. 

Phase measurement accuracy in trans- 
mission systems is frequently limited by re- 
flections. The moving-probe type of phase 
detector provides inherently low reflection 
measurement apparatus. Equality of refer- 
ence and unknown signal amplitudes is not 
required for operation; however, it is desir- 
able in order that errors due to reflections 
of the strong signal in the weak signal chan- 
nel may be kept to a minimum value. 

This phase meter method has been used 
from 300 Mc through X band with 10:1 
frequency range for a fixed spacing of the 
two probes. 

For power levels of 1 to 10 mw for the 
reference and unknown signals, a sensitivity 
of 0.1° has been obtained with 1-kc modu- 
lation. 


A VHF High-Power Y-Circulator* 


A number of articles [1] on the theory, 
design and application of three-port circu- 
lators may be found in the literature. Spe- 
cific devices of this kind are commercially 
available for low signal power levels. In this 
letter a high-power version of a three-port 
or Y-circulator is presented. The character- 
istics measured at high power are compared 
with measurements performed at low power. 

A strip-line structure was chosen for the 
junction configuration. To obtain a required 
+24 per cent bandwidth at the center fre- 
quency of 220 Mc, with a constant applied 
magnetic field, the junction geometry of the 
center conductor was chosen in the form of a 
clover leaf. A MnMg aluminate ferrite (such 
as Trans-Tech 414)! with a low saturation 
magnetization was selected to obtain the de- 
sired performance at these low frequencies. 
The rather unfavorable temperature charac- 
teristics of this material, however, necessi- 
tated forced cooling. The ferrite disks above 


PETER LACY 
Wiltron Company 
Palo Alto, Calif. 


* Received by the PGMTT, July 25, 1961; re- 
vised manuscript received, August 31, 1961. 

1TT414 is a product of Trans-Tech., Inc., 
Gaithersburg, Md. 
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Fig. 1—Exploded view of the Y-circulator element. 


and below the strip-line junction are placed 
in a pillbox enclosure. The space between 
the edge of the circulator ferrite disks and 
the inner wall of the circular enclosure is 
filled with a coolant of low loss, high dielec- 
tric strength fluid such as Freon 113 (Tri- 
chloro-trifluoroethane).? 

In the high power environment, care has 
to be taken to avoid discontinuities in di- 
electrics to prevent electrical breakdown. On 
the design being presented, electrical break- 
down was observed with dc above 15 kv. 
The attenuation introduced by the dielectric 
loss of the coolant is insignificant in the 
200-Me region. 

The circulator element was designed with 
the following geometric parameters. A fer- 
rite disk of 5-in diameter is used. The en- 
closure diameter was chosen to be 7 in. 
Fluid inlets and outlets are distributed 
around the periphery of the circular en- 
closure and located in the three electrically- 
neutral regions (60° off each port). A thermo- 
couple consisting of a Chromel-Alumel wire 
pair is attached to the top ferrite disk so as 
not to interfere with the circulating coolant. 
Two holes are situated at the top and bot- 
tom ground plate to facilitate the escape of 
air during the filling process. Fig. 1 shows an 
exploded view of the circulator element. 

To enable the investigation of the circu- 
lator over an appreciable bandwidth a broad- 
band transformer design was selected for the 
three ports. For a limited frequency band of 
operation, a compensated transformer of re- 
duced length is desirable to reduce the over- 
all size and weight of the circulator. 

A coolant such as Freon 113 was selected 
primarily for electrical reasons. The ferrite 
disk temperature has to be kept at approxi-- 
mately 24°C at a maximum of 2 kw average 
transmitted RF power. The dissipated power 
is then of the order of 200 w. The cooling 
volume of the circulator is in the order of 120 


2 Freon 113 is a product of the Du Pont Co., Wil- 
mington, Del. 
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cm}, This volume is replaced two to three 
times per second. A by-pass valve has been 
included to control the flow rate of the liquid 
through the circulator. The cooling system 
operates in a closed loop. 


MEASUREMENTS 


Electrical characteristics of the device 
were obtained at both low and high signal 
power levels. The low power measurements 
provided a reference for the performance 
evaluation of the component when subjected 
to high transmitted power. During the de- 
velopmental work an interesting phenome- 
non was observed. Isolations in the order of 
50 db or more could be obtained in discrete 
ferrite temperature regions. The insertion 
loss however remained unaffected by large 
changes of ferrite temperature. This tem- 
perature effect can easily be observed on 
T1414 ferrite as the temperature for opti- 
mum circulator performance lies in the room 
temperature region. These observations sug- 
gest that materials with high Curie tempera- 
ture could be used in low-frequency circu- 
lators providing the device is operated at a 
temperature other than room ambient. Ex- 
periments performed at room temperature 
on VHF circulators containing high M, 
(magnetization saturation) materials were 
unsuccessful. Similar measurements under 
various temperature conditions were per- 
formed with the circulator presented here. 
The obtained isolation and loss at low power 
levels for varying ferrite temperatures is 
illustrated together with the characteristics 
obtained at high power levels (Fig. 4). The 
magnetic field has been adjusted at each 
temperature point for maximum isolation. 
A ferrite temperature for optimum circulator 
performance was established in the vicinity 
of 24°C. 

Fig. 2 illustrates the isolation and loss 
characteristics of the circulator for variable 
magnetic fields at different ferrite tempera- 
tures. The isolation characteristic for a con- 
stant applied magnetic field is also included 
for a ferrite temperature of 24°C. Fig. 3 
shows the applied magnetic field for maxi- 
mum isolation as a function of ferrite tem- 
perature. The ferrite disk temperature was 
controlled by means of the circulating fluid 
surrounding the ferrite disks. The measure- 
ments were performed after the device 
reached thermal equilibrium. 

The VSWR of the circulator was meas- 
ured at low power levels in the frequency 
region of 215 to 225 Mc and was in the order 
of 1.08:1 maximum. 


HicH Power MEASUREMENTS 


The circulator was used as a duplexer 
substitute in a radar front end. A matched 
dummy load simulated the antenna. The 
isolation between the transmitter and the 
receiver terminals was measured as a func- 
tion of the ferrite temperature, or indirectly 
as a function of the transmitted power. The 
results obtained are compared with the iso- 
lation-ferrite temperature measurements at 
low power levels. In most cases the high 
power measurements were made at thermal 
equilibrium of the ferrite disks. Some in- 
stantaneous temperature-isolation checks 
were made to verify the measured slope of 
the isolation-temperature function obtained 
at high transmitted power. 
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Fig. 3—Applied magnetic field for maximum isolation 
asa fancied of temperatures varying from 12°C 
to 29°C, 


The measured ferrite temperature does 
not reflect the true temperature existing in 
the active region of the ferrite disks, as the 
heat distribution can be assumed to be non- 
uniform. The refrigerated coolant circulating 
through the circulator element causes addi- 
tional thermal disturbances. The relation 
between the measured and the true ferrite 
temperature is given in Fig. 4. This relation 
was obtained by comparison of the low and 
high power characteristics. The existing tem- 
perature gradient can be evaluated from 
these measurements. 

Fig. 4 also shows the isolation obtained 
as a function of the measured ferrite tempera- 
ture at low and high magnitudes of trans- 
mitted power. 

The low and high power measurements 
can be compared to evaluate the high power 
performance of the device. The temperature 
difference between points of equal isolation 
obtained at low and high power furnished 
a means of comparison. The width between 
points of equal isolation differs in the order 
of 0.2°C, which can be considered well with- 
in the accuracy of the measurement. 
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HIGH POWER MEASUREMENTS AT 217 Mc 
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Fig. 4—Comparison of the isolation-temperature 
characteristics obtained at low and high trans- 
mitted power levels. 


The comparison shows that the relative 
isolation-temperature characteristics do not 
differ appreciably; therefore the performance 
of the device can be considered independent 
of the magnitude of the transmitted power 
for the range of power levels used in these 
experiments. 

Peak power of 1 Mw was applied over a 
short period of time. No electrical break- 
down or deterioration of the circulator char- 
acteristics was observed. 


CONCLUSION 


An insertion loss of 0.3 to 0.5 db and an 
isolation of 50 db or more can be obtained 
at the center frequency for which the circu- 
lator was designed. The necessary magnetic 
field is not excessive at low frequencies, the 
de control power being of the order of 10 
to 20 w. No significant changes in electrical 
characteristics were observed when the de- 
vice was subjected to transmitted RF power 
in excess of 2 kw with a peak power in the 
order of 1 Mw. 

In conclusion a summary of performance 
data obtained with the above high-power 
Y-circulator structure is presented. 


TABLE I 
Variable 
Ae Fa Ase Constant field 
quency | Tsola- Isola- 
(Mc) ees Loss Se Loss 
tion = tion VSWR 
(db) | (4b) | (db) | (db) 
225 32 0.4 24 0.45 
219 >50 0.4 >50 0.40 1.08 
215 36 0.4 24 0°55 
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N-Terminal Power Divider* 


Recently Wilkinson! has described an 
N-way hybrid power divider which de- 
couples the outputs. This device can be 
arrived at by observing that its scattering 
matrix is 
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This represents (3/4) transmission lines 
of characteristic admittance \/(n/n) Yo, each 
terminated in a pure conductance of value 
(n—1)/n and coupled to the output of every 
other line by transfer admittance (conduct- 
ance) of 1/m in units of Yo, when all outputs 
except the one considered are short cir- 


* Received by the PGMTT, July 20, 1961. ; 
1E, J. Wilkinson, “An N-way hybrid power di- 
vider,” IRE TRANS. ON MICROWAVE THEORY AND 
TECHNIQUES, vol. MTT-8, pp. 116-118; January, 


1960. 
2 Y = —S does not lead to a realizable microwave 


network. 
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cuited, It is not hard to see that the termina- 
tion shown in Fig. 1 satisfies this require- 
ment. Moving the reference of S by /2, lines 
in Y become )/4 lines and the final network 
is (Fig. 2). 
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10-DB X,; Cross Guide Coupler* 


Two interesting points were noted while 
working with half-height cross guide cou- 
plers. The first was that if the same size 
coupling holes were used as in the full size 
waveguide, coupling was increased approx- 
imately 3 db. The second, and more impor- 
tant, was that the value of coupling was 
much more constant over a given frequency 
band, with essentially no change in direc- 
tivity. 

With this information, a standard 15+1 
db coupler in WR 112 waveguide was taken, 
and step transitions of various heights were 
designed to insert into the coupling area. By 
inserting steps to reduce the waveguide to 
a half-height size, the 3-db increase in cou- 
pling was noted and the coupling flattened 
out to 12+0.5 db over the desired 7.5 to 
8.5 kMc frequency range. By using only one 
step, coupling was increased to 13 +0.5 over 
the same frequency band. 

The need of a 10-db cross guide coupler 
resulted in Fig. 1. 

Coupling, previous to inserting the steps, 
was 13.8 db to 15.8 db over the 7.5- to 8.5- 
kMc range with greater than 20-db direc- 
tivity. After inserting the steps, coupling 


* Received by the PGMTT, May 10, 1961. 
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varied from 9.9 db to 10.2 db over the same 
frequency range with greater than 20-db 
directivity. A maximum VSWR of 1.13 was 
obtained in the secondary arm, 


-087 +00I 


COUPLING AREA 
032" WALL THICKNESS 


2,010 
Fig. 1. 


Electrically, a good coupler is needed to 
start with since a change in VSWR due to 
the step causes a decrease in directivity. 
Also a smaller step in the primary arm is de- 
sirable both for input VSWR and _ higher 
power requirements. Mechanically the steps 
should be brazed in place since a loose step 
causes large variations in coupling. 

Cross guide couplers with greater cou- 
pling have been built at the expense of direc- 
tivity which drops down to 15 db or lower. 

RICHARD Z. GERLACK 

Heavy Military Electronics Dept. 
General Electric Company 
Syracuse, N. Y. 


Design Note on an L-Band Strip- 
Line Circulator* 


The technique of using magnetized 
yttrium-iron-garnet slabs in dielectrically- 
loaded strip transmission line as the non- 
reciprocal elements in a UHF and low- 


* Received by the PGMTT, July 7, 1961. 
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microwave frequency, 4-port circulator has 
been demonstrated most effectively by 
Arams, ef al.! This communication reports 
the results of an independent and concurrent 
development program at our laboratory 
which led to a similar L-band circulator 
using a somewhat different configuration. 

A block diagram of our circulator is given 
in Fig. 1. It employs a gyrator which pro- 
vides 180° of differential phase shift and two 
simple 90° hybrids of the quarter-wave, 
coupled stripline type. Such hybrids cover- 
ing an octave bandwidth are readily obtain- 
able. 

The circulator described by Arams, et al., 
used two 90° differential phase shift sections 
which required the development of a wide- 
band coaxial magic tee. Their arrangement 
permitted use of shorter yttrium-iron-garnet 
slabs than in the case of a gyrator and 
formed a convenient package in the UHF 
range. Comparable losses are obtainable 
with either arrangement, since only one-half 
of the energy incident on a circulator using 
a gyrator is attenuated in the longer slabs. 

A cross section of the low-loss gyrator is 
shown in Fig. 2. Best results were obtained 
using yttrium-iron-garnet slabs (6.0” X0.396” 
0.250”) with low saturation magnetization 
(4rM,=600 gauss) and narrow linewidth 
(AH =50 oersteds). The garnet was biased 
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Fig. 1—Block diagram of circulator with circulator 
symbol, 
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Fig. 2—Cross-sectional view of yttrium-iron-garnet 
gyrator. 


1F, Arams, et al,, “Octave-bandwidth UHF/L- 
band circulator,” IRE Trans. oN Microwave 
THEORY AND TECHNIQUES, vol. MTT-9, pp. 212-216; 
May, 1961. 
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below resonance with a constant magnetic 
field. Insertion losses were 1.0 db or less 
from 1.10 to 1.70 Gc/sec and the isolations 
were greater than 15 db as shown in Fig. 
3(a), (b), and (c). The upper frequency limit 
of the experimental circulator was deter- 
mined by the stripline hybrids which were 
designed for the frequency range 0.8 to 1.6 
Gc/sec. 
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Fig. 3—Performance data for L-band circulator. (a) 
Insertion loss as a function of frequency. (b) Isola- 
tion between adjacent ports as a function of fre- 
quency. (c) Isolation between opposite ports as a 
function of frequency. 


W. S. Koop 

A. K. JORDAN 

Microwave and Antenna Section 
Research Division 

Philco Corp. 

Blue Bell, Pa. 


A Stepped-Dielectric Transformer 
for Rectangular-to-Circular 
Waveguide* 


A low-reflection transition between rec- 
tangular waveguide and circular guide can 
be made using a teflon transformer inserted 
into the circular guide. The transformer to 
be described was designed to mate a circular 
guide with WR(112) rectangular wave- 
guide. A stepped-dielectric transformer of 
this type for WR(90) waveguide was re- 
ported by Olin' and a_stepped-dielectric 
transformer inserted in a rectangular wave- 
guide was reported by Whiteman, e¢ al.2 


* Received by the PGMTT, July 21, 1961, 
1], D. Olin, “Dielectric transformers for X-band 
tickers Electronics, pp. 146-147; December, 
_? R, A. Whiteman, et al., “A low reflection dielec- 
tric waveguide stepped taper,” Proc. National Elec- 
tronics Conf., vol. 14, pp. 393-412; 1958, 
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The stepped-teflon transformer of Fig. 1 
fills the entire cross section of the circular 
guide, thus permitting pressurization for 
higher peak power capabilities. A curve 
showing the VSWR for a prototype unit is 
also shown in Fig. 1. The VSWR increases 
to 1.20 at frequencies of 7.0 and 9.0 Ge. 


SECTION A-A 


VSWR 
te 


73 75 7.7 7 8.1 83 65 


FREQUENCY, KMC 


Fig. 1—Stepped-teflon transformer. 


In order to choose the diameter of the 
circular guide the following steps should be 
considered: 


1) The TMo is the first higher-order 
mode which may propagate after the 
dominant TE: mode. The cutoff 
wavelength for the TMo: mode is 


Ac = 2.61a, (1) 


where a@ is the radius of the circular 
guide. Therefore, to maintain mode 
purity, one should choose a guide di- 
ameter small enough to stop the prop- 
agation of the TMo: wave at the 
highest frequency of concern. 

2) The characteristic impedance as de- 
fined by power and voltage considera- 
tions for WR(112) rectangular wave- 
guide is 443 ohms at 8 Ge. For a cir- 
cular guide of one inch diameter the 
characteristic impedance is 1508 ohms 
at the same frequency. 

It is seen then, a one inch diameter 
guide has an impedance several times 
greater than the impedance of 
WR(112) rectangular waveguide. The 
characteristic impedance of circular 
guide for TEi, mode is given by? 
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LM Cal Oa Southworth, “Principles and Applications 
of Waveguide Transmission,” D. Van Nostrand ‘Cor, 
Inc., New York, N. Y., p. 125; 1950. 
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where is the free space wavelength. 
Eq. (2) shows that an increase in the 
radius of the guide will decrease the 
characteristic impedance. It is desir- 
able to minimize the change in the 
impedances at the junction. There- 
fore, a larger diameter is preferred for 
matching the circular guide to the 
rectangular waveguide. 


From condition 1) above it it seen that 
the necessary and sufficient condition for 
propagation of the dominant TE,: mode 
while suppressing all higher order modes is 


——<a<——, (3) 


where Xz is the wavelength at the low end of 
the band and }h is the wavelength at the 
high end of the band. 

From condition 2) above it is seen that 
the optimum transformer design occurs at 
the maximum permissible radius. Thus 


X A 
—— <qa= ——- 

3.41 2.61 
The author would like to acknowledge 
many helpful discussions with S. Lehr, and 
R. Mohr. He is also indebted to L. Bertan, 


who supervised the project, and J. Ebert for 
their many helpful suggestions. 
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B. MAHER 

FXR, 

Amphenol-Borg Electronics Corp. 
Woodside, N. Y. 


A Microwave Power Divider* 


Recent literature has described the theo- 
retical performance of unmatched power 
dividers!” 

A proposed multilaterally matched power 
divider for any number x of equal or unequal 


/ 

< | 
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Fig. 1—Directional coupler power divider. 


outputs, is shown in Fig. 1, where 


P;=input power to the divider 
P,.=output power from the kth output 


port 
a, = power coupling coefficient of the kth 
coupler = 
Py 
are 
ys ae Pq 
gq=1 


* Received by the PGMTT, July 31, 1961. ‘ 

1E, J. Wilkinson, “An N-way hybrid power di- 
vider,” IRE TRANS. ON MICROWAVE THEORY AND 
TECHNIQUES, vol. MTT-8, pp. 116-118; January, 
1900. Kagan, “N-way power divider,” IRE TRANS. 
ON MICROWAVE THEORY AND TECHNIQUES (Corre- 
spondence), vol. MTT-9, pp. 198-199; March, 1961, 
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The synthesis of the divider to provide 
outputs of prescribed values with a given 
input is straightforward. The various a’s are 
solved for from the relation 


Py 
Cee oe ee es Bi (1) 
P;—- > P, 
q=1 
since 
Py = oS Pq (2) 


q=1 


from energy considerations, the choice of all 
P,, and hence all ag from g=1 to g=n—1, 
quite determines Pp. 

The isolation ay, between output ports 
land m is 


Aim = AlAmaAD (3) 


where all a's are in power ratios and 45 is the 
directivity of the coupler nearest the input. 
This is a minimum isolation, since resistive 
and coupling losses to intervening couplers 
are neglected. 

The divider proposed is 100 per cent 
efficient; it is matched looking into any port; 
the isolation between output ports is in- 
finite (assuming perfect directivity); fur- 
ther, there is no theoretical limit to the 
number of outputs or relative amplitude of 
outputs that may be obtained consistent 
with (2). 

RICHARD J. Mour 
Microwave Dynamics Corp. 
Plainview, N. Y. 


On the Efficiency of the Excitation 
of Surface Waves by Distributed 
Coupling* 

INTRODUCTION 


The excitation of surface waves on reac- 
tive surfaces is accompanied by loss of power 
which is radiated directly from the region of 
the feed. Since a surface wave supported by 
a surface wave line is a (nonhomogeneous) 
plane wave, it cannot be excited as the only 
field of a current distribution of finite size 
and amplitude. 

The excitation efficiency is defined as 
that fraction of the total power transmitted 
through the exciting aperture, which is con- 
tained in the surface wave field. Excitation 
efficiencies approaching theoretically com- 
puted values have been achieved in practice 
by using horizontal or annular slots, but 
these apertures usually presented to the 
primary line highly reflecting loads, and con- 
sequent introduction of matching structures 


* Received by the PGMTT, August 3, 1961. This 
note is a sequel to the author's report on “Improve- 
ment of the Excitation Efficiency of Surface Waves,” 
M.S, thesis, Technion, Israel Inst. Tech., Haifa, Israel, 
January, 1960. 
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made the system rather frequency sensitive.! 

Several methods have been described for 
the measurement of the excitation efficiency; 
most of these depend on some kind of meas- 
urement on the reactive surface.?3 

The method for the excitation of surface 
waves which is described in this paper is 
essentially an application of the theory and 
technique of directional couplers. In our 
case, however, it is sought to achieve com- 
plete power transfer from the primary line 
onto the reactive surface waveline. The theo- 
retical treatment will therefore be based on 
Miller’s light coupling theory.’ The reader is 
referred to Miller’s paper for a complete and 
systematic analysis of a system of coupled 
transmission lines. Here we shall summarize, 
with the aid of Fig. 1, the most important 
results of this analysis. 


Elan 7 
x10 x 


Fig. 1—A system of coupled transmission lines. 


1) When two homogeneous transmission 
lines are coupled along the axis of propaga- 
tion, power transfer between the lines takes 
place cyclically. 

2) If, and only if, both lines have identi- 
cal propagation constants, 7.€., yi=ye(Yn 
=a,+76,), complete power transfer is pos- 
sible, and the minimum length of the cou- 
pling aperture necessary is given by 
2cXmin =m where c is the coupling coefficient 
in nepers per unit length. 

Complete power transfer is also possible 
when yi—y2=ai1—a2>0, but in this case 
Xmin Will be different from the value given 
above, and generally, in the presence of 
losses, the term complete power transfer will 
mean only that values of « exist for which no 
power is present in line 1. 

3) When yi4#7., and in particular when 
616», only partial power transfer will take 
place. The maximum possible wave ampli- 
tude in line 2 is, in this case, a function of 
(B,—B»)/c and is defined as the discrimina- 
tion function of the coupled system. In this 
case, again, the point of maximum possible 
power transfer will differ from the value of 
x given for y1—y2=0. 


1 Because of the numerous contributions to the 
subject dealt with in this note the reader is referred to 
two survey papers which contain exhaustive bibli- 
ographies. 

a) F. J. Zucker, “The guiding and radiation of sur- 
face waves,” Proc. Symp. on Modern Advances in 
Microwave Techniques, Polytechnic Institute of 
Brooklyn, N. Y.; 1954. 

b) A. F. Harvey, “Periodic and guiding structures 
at microwave frequencies,” IRE TRANS. ON MICRO- 
WAVE THEORY AND TECHNIQUES, vol. MTT-8, pp. 
30-61; January, 1960. 

2 G. Goubau, “On the excitation of surface waves,” 
Proc. IRE, vol. 40, pp. 865-868; June, 1952. 

3 R. H. DuHamel and J. W. Duncan, “Launching 
efficiency of wires and slots for a dielectric rod wave- 
guide,” IRE Trans. oN MicrowAve THEORY AND 
TECHNIQUES, vol. MTT-6, pp. 277-284; July, 1958. 

4R. J. Hanratty, “An end-fire X-band flush an- 
tenna based on the branch-waveguide directional 
coupler,” private communication. 

5S, E. Miller, “Coupled wave theory and wave- 
guide applications,” Bell Sys. Tech. J., vol. 33, pp. 
661-719; May, 1954. 
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The main difference between this meth- 
od of surface wave excitation and methods 
which employ apertures having zero length 
lies in the absence of a single discontinuity 
in the primary line. As a result, the band- 
width of such a system is determined almost 
exclusively by the dependence of y:—y2 and 
of c on frequency. 


THEORY 


Fig. 2 shows a length of rectangular 
waveguide which has a series of closely 
spaced slots cut in one of its broad walls. 


REXOLITE SHEET 


i} 0.4" * 0.9" 
WAVEGUIDE 
is a \ 


COUPLING SLOTS 


POLYSTYRENE RODS 


Fig. 2—Section of a waveguide-to-reactive 
surface directional coupler. 


This wall extends on the outside to form the 
metal base of a dielectric clad reactive sur- 
face. We now assume that when a propagat- 
ing wave is excited in the waveguide, a frac- 
tion of the power carried by it is coupled into 
a surface wave supported by the reactive 
surface and part of it is radiated into sur- 
rounding space. We further assume that the 
waveguide and reactive surface possess the 
characteristics of a system of homogeneous 
coupled transmission lines. With each of 
these lines, we associate a propagating con- 
stant of the lowest-order propagating mode, 
vizZ., 


bf ee LOE “ee (1a) 


v2 = a2 + jBe (1b) 


where the subscripts 1 and 2 refer to the 
waveguide and reactive surface, respec- 
tively. 

The propagating wave amplitudes in the 
coupled system satisfy the set of equations 


dEy 
i tea (m1 + jo) Ea + jck2 (2a) 
dE2 : 
Poh (ye + je)E2+jcE; — (2b) 


where 


E,=complex wave amplitude in the wave- 
guide 
E»=complex surface wave amplitude 
c=coupling coefficient between wave- 
guide and surface wave field. 


Only propagating waves in the positive x 
direction are assumed to exist, and coupling 
action starts at «=0 with the initial condi- 
tions 


E,(0) = 1; E,(0) = 0. 


We now consider the orthogonality rela- 
tions valid for the surface wave field and 
radiation field and use these relations in 
order to postulate the existence of two sep- 
arately defined coupling coefficients: one for 
the waveguide-to-surface wave field and an- 
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other for the waveguide-to-radiation field. 
The radiation field is excited by the slots, 
and the contribution from a particular slot 
is proportional to E,(x) at that slot. Hence, 
in an otherwise lossless system, this cou- 
pling coefficient is represented by the at- 
tenuation coefficient a=a; of the primary 
line. We finally assume that 61=62=8, and 
we shall show later that the validity of this 
assumption can be verified experimentally. 
Eqs. (2a) and (2b) thus take the form: 


dE 
oe = =[a+j@+0lR +ycks Ga) 
dE» 

ke, — j(8 + ¢)E2 + jeky (3b) 


and their solution for £,(0)=1; #2(0)=0 is 


ext 
| Ey | = Aas cos (avi=e 
+ arctg ae) (4a) 
AIL = 
ae 
| E2| =F | since =e (4b) 


where €=a/2c. 

From 4(a), we find that zero field ampli- 
tudes will be detected in the primary line at 
points x, given by 


CXnr\/1 — 2 + arctg Vee = 


£2 
Ss 


= Qn—1) > Gy = te Pa ES) 


and, in particular, position coordinates of the 
first two minima x; and x2 satisfy 


———— vis 
cxyy/1 — + hl Deeg = 5 (6a) 
Reyer ae 
CX2 — cte —— = 
arctg ae = (6H) 
from which we obtain 
Ec tet 
— 1 
tr p—3 
cos — 
2 p-—1 
and 
~= sin ees $ 8 
E eae (8) 


where p=x»/x;. We now substitute from 
(7) and (8) into (4b) and put «=2;, which 
is the point of maximum surface wave am- 
plitude. Thus 


| Es mx = exp | tan ft 
pion et 
P 7 
sin 
p—1 
tr p—3 
cos —-——— 
2 p—1 
= exp | 7 i oo (0 
= e@) _— . n . 
jo i 2 p—1 ) 


(The fraction equals unity identically.) 
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For £;(0) =1, the surface wave excitation 
efficiency 7 is defined by 


Ul ae | Bones (10) 
and thus 
Qa T p— 
= -t : an Gli 
n exp | na (11) 


Eq. (11) is an expression of the excitation 
efficiency in terms of the distances to the 
points of maximum power transfer. This can 
be generalized by stating that in the case of 
surface wave excitation by distributed cou- 
pling it is possible, in principle, to determine 
the excitation efficiency by measuring the dis- 
tribution of the absolute value of the wave am- 
plitude in the primary line only. 

Fig. 3 shows the plot of 7 vs p for the 
range 3.01<p<4. For values of p in the 
range 3<p<3.01, the approximation 


7 ee) (12) 


can be used and the plot of this function is 
shown in Fig. 4. 
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Fig. 3—Plot of excitation efficiency vs displacement 
of field minima in primary line for 3.01 <p <4. 
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Fig. 4—Plot of excitation efficiency vs displacement o 
field minima in vrimary line for 3 <p <3.01. 


EXPERIMENT 


It was pointed out in the Introduction 
that complete power transfer, in the re- 
stricted sense, is possible only if Bi1=B£s. 
Thus, the detection of zero field amplitude 
in the primary line can serve, in principle, 
as an indication of the equality of phase co- 
efficients of the coupled lines. 

The initial design of the system called 
for the insertion of dielectric slabs into the 
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waveguide, and the resulting value of 8; was 
determined with the aid of a method de- 
scribed by the author elsewhere. The thick- 
ness of the dielectric sheet to give the neces- 
sary value of 82= 8; was determined from the 
transverse resonance condition.“ Because 
of inaccuracies involved in this procedure, 
the design did not result in the desired situa- 
tion in which B.=6; at the design fre- 
quency. At this stage, use has been made of 
the fact that the group velocities in the 
coupled lines have different values, 7.e., 
0/081 ~0w/dB2, and by searching in the 
neighborhood of the design frequency, a par- 
ticular frequency has been found for which 
Bi=Bo. 

Copper-clad teflon, and later Rexolite, 
have been used in the construction of the 
reactive surface. The coupling aperture con- 
sisted of a row of 150 slots cut in the wide 
wall of a 0.4X0.9-in ID rectangular wave- 
guide (see Fig. 2). The measurement of the 
field amplitude in the waveguide was per- 
formed by cutting in the opposite wide wall 
a longitudinal slot such as used in a slotted 
section and mounting the waveguide in a 
hp809B Universal Probe Carriage from 
which the original slotted section has been 
removed. The whole setup has been placed 
on a surface covered with microwave ab- 
sorbing material. 

In a few experiments conducted up to 
now, excitation efficiencies of between 92 
and 95 per cent have been determined. 

EFRAIM RAVID-WEISSBERG 
Scientific Dept. 

Ministry of Defence 
Hakirya, Tel Aviv, Israel 


6 E. Weissberg, “Experimental determination of 
wavelength in dielectric-filled periodic structures,” 
IRE Trans. ON MICROWAVE THEORY AND TECH- 
NIQUES (Correspondence), vol. MTT-7, pp. 480-481; 
October. 1959. 


Higher-Order Mode Resonances in 
Strip-Line Y-Junction Circulators* 


Because of its small physical size, the 
Y-junction circulator has been the recipient 
of a great amount of investigation. Various 
theorists and experimentalists have devoted 
time to understanding the behavior of this 
device, both on the far and near side of ferri- 


magnetic resonance.!~* 
In our laboratory, we have succeeded 
in developing units operating at the near 


* Received by the PGMTT, August 21, 1961. 
1B, A. Auld, “The sen tpeele of Syezical ove: 
i circulators,” IRE TRANS. ON ICRO 
ee AND TECHNIQUES, vol. MTT-7, pp. 238-246; 
April, 1959. aaa 4 

27, Davis, Jr., et al., “A strip-line L-band compact 
circulator,” Proc. IRE (Correspondence), vol. 48, pp. 

116; ry, 1960. se 
a io nine and A, F. Eikenberg, “Stripline Y- 
circulators for the 100 to 400 Mc region,” PRoc. IRE 
(Correspondence), pp. 518-519; February, 1961. 

4 J. Clark and J. Brown, “Miniaturized, tempera- 
ture stable, coaxial Y-junction circulators,” IRE 
TRANS. ON MICROWAVE THEORY AND TECHNIQUES 
(Correspondence), vol. MTT-9, pp. 267-269; May, 
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side of resonance from 1.0-8.0 kMc. These 
units have instantaneous bandwidths pro- 
viding 20 db of isolation in excess of 20 per 
cent; some units have bandwidths as high 
as 40 per cent. One of the limitations on 
bandwidth that we have discovered are 
resonances that occur in the insertion loss 
and isolation characteristics of the device at 
the HF end of the band. In narrow-band 
designs, these resonances might never be 
noticed. Because of their presence, it is 
necessary to limit the bandwidth specifica- 
tion to exclude them from the operating 
region. If resonance could be eliminated, we 
believe bandwidths of 50-60 per cent could 
be achieved. 

Fig. 1 shows some experimental points 
relating the frequency at which the reso- 
nance occurs to the diameter of the ferri- 
magnetic material used in the design. Vari- 
ous materials were used, and they are la- 
beled with their manufacturer’s designation. 
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Fig. 1—Diameter at which higher-order mode 
resonance occurs for strip-line Y-junction circu- 
lators on the near side of resonance. 


The frequency of these resonances depends 
upon the value of magnetic field. They 
occur at lower frequencies for smaller field 
values. The values of field used in the data 
presented were sufficient to saturate the 
disks. 
A theoretical curve is plotted using the 
relationship 
fd =3.0 
where 
f=frequency in kMc 
d=diameter of material in inches. 


This type of expression is typical of propa- 
gation in cylindrical waveguide where the 
mode cutoff frequency is related to the guide 
diameter and the proper-order Bessel func- 
tion. It is felt, therefore, that these reso- 
nances can be explained by higher-order 
mode propagation in a direction parallel to 
the applied magnetic field, even though the 
dominant mode in the strip line is propagat- 
ing perpendicular to this direction. 

It is hoped that these resonances can be 
moved to higher frequencies without effect- 
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ing the basic nonreciprocal scattering of the 

ferrimagnetic disks. Experiments to deter- 

mine the feasibility of removing these reso- 

nances are now underway and, if successful, 
will be reported. 

ALVIN CLAVIN 

Microwave Dept. 

Rantec Corp. 

Calabasas, Calif. 


A Proposed Design to Enhance 
Microwave-Power-Limiter 
Characteristics* 


A design is proposed for a device which 
would enhance the properties of presently 
available microwave power limiters, thereby 
making their use as crystal protectors in 
duplexing units of microwave systems more 
desirable. This design is a combination of a 
power-sensitive, nonlinear element with a 
traveling-wave ring resonator. 

Several nonlinear elements, such as sub- 
sidiary resonance ferrite limiters,! and De- 
Grasse type of ferrimagnetic limiters,’ and 
diode parametric limiters* have been devised 
which exhibit an attenuation vs power-level 
curve such as is depicted in the lower curve 
of Fig. 1. The nonlinear properties of ferro- 
electric materials indicate that these mate- 
rials might also be used to produce limiting 
action. 


LIMITER ELEMENT 
—— — IW RING 


LIMITER ELEMENT 
ALONE 


ATTENWATION 


Input Power Level 


Higa. 


However, the referenced limiters are not 
completely usable as crystal protectors be- 
cause either their threshold power levels are 
too high, or their maximum attenuations, 
slopes of attenuation vs power curve, or 
their power-handling capabilities are inade- 
quate. Combining any one of the nonlinear 
elements with the traveling-wave ring reso- 
nator would improve upon all of these short- 
comings, provided that the low-level inser- 
tion loss of the element is sufficiently small. 


* Received by the PGMTT, August 21, 1961. 

1G. S. Uebele, “Characteristics of ferrite micro- 
wave power limiters,” IRE Trans. oN MICROWAVE 
THEORY AND TECHNIQUES, vol. MTT-7, pp. 18-23; 
January, 1959, 

2R, W. DeGrasse, “Low-loss gyromagnetic 
coupling through single crystal garnets,” J. Appl. 
Phys., suppl. to vol. 30, pp. 155S—156S; April, 1959. 

3 A, E. Siegman, “Phase-distortionless limiting by 
a parametric method,” Proc. IRE (Correspondence), 
vol. 47, pp. 447-448: March, 1959. 
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Much has been written about the travel- 
ing-wave ring resonator.’ Its properties, 
particularly the rapidity of the decrease in 
amplification factor with increasing ring at- 
tenuation, are relatively familiar. If a sec- 
ond coupler is added to the ring circuit to 
couple power out, it may be used as a pass- 
band-stopband filter for frequency separa- 
tion and combination.? 

Consider the microwave circuit in Fig. 2; 
this is a traveling-wave ring-resonator com- 
prised of two directional couplers. Two ports 
of each coupler are joined to form an in- 
tegral wavelength transmission line into 
which a power-sensitive, nonlinear element, 
having an attenuation vs power-level charac- 
teristic (such as in Fig. 1), has been intro- 
duced. 


where 
a=attenuation of one-half of ring circuit 
a=transmission constant corresponding 
to a, (a=10-2/?°) 
B=attenuation of limiter element, a 
function of E3, (8 =f(Es)) 
b=transmission constant corresponding 
to B, (b=10-8/?°) 
Ci=coupling coefficient of input direc- 
tional coupler 


E3/93 = CiE1/A a aU 


Es/62 = Vl = Ci? Eiji 


C2=coupling coefficient of output direc- 
tional coupler 


Es/03 = Coktc/O6 + 90° 


Es/05 = V/1 — Cx? Es/0. 


An analysis has been made which shows 
that the voltage amplification factor or the 
ratio of RF voltage in the ring to that in the 
input transmission line is 


Es | Fs/s 


F6;/,; + 90° 


Gis 
Diem imo vince 


4L, J. Milosenic and R. Vautey, “Traveling-wave 
resonators,” IRE TRANS. ON MICROWAVE THEORY 
ne TECHNIQUES, vol, MTT-6, pp. 136-143; April, 
1 i 

5P. J. Sperazza, “Traveling-wave resonator,” 
Electronics Ind., vol. 14, pp. 84-85; November, 1955. 

6 J, W. E. Griemsman, “Preliminary Design Con- 
siderations of Microwave Flywheel,” Polytechnic 
Inst. of Brooklyn, Brooklyn, N. Y., Repts. on Air Force 
Contract AF-18(600)-1505; 1957. 

7S. B. Cohn and F. S. Coale, “Directional channel 
separation filters,” Proc. IRE, vol. 44, pp. 1018-1024; 
August, 1956, 


and the transmission through the device, 
from port 1 to port 8 is 


Es/s 
E,/6; + 90° 


Ey _ | 
Ey 


=i abC Co Z 
~1—a% /1 = C? 1 = G 


(2) 


For any given value of abo, where bo is 
the maximum value of b under low-power 
level and minimum insertion-loss operation, 
the condition may be imposed by judicious 
design that 


Vi = CP =abV1—C#. 3) 


If this condition is met, it may be shown that 
E,=|E» /02.| =0, due to destructive cancel- 
lation in arm 2. Assuming highly directional 
couplers and matched components are used 
throughout, all power incident to port 1, 
less insertion loss in the ring circuit and lim- 
iter element, emerges from port 8. For high- 
power operation, where limiting is desired, 
b becomes very small. Eq. (3) is no longer 
satisfied, and most of the incident power 
goes to the matched load on port 2. It may 
be shown that the power incident to the 
limiter element is less than that at port 1 by 
a factor approaching the decoupling value 
of directional coupler number 1. This results 
in an equal increase in the power-handling 
capability of the device over the limiting 
element used alone. 

For low-power level operation, where } 
is very nearly unity (leftmost section, Fig. 1) 
and (3) is satisfied, (1) and (2) reduce to 


Hy 2 (4) 
Laney 

and 
E bC 
pone de : (5) 
Ey Ci 


respectively. 

Under these conditions, the power level 
in the ring circuit, which is the power inci- 
dent to the limiter element, is (1/C,)? times 
greater than the power in port 1. The device 
will reach its threshold at a power level 
(1/C;)? times less than the threshold of the 
limiter element. 

At high-power levels, the isolation be- 
tween port 1 and port 8 approaches the sum 
of the isolation of the limiter element and 
the decoupling factors of both direction 
couplers [see (6)]. This can be seen intui- 
tively in Fig. 2 by removing the section of 
the ring circuit opposite the limiter element. 
This may be done at power levels at which 
the attenuation of the limiter element is 
high, since very little power (approaching 
zero for sufficiently high attenuations) is car- 
ried by this transmission line. It is obvious 
from the circuit, then, that 


Es/Ey — CibC.. (6) 
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An absorptive limiter would be more 
easily used as a crystal protector since a re- 
flective limiter would necessitate the use of a 
circulator or isolator to get rid of the un- 
wanted leakage power and to provide trans- 
mitter isolation. Since most limiter ele- 
ments are reflective in nature, the proposed 
device will provide an additional advantage 
in that the input VSWR will be reduced 
from nearly infinity to a value approx- 
imately that of a short circuit viewed 
through an attenuation equal to the decou- 
pling factor of the input directional coupler. 
This would make the problem of transmitter 
isolation less severe. 

It is felt that 0.1 db is an attainable figure 
for low-level insertion loss for a crossed- 
stripline ferrimagnetic limiter at S-band fre- 
quencies, which includes limiter-element loss 
and transmission-line loss. This figure would 
correspond to 2a+ 8, making a*b equal to 
0.98953. 

Starting with this assumption, typical 
design figures might be as follows: Choosing 
a value of 7.0 db for the input coupler, 
C,=0.445 and ./1—C?=0.896. To satisfy 
(3) and enforce optimum operation at low- 
power levels, V1—C2=a7b-/i— Cr, 
/1—C?=0.9053, C2=0.424, and the out- 
put directional coupler-decoupling factor is 
seen to be 7.5 db. For low-power level op- 
eration, Es/E,;=abC2/C,=0.948=0.45 db, 
which is an increase of 0.35 db over the lim- 
iter element above. The power buildup fac- 
tor, P3/P1=(£3/Fi)?=(1/G))? =5.05 =7.0 
db, reduces the effective threshold of the 
device by 7.0 db below that of the element 
alone. 

For operation above threshold power 
levels where a?) is no longer nearly unity, 
(3) is no longer satisfied, and the isolation 
through the device becomes 


Es _ abCiCo. 
Ey 1-0 V1—Ci V1—-C? 


_ 0.18775 ~—_——_-0.1877(10-8/20) 
1 — 0.80285 — 1 — 0.8028(10-8/20) ’ 


where § is the attenuation of the limiter ele- 
ment in db. It is seen that a slight change in 
8 has a great effect on transmission loss 
Es/E, providing effective “amplification” of 
limiting attenuation. As the attenuation of 
the limiter element increases and oscillations 
in the ring circuit are greatly reduced, the 
power incident to the limiting element is 7.0 
db below the input power, raising the power- 
handling capability of the device 7.0 db 
above the limiter element alone. The isola- 
tion through the device approaches a value 
of 14.5 db greater than the limiter element 
isolation for increasing power levels. The 
maximum input VSWR is 1.50:1, when the 
limiter element is infinitely mismatched. 

The preceding typical design figures 
could be still further improved by using more 
strongly decoupled directional couplers, but 
only at the expense of increased low-level 
insertion loss. 

It is felt that the foregoing proposal has 
sufficient merit to warrant further investiga- 
tion, and an experimental study is planned. 

WILLIAM H. Wricut, JR. 
U.S. Army Signal Res. and Dev. Lab, 
Fort Monmouth, N. J. 
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A High-Power Coaxial Ferrite 
Phase Shifter* 


An L-band, reciprocal, coaxial, ferrite 
phase shifter with a low insertion loss, ex- 
cellent high-power stability at peak power 
levels up to at least 300 kw, and a figure-of- 
merit in excess of 1000 has been developed. 
These characteristics were achieved by using 
longitudinal biasing fields considerably 
greater than the field required for resonance. 

The motivation for this work stems from 
the need for improving the high-power char- 
acteristics of microwave ferrite phase shift- 
ers which are used as scanning elements in 
phased array antennas for radar transmit- 
ters. 

An ideal phase shifter for this application 
would combine good high power stability 
and a high figure-of-merit (ratio of total 
phase shift in degrees to the peak insertion 
loss in db over the range of biasing fields em- 
ployed) with small control power require- 
ments and an ability to be rapidly switched 
from one phase shift setting to another. A 
number of designs have been explored in 
order to effect some compromise among these 
requirements. In recent years principal em- 
phasis has been placed on light-weight, easily 
switched devices which produce the required 
phase shift upon application of only a very 
small biasing field. Most notable among 
these is the Reggia-Spencer phase shifter! 
which has been scaled for operation over a 
very wide range of frequencies.” 

But low-field devices, by their nature, 
suffer from the proximity of the subsidiary 
absorption.? To some extent the threshold 
power can be controlled by a suitable selec- 
tion of material, but it is generally conceded 
that the highest possible figure-of-merit is 
incompatible with a high threshold, at least 
with materials that are now available. Judg- 
ing by our own experience, a light-weight 
ferrite phase shifter having an acceptable 
figure-of-merit (~several hundred deg/db) 
will usually have a threshold peak power of 
the order of a few tens of kilowatts. Higher 
threshold powers may be obtained by reduc- 
ing the figure-of-merit. At L-band frequen- 
cies the problem is further complicated by 
the presence, in most materials, of rather 
excessive low field losses; the low field region 
thus becomes still less attractive. 

The nature of the compromise among the 
phase shifter characteristics can be greatly 
altered, and low field losses avoided, by op- 
erating on the high-field side of resonance. 
Here the requirements of low control power 
and light weight must be relaxed, but one 
need no longer sacrifice figure-of-merit in 
order to achieve high power stability. The 
reason for this lies in the fact that the op- 
erating region is now far removed from sub- 


* Received by the PGMTT, August 23, 1961. 
Supported by the Bureau of Ships, epartment of the 
Navy, Contract No. NObsr 77570. . 

1F, Reggia and E. G. Spencer, “A new technique 
in ferrite phase shifting for beam scanning of micro- 
wave antennas,” Proc. IRE, vol. 45, pp. 1510-1517; 

1957, 
i tase McCarter and E. F. Landry, “K,-band 
ferrite phase shifter,” IRE TRANS. ON MICROWAVE 
THEORY AND TECHNIQUES, vol. MTT-9, p. 271; May, 


ache F. Ollom and W. H. von Aulock, “Measure- 
ment of microwave ferrites at high signal levels, IRE 
TRANS. ON INSTRUMENTATION, vol. I-9, pp. 187-193; 
September, 1960. 
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sidiary resonance and no instability from 
this source is predicted to within the ap- 
proximation employed by Suhl,‘ as long as® 


4nyM, <w. 


The saturation of the main resonance, how- 
ever, can introduce an appreciable variation 
in insertion loss with RF power level if the 
biasing field is not sufficiently great. 

In order to explore the possibilities for 
above-resonance operation at microwave 
frequencies,’ we have designed and con- 
structed a ferrite phase shifter in a fully- 
loaded coaxial geometry for operation at 
1350 Mc over a 10 per cent band. The propa- 
gation characteristics of such a structure 
have been analyzed by Suhl and Walker? to 
the extent that the coaxial line can be ap- 
proximated by a pair of parallel planes. Their 
results show that the transmission line is cut 
off over the range of biasing fields, 


3) w 
SS Willis KIEL 
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Thus the region H>w/y is our present con- 
cern. 

The device, shown schematically in Fig. 
1, consists essentially of a 7-in coaxial line 
fully loaded with TT 1-103, a magnesium 
manganese ferrite-aluminate.’ We have 
found that a longitudinal magnetic field of 
900 oe, well above w/y (480 oe), is sufficient 
to reduce the insertion loss of an 18-in 
length of line to about 0.2 db. This low loss 
implies that the material has a low dielectric 
loss tangent. 

We should also note that the matching 
requirements are less stringent than those 
encountered in low field operation, because 
here the effective microwave permeability is 
greater than unity. The characteristic im- 
pedance of the ferrite loaded line is thus 
brought closer to that of the empty line. 

In Fig. 2 the electrical characteristics of 
the phase shifter are shown vs applied dc 
field. The phase shift and figure-of-merit are 
given by the same curve with the 0.2-db 
insertion loss quoted above being the scale 
factor between the two sets of ordinates. 

It is clear from the figure that two feet 
of loaded line is sufficient to produce 360° of 
phase shift with a change in biasing field of 
about 500 oe. A figure-of-merit of more than 
1000 may be obtained without difficulty. 
Most important, however, is the fact that 
this figure-of-merit does not deteriorate with 
the application of high power. In fact, up to 


4H, Suhl, “Theory of ferromagnetic resonance at 
high signal powers,” J. Phys. Chem. Solids, vol. 1, pp. 
209-227; April, 1957. €r 

5 P, C. Fletcher and N. Silence, “Subsidiary ab- 
sorption above ferrimagnetic resonance,” J. Appl. 
Phys., vol. 32, pp. 706-711; April, 1961. ; 

6 An above-resonance UHF phase shifter using a 
stripline geometry was reported on by Johnson (see 
below) and his results show no instability up to peak 
powers of i0 kw except in the immediate neighborhood 

nance. 

: "CME Johnson, “Ferrite phase shifter for the UDHF 
region.” IRE TRANS. ON MICROWAVE THEORY AND 
TECHNIQUES, vol. MTT-7, pp. 27-31; January, 1959. 

7H. Suhl and L. R. Walker, “Topics in guided 
wave propagation through gyromagnetic media, part 
I1I—perturbation theory and miscellaneous results, 
Bell Sys. Tech. J., vol. 33, pp. 1133-1194; September, 
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Fig. 1—Diagram of experimental coaxial ferrite 
phase shifter. 
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Fig. 2—Phase shift, figure-of-merit and VSWR vs 
de field for TT1-103 in a §-in coaxial geometry. 
Length =18-in, frequency =1.35 kMc, 


the highest peak power used (~300 kw),° 
no instability was observed over the range 
of biasing fields shown in Fig. 2. 

In installations where the large coil 
weight would not be a major disadvantage 
and where power and cooling could be pro- 
vided for the permanent biasing and switch- 
ing fields, the device described has important 
advantages. First, the high power stability 
represents an improvement of at least an 
order of magnitude over a comparable low- 
field device. Second, the phase shifter ex- 
hibits a very low insertion loss and the RF 
heating of the ferrite should, as a conse- 
quence, be relatively small. Third, the phase 
shift settings are not disturbed by hysteresis 
effects, and hysteresis heating by the switch- 
ing operation is reduced to negligible propor- 
tions. In fact, since the magnetization is vir- 
tually independent of the biasing field, the 
presence of the ferrite should have little or 
no effect on the switching operation. 

The authors would like to express their 
appreciation to W. H. von Aulock for his 
continuing interest and many helpful dis- 
cussions. They would also like to express 
their gratitude to H. E. Noffke for his assist- 
ance with the instrumentation and measure- 
ments. 

A. S. Boxer 

S. HERSHENOV 

E. F. LANDRY 

Bell Telephone Labs. 
Whippany, N. J. 


® This power level greatly exceeds the rating for a 
standard j-in coaxial line. However, it was desired 
that the level be increased until instabilities appeared 
in the ferrite. In the neighborhood of 300 kw, arcing 
occurred in the waveguide-coax transitions. 
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A Duplexer Using the Zero 
Permeability Characteristics of 
Ferrite* 


It has been shown by Polder! and others? 
that a ferrite material can be made to ex- 
hibit an effective zero permeability to a wave 
that has a positive sense of circular polariza- 
tion (positive wave) and a corresponding 
nonzero permeability to a wave with polar- 
ization in the negative sense (negative 
wave). Melchor, e¢ al.,3 and Duncan and 
Swern! have demonstrated that a ferrite 
material which is magnetically biased such 
that the real part of its positive wave per- 
meability is zero will largely exclude the 
positive wave. The negative wave, how- 
ever, will be concentrated in the ferrite; and, 
under certain conditions of ferrite geometry 
and operating frequency, the negative wave 
will propagate through the ferrite in a dielec- 
tric mode. 

This note describes a duplexer which 
utilizes this differential interaction in ferrite 
when biased to, or in the region of, zero per- 
meability. Fig. 1 shows a diagrammatic 
sketch of a duplexer which uses these princi- 
ples. 
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(b) 


Fig. 1—Diagrammic sketch of a “zero permeability” 
duplexer. (a) Transmit case. (b) Receive case, 


The design of this structure is such that 
a linearly polarized wave entering the trans- 
mitter arm will propagate through the or- 
thogonal mode coupler with negligible cou- 
pling to the antenna arm, and will become 
circularly polarized in the positive sense be- 
fore entering the ferrite section of the wave- 


* Received by the PGMTT, August 25, 1961. This 
work has been sponsored by the Wright Air Dev. 
Div., Dayton, Ohio, under Contract Number AF33- 
(616)6517. 

1D. Polder, “On the theory of ferromagnetic 
pe oranee,s Phil. Mag., vol. 40, pp. 99-114; January, 


2 See, for example, C. L. Hogan, “The ferromag- 
netic Faraday effect at microwave frequencies and its 
applications,” Rev. Mod. Phys., vol. 25, pp. 253-263; 
January, 1953. 

3 J. L. Melchor, W. L. Ayres, and P. H. Var- 
tanian, “Energy concentration effects in ferrite loaded 
waveguides,” J. Appl. Phys., vol. 27, pp. 72-77; Janu- 
ary, 1956. 

4B. J. Duncan and L. Swern, “Effect of zero fer- 
rite permeability on circularly polarized waves,” 
Proc, IRE, vol, 45, pp, 647-655; May, 1957. 
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guide. The ferrite section consists of one or 
more ferrite disks which completely fill the 
cross section of the waveguide as shown in 
Fig. 1. A solenoid or a cylindrical magnet is 
used to produce a longitudinal magnetic 
field to bias the ferrite disks to the region 
where the real part of the effective ferrite 
permeability is essentially zero. As dis- 
cussed in the first paragraph, the positive 
wave will be almost totally excluded from 
and, hence, reflected by the ferrite. The re- 
flected wave will propagate through the first 
quarter-wave plate section which reconverts 
the wave to linear polarization, oriented 90° 
with respect to the incident linearly polar- 
ized wave. At the orthogonal mode coupler, 
the wave is then coupled into the antenna 
arm with negligible losses. The orthogonal 
mode coupler on the receiver end provides a 
load for any positive wave energy that is 
propagated through the ferrite section. 

A wave entering the antenna arm will be 
coupled into the circular waveguide and will 
propagate into the ferrite section with a 
negative sense of circular polarization. Since 
the effective permeability for the negative 
wave is greater than unity (at the same mag- 
netic bias for zero positive wave permeabil- 
ity), the wave will propagate through the 
ferrite section if the width and spacing of 
the disks are such that a proper impedance 
match is achieved. If the dielectric and 
magnetic losses of the ferrite material are 
low, the wave willl be only slightly attenu- 
ated when it emerges from the ferrite sec- 
tion. The emergent wave, after propagating 
through the second quarter-wave plate sec- 
tion, will be reconverted to a linearly polar- 
ized wave at the receiver arm oriented per- 
pendicular to the septum in the orthogonal 
mode coupler. Thus, loss to the load arm is 
negligible. 

Fig. 2 shows an experimental X-band 
“zero permeability” duplexer. Representa- 
tive data taken on a similar duplexer de- 
signed for 9.2 Gc are given in Fig. 3. The 
ferrimagnetic material used in this particular 
unit was yttrium-iron garnet. At 9.2 Ge, the 
transmitter-to-antenna loss was 0.4 db with 
a corresponding receiver arm isolation of more 
than 30 db. The transmitter-to-antenna in- 
sertion loss remained well below 1.0 db from 
9.0 to 9.7 Gc. Subsequent tests have shown 
that this loss remains below 1.0 db over a 
10 per cent bandwidth. Beyond a 10 per cent 
bandwidth, the higher loss was due pri- 
marily to the narrow bandwidth of the quar- 
ter-wave plates used in the experimental 
work. 

The antenna-to-receiver insertion loss at 
9.2 Ge was also 0.4 db and remained below 
1.0 db over a bandwidth of approximately 
5 per cent. Increased loss beyond this band- 
width is due principally to the fixed ferrite 
geometry and spacing with the narrow-band 
quarter-wave plates contributing to some 
degree. 

A duplexer of this design offers a definite 
advantage in that high power effects are 
minimized since the microwave energy asso- 
ciated with high peak power does not prop- 
agate through the ferrite. However, there is 
some magnetic coupling into the ferrite sur- 
face; but, by careful selection of ferrite ma- 
terial and geometry, the magnetic biasing 
field can be kept well below the field which 
will give rise to subsidiary resonance losses, 
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Fig. 2—An experimental X-band zero 


permeability duplexer. 
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Fig. 3—Characteristics of a zero permeability 
duplexer using two thin disks of yttrium-iron 
garnet. Hg, =925 gauss. 


The duplexer with characteristics shown in 

Fig. 2 was tested without cooling or pres- 

surization at 250 kw peak (100 w average) 

at 9.2 Gc with no deleterious effects noted. 

Many helpful discussions with Mr. B. J. 

Duncan, Dr. J. E..Pippin and Dr. G. P. 

Rodrique, and the help of R. W. Coston in 

the experimental work presented, are thank- 
fully acknowledged. 

L. K. Witson 
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A Series-Connected Traveling- 
Wave Parametric Amplifier* 


INTRODUCTION 


The conventional parametric amplifier 
consisting of a single variable element with 


_ * Received by the PGMTT, March 1, 1961; re- 
vised manuscript received, September 1, 1961. The 
work reported here was carried out as part of the 
Lockheed Research Program. 
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its accompanying resonant circuits is in- 
herently a narrow-band device. Analysis has 
also shown that such amplifiers when Op- 
erating at high gain are extremely sensitive 
to pump power, 7.e., small variations in 
pump power lead to large variations in gain. 
Traveling-wave parametric amplifiers, in 
which not one but many variable elements 
are involved, have been designed or built to 
overcome the two limitations mentioned 
above. This paper is concerned with the 
analysis of one such amplifier in which the 
variable elements are placed in series with 
the signal line as opposed to one in which 
the elements are placed in shunt. In particu- 
lar, the variable elements are capacitance 
diodes. 

With the diodes in series with the signal 
line, it becomes possible to design amplifiers 
whose structures are considerably simpler 
than otherwise. Fig. 1 shows one such design, 
called a “serpentine” amplifier for obvious 
reasons. The signal to be amplified is carried 
by the coax line while the pump wave is car- 
ried by the waveguide. Note that now a 
single pump source rather than multiple 
pump sources is required.? Considering the 
diodes as representing capacitances shunting 
the pump line, it is possible to bias and so 
space them as to allow only the pump fre- 
quency component to exist in the pump line. 
Note also that such an arrangement allows 
for more flexibility in that the signal line 
lengths between diodes can be easily adjusted 
for optimum operating conditions. Such 
favorable conditions are easily created in the 
laboratory and they will be assumed in the 
following discussion. 
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Fig. 1—Serpentine traveling-wave parametric 
amplifier. 


DISCUSSION 


The procedure used will follow closely 
those used by Heffner! and Tien.? Conse- 
quently, a great deal of the intermediate 
steps will be omitted. 

The signal line in Fig. 1 can be repre- 
sented by Fig. 2 in which Ly and Cp are the 
equivalent series inductance and shunt ca- 
pacitance per unit length of the line. The 
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fier Analysis,” class notes, Stanford University, Stan- 
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in traveling-wave parametric amplifiers,”* 1959 IRE 
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UHF traveling-wave variable reactance anuplifier, 
IRE TRANS. ON MICROWAVE THEORY AND TECH- 
NIQUES, vol. MTT-8, pp. 351-361; May, 1960. 
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line carrying the pump wave is not shown 
but the effect of the pump is reflected in the 
elastance S(t, z) of the diode by 


aS (Gg) yen elem) SNe int Bre) (1) 


where w, is the angular frequency of the 
pump and 8, is the pump, phase constant. As 
it turns out, consideration of the elastance 
rather than the capacitance of series ele- 
ments proves to be more appropriate with 
such structures. Note that the actual elas- 
tance should contain a constant term So 
representing the average value. In this paper 
it is assumed that the value of Co is such as 
to include both the inherent line capacitance 
and the effects of So. 


Lo S(tz) Lo S(tz) Lo Sltz) Lb» S(t,z) 


Fig. 2—Signal line. 


The differential equations describing the 
voltage and current relationships over a unit 
length are 


OV (t, 2) Ol (t, 2) 
(oka = ; ot 
2 {f S(t, DI(t, dt ——(2) 
and 
al (t, 2) aV(t, 2) 
—— — 5 3 
az sees (3) 


Except for the term with the integral sign 
these are the usual transmission line equa- 
tions. Parametric action of course results 
from the new term. 

Differentiating (2) with respect to time 
t gives 


a aVit, 2) 
ot Oz 


a(t, 
ey ee 


aaaee ©, I(t, z)S(t, 2). (4) 


Differentiating (3) with respect to distance 
z and interchanging the order of differentia- 
tion gives 


a(t, 2 d Wit, z 
a ” at () 
Substituting (4) into (5) leads to 
aT (i, z) O71 (é, 2) 
dfki, by > epee 
+ Col (é, z)S(, 2). (6) 


It will be assumed that the current J(t, 2) 
consists only of two relevant components; 
namely, the signal component designated by 
I(t, 2) and the idler component designated 
by I.(t, z). Appropriate filter networks are 
placed in the line to eliminate all other fre- 
quency components. Thus 


Gey = T(gei@rt Pe) + L* (ge Fe Fe) 
A To(z) ei @2t-Bae) 4 Ty*(z) eA (#2t- Px), (7) 
where 
Br = wr/LoCo and 2 = w2r/ LoCo. 
Consider the case where 


Wp = w1 + wr 
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and the lines are such that 


Bp = Bi + Bo. 


Carrying out the operations indicated in 
(6) and equating the coefficients of like fre- 
quency terms leads to a set of four simul- 
taneous equations, of which two are inde- 
pendent of each other. These are 


077, (z) . dl, (z) 
az J2B1 ee CoSiT2*(z) (8) 
071 2* (zg np, ENG 
oy, 726, = CSith). ©) 
02? OZ 


The above equations can be further sim- 
plified if it is assumed that 


or «|26 or 
Oz? az | 
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ol & les 
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Oz G2B1 
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where K, and Ky are arbitrary constants. 
Thus the signal /;(z) is seen to grow (ampli- 
fication of the signal) with z. These expres- 
sions are similar (but not identical) to those 
obtained by Heffner! and Tien,? as expected. 

No attempt will be made to compute the 
bandwidth and noise because it is felt that 
the results will be similar to those reported 
by Heffner and Tien. 


CONCLUSIONS 


A traveling-wave parametric amplifier of 
a rather novel design has been presented. 
Connecting the variable capacitance diodes 
in series with the signal line leads to struc- 
tural and operational simplicity. The analy- 
sis proves that under certain favorable con- 
ditions amplification of the signal can take 
place. 
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1961 PGMTT National Symposium 


The 1961 PGMTT National Symposium 
was held on May 15, 16, and 17, 1961, at the 
Sheraton Park Hotel in Washington, D. C. 
Planning for this Symposium began more 
than a year before the meeting; the Sym- 
posium Committee was formed in March, 
1960. The members of the Symposium Com- 
mittee were: 

Symposium Chairman: Robert O. Stone, 

National Bureau of Standards 

Secretary: Charles E. Quigley, Naval Re- 

search Laboratory 


Technical Program Committee: 
Chairman—Gustave Shapiro, National 
Bureau of Standards 
Members—Tore N. Anderson, Micro- 
wave Consultant 
Alfred C. Beck, Bell Telephone Lab- 
oratories 
Donald D. King, Electronic Communi- 
cations, Inc. 
William W. Mumford, Bell Telephone 
Laboratories 
Charles E. Quigley, Naval Research 
Laboratory 
Saul W. Rosenthal, Polytechnic Insti- 
tute of Brooklyn 
Theodore S. Saad, Sage Laboratories, 


Inc. 
Leonard Swern, Sperry Gyroscope 
Company 


John E. Tompkins, Diamond Ord- 
nance Fuze Laboratories 


Arrangements Committee: 


Chairman—Robert V. Garver, Diamond 
Ordnance Fuze Laboratories 
Members—Marshall M. Algor, Diamond 
Ordnance Fuze Laboratories 
Phillip W. Boesch, Weinschel Engi- 
neering Company 


Julius A. Kaiser, Diamond Ordnance 
Fuze Laboratories 
Mary J. Ronas, National Bureau of 


Standards 
Thelma Southwarth, Diamond Ord- 


nance Fuze Laboratories 


Publicity Committee: 


Chairman—Benjamin Bernstein, Poly- 
technic Engineering Company 
Members—Elbert (Al) Godfrey, Poly- 
technic Engineering Company 
Edward A. Wolff, Electromagnetic 
Corp. 


Finance Committee: 


Chairman—F rank Reggia, Diamond Ord- 
nance Fuze Laboratories 
Members—Henry B. Bruns, Diamond 
Ordnance Fuze Laboratories 
Lauren P. Tuttle, Jr., Melpar, In- 
corporated 


Women’s Activities Committee: 


Chairman—Elisabeth M. Rutz, Emerson 
Research Company 
Members—Marie D. Prytulak, Diamond 
Ordnance Fuze Laboratories 
Kathryn M. Schwarz, National Bu- 
reau of Standards 


Session Organizers: 


Session IV—High-Power Microwave 
Techniques 
Theodore S. Saad, Sage Laboratories, 
Inc. 
Session V—Low-Noise Microwave Am- 
plifiers 


Helmut Sommer, Diamond Ordnance 
Fuze Laboratories 
Session VII—System and _ Receiver 
Noise Performance 
William W. Mumford, Bell Telephone 
Laboratories 


There were seven technical sessions, in 
which thirty papers were presented. Three 
of the sessions were panel sessions: Low- 
Noise Amplifiers, High-Power Microwave 
Techniques, and System and Receiver Noise 
Performance Clinic. At these sessions, forty- 
minute invited papers were presented and 
then further discussed by the six panel 
members. 

For the first time, a Symposium Digest 
was available at the Symposium. Charles 
Quigley, Editor of the Digest, was largely 
responsible for its quality and excellence. 
The Digest contains 500-word summaries 
and five figures for each of the papers pre- 
sented at the Symposium. Copies of the 
Digest may be obtained from Frank Reggia, 
Diamond Ordnance Fuze Laboratories, 
Washington 25, D. C., for $3.00 per copy. 

On Monday evening, May 15, Mr. Jacob 
Rabinow, Rabinow Engineering Company, 
presented a very interesting and informative 
paper, “The Business of Investing.” 

A cocktail hour and banquet was held in 
Sheraton Hall on May 16. The Microwave 
Prize for the best paper published in the 
TRANSACTIONS during the previous year was 
awarded to Dr. A. F. Harvey of the Royal 
Radar Establishment, Malvern, Worcester, 
England. 

The highlight of the banquet was the per- 
fectly executed hoax by Gustave Shapiro 
and the guest speaker, Dr. Paul Conroy, 
U. S. Information Agency. Dr. Conroy, 
posing as a Russian official, Ivan Serov, dis- 
closed some rather startling Russian ad- 
vancements in the microwave art and ex- 
plained why the Russian scientific and eco- 
nomic programs were superior to those of the 
United States. Everyone was quite surprised, 
and relieved, to learn that his address was 
not authentic. 

Approximately 600 people attended the 
Symposium; 500 were IRE members, 95 
were nonmembers, and 7 were students. 


Left to right: Delmer C. Ports, Dr. Paul Conroy—Banquet Speak i 
Russian official, Ivan Serov—Gustave Shapiro, and Theodore Saadan ea 


Our two honorary life members of PGMTT with their wives. Left to right Dr. 
: 
George ( Southworth, Mrs. Southworth Mrs. Cl vile. nh An Clavier— 
4 0 ’ . a r and dre lavier 
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Banquet scene before the hoax perpetrated by Paul Conroy and Gustave Shapiro 


Left to right: Andre Clavier, Mrs. Clavier, Theodore Saad, Tore Anderson, Mrs. Some of the members of the 1961 Symposium Committee relaxing before the 
Saad, Frank Klawsnik, Mrs. Tomiyasu and Kiyo Tomiyasu. banquet. Left to right: Frank Reggia—Finance Chairman, Mrs. Reggia, Gustave 
‘i Shapiro—Technical Program Chairman, Robert Garver—Arrangements Chairman, 
Mrs. Garver, Robert Stone—Symposium Chairman, Mrs. Hepburn, Robert Rivers, 

Mrs. Rivers, Mrs. McDonley, and W. A. McDonley. 


Left to right: Ben Warriner, Andre Clavier, George Southworth, Theodore Saad, 
Herbert Engelmann, James Hughes, William Culshaw, and Tore Anderson. 
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Contributors 


Dean B. Anderson (S’49-M’50) was born 
in Billings, Mont., on October 22, 1921. He 
received the B.S. degree in electrical engi- 
neering from Mon- 
tana State College, 
Bozeman. 

From 1944 to 
1946 he served in the 
Signal Corps, — pri- 
marily with the Ra- 
dio Propagation Unit. 
Then he joined Ha- 
zeltine Electronics 
Corporation, Little 
Neck, N. Y., where 
he contributed to the 
development. of an- 
tennas and transmitters for IFF and air nav- 
igation systems. Later he was responsible 
for the microwave aspects of the airborne 
interogator and ground stations of the Dis- 
tance Measuring Equipment for the Civil 
Aeronatuics Administration. Since 1954 he 
has been associated with the Autonetics, 
Division of North American Aviation, 
Inc., Anaheim, Calif., as a Senior Technical 
Specialist, studying advanced microwave 
systems and monopulse antennas. His study 
of parametric amplifiers applied to mono- 
pulse systems has recently recetved major 
emphasis. He has recently joined the Auto- 
netics Research Center, Anaheim, Calif. 


D. B. ANDERSON 


Jerry C. Aukland (S’55—M’59) was born 
in Macedonia, Ia., on October 7, 1931. He 
received the B.S. degree in electrical engineer- 

ing from Iowa State 


College, Ames, in 
1959. 
From 1950 to 


1954 he was an avia- 
tion electronics tech- 
nician in an Early 
Warning Radar 
Squadron (during the 
Korean _ conflict). 
Upon graduation in 
1959 he joined the 
Autonetics Division 
of North American 
Aviation, Inc., Anaheim, Calif., where he 
has been engaged in the study of parametric 
amplifiers for application to monopulse 
radars. 

Mr. Aukland is a member of Phi Eta 
Sigma, Eta Kappa Nu, and Tau Beta Pi. 


J. C. AUKLAND 
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Clare E. Barnes was born in Vassar, 
Mich., on October 24, 1929. He received 
the B.S. degree in physics from Michigan 
State University, East Lansing, in 1956. 

From 1948 to 1952 he served in the Air 
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Force as an aircraft armament instructor. 
Since 1956 he has been a member of the 
technical staff of the Bell Telephone Lab- 
oratories, Murray 
Bil NTS fay, en ae 
Solid State Device 
Development De- 
partment. He was en- 
gaged in the develop- 
ment of ferrite 
switches and variable 
attenuators for the 
Bell System’s 6 kmc 
Radio Relay System 
while attending the 
Laboratories’ Com- 
munications Devel- 
opment Training Program, which he com- 
pleted in 1959. Subsequently, his work was 
concerned with ferrite devices at C and X 
bands, and at millimeter wavelengths. 


C. E. BARNES 
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Keith S. Champlin (S’55—M’59) was 
born in Minneapolis, Minn., on August 20, 
1930. He received the B.S. degree in 1954, 
the M.S.E.E. degree 
in 1955, and the 
Ph.D. degree in elec- 
trical engineering in 
1958, all from the 
University of Minne- 
sota, Minneapolis. 

After serving in 
the U. S. Army Sig- 


nal Corps in 1951 
and 1952, he was 
briefly associated 


K. S. CHAMPLIN 


with the Physics De- 
partment of the Uni- 
versity of Minnesota and with Remington 
Rand Univac. Both positions dealt with 
applications of radio telemetry to high alti- 
tude research. As a graduate student, he 
was engaged in research on noise in semi- 
conductors; first as Research Assistant and 
later as Research Fellow. His thesis work 
was in the field of fluctuations in p-m junc- 
tion devices. 

At present, he is Associate Professor of 
electrical engineering at the University of 
Minnesota. He is in charge of a research 
group employing microwave techniques to 
study electronic processes in semiconductors. 

Dr. Champlin is a member of Tau Beta 
Pi, Eta Kappa Nu, Gamma Alpha, and 
Sigma Xi. 


William J. Getsinger (S’48—A’50—M’S55) 
was born in Waterbury, Conn., on January 
24, 1924. He received the B.S. degree 
from the University of Connecticut, Storrs, 


November 


in 1949; the M.S. degree from Stanford Uni- 
versity, Stanford, Calif., in 1959, and the 
degree of Engineer, also from Stanford, in 
1961, all in electrical 
engineering. 

Between 1950 and 
1957 he worked at 
Technicraft Labora- 
tries, Thomaston, 
Conn., and the 
Westinghouse Elec- 
tric Company, Balti- 
more, Md., on the 
design and develop- 
ment of waveguide 
components and as- 
semblies. In 1957 he 
joined the staff of Stanford Research In- 
stitute, where he has been working on strip- 
line components and antennas. 

Mr. Getsinger is a member of Tau Beta 
Piand Eta Kappa Nu. 


W. J. GETSINGER 


Meyer Gilden (S’47—A’48-M’55) was 
born in Chicago, Ill, on June 21, 1924. He 
received the B.S. and M.S. degrees in elec- 
trical engineering 
from the Illinois In- 
stitute of Technol- 
ogy, Chicago, in 1946 
and 1948, respec- 
tively, and the Ph.D. 
degree from the Uni- 
versity of Illinois, 
Urbana, in 1955. 

From 1948 to 1956 
he was on the staff at 
the University of 
Illinois where he at- 
tained the rank of 
Assistant Professor. At the University he 
taught in the Electrical Engineering De- 
partment and was engaged in plasma re- 
search in the Gaseous Electronics Labora- 
tory under Dr. L. Goldstein. While at the 
University he also worked in the Control 
Systems Laboratory on communication 
problems. 

In 1956 he became a member of the staff 
of the General Electric Microwave Labora- 
tory in Palo Alto, Calif., where he was active 
in research and development concerned with 
microwave switches using gas and vacuum 
discharges, phase shifters using gas discharge 
plasmas, microwave filters and shock tube 
instrumentation. From 1959 to 1961 he was 
a Research Engineer in the Electromagnetics 
Laboratory at Stanford Research Institute 
where he became involved in parametric 
amplifier work. Presently he is a Senior 
Engineer in the Electron Tube and Device 
Division of Microwave Associates, Burling- 
ton, Mass., where he is engaged in plasma 
physics research. 

Dr. Gilden is a member of the American 
Physical Society, Sigma Xi, and Kappa Nu. 
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Thomas S. Hartwick was born in Van- 
dalia, Ill., on March 19, 1934. He received 
the B.S. degree in engineering physics from 
the University of II- 
linois, Urbana, in 
1956, and the M.S. 
degree from the Uni- 
versity of California 
at Los Angeles in 
1958, undera Howard 
Hughes Master of 
Science Fellowship. 

From 1956 to 
1961 he was asso- 
ciated with the Solid- 
State Applications 
Section, Electro- 
Physics Laboratory, Hughes Aircraft Com- 
pany, Culver City, Calif., where he was 
Head of the Ferrites Research Group, and 
where he was principally engaged in research 
on the nonlinear behavior of ferromagnetic 
materials at microwave frequencies. In early 
1961 he joined the Aerospace Corporation, 
El Segundo, Calif. 

Mr. Hartwick is a member of the Ameri- 
can Physical Society. 
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T. S. HARTWICK 


Irving T. Ho was born in Fukien, China, 
on March 26, 1921. He received the B.S.E.E. 
degree from Amoy University, Fukien, 
China, in 1944, and 
the M.S. and Ph.D. 
degrees from Stan- 
ford University, Stan- 
ford, Calif., in 1957 
and 1961,  respec- 
tively. 

From 1952 to 
1955 he was a Lec- 
turer in electrical 
engineering at the 
Taipei Institute of 
Technology, Taipei, 
Taiwan. From 1957 
to 1959 he was employed by the Boeing 
Airplane Company, Seattle, Wash., as a re- 
search engineer. During that time, he was 
also a part-time graduate student at the 
University of Washington, Seattle, under 
the Boeing graduate program. In 1959 
Boeing granted him a scholarship to con- 
tinue his studies at Stanford University. At 
present, he is a research associate with the 
Electronics Research Laboratories of Stan- 
ford University. 

Dr. Ho is a member of Sigma Xi. 


Eos Ho 


Ann Yung Hu (S’56—M’58) was born in 
Hunan, China, on October 6, 1921. She re- 
ceived the B.S.E.E. degree from the Na- 
tional Hunan University, China, in 1944, 
and the M.S.E.E. degree from the Illinois 
Institute of Technology, Chicago, in 1957. 
Currently she is studying at the University 
of Washington, Seattle. 

From 1944 to 1952 she was on the staff 
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of the Nationalist Chinese Air Force Com- 
munication School and the Taipei Insti- 
tute of Technology as a radio, radar, and 
loran instructor; and 
the following: two 
years she worked as 
a research engineer 
for the Radio Wave 
Propagation Re- 
search Laboratory of 
Taiwan, China. In 
1956 she joined the 
Admiral Radio Com- 
pany, Chicago, IIL, 
as a research engi- 
neer, studying radia- 
tion effects of micro- 
wave components, and the following year 
she was with the Electronics Research Lab- 
oratory of the Illinois Institute of Technol- 
ogy. Since 1958 she has been with the Boeing 
Company, Renton, Wash. 

Miss Hu is an associate 
Sigma Xi. 
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Akira Ishimaru (M’58) was born in 
Fukuoka, Japan, on March 16, 1928. He 
received the B.S. degree from Tokyo Uni- 
versity in 1951, and 
the Ph.D. degree in 
electrical engineer- 
ing from the Univer- 
sity of Washington, 
Seattle, in 1958. 

In 1951 he worked 
for the Electrotech- 
nical Laboratories, 
Tokyo, Japan, until 
his arrival in the 
UBS seine O52easua 
graduate student. 
From 1954 to 1958 
he was an Instructor at the University of 
Washington, and in the summer of 1956 he 
was employed by the Beil Telephone Lab- 
oratories, Holmdel, N. J., where he worked 
on antenna problems. He was an Assistant 
Professor of electrical engineering at the 
University of Washington from 1954 to 
1961, and became Associate Professor in 
1961. He has also been a consultant to the 
Boeing Airplane Company, Seattle, Wash., 
in microwave antennas and propagation. 
He has been engaged in research on antenna 
pattern synthesis, propagation, and diffrac- 
tion and scattering. 

Dr. Ishimaru is a member of Sigma X1. 
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Irving Kaufman (S’45—A’50—-M’55) was 
born in Geinsheim, Hessen, Germany, on 
January 11, 1925. He received the B.E. 
degree in electrical engineering from Vander- 
bilt University, Nashville, Tenn., in 1945, 
and the M.S. and the Ph.D. degrees from 
the University of Illinois, Urbana, IIl., in 
1948 and 1957, respectively. 

From 1945 to 1948 he worked as de- 
velopment engineer for the RCA Victor Di- 
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vision, Indianapolis, Ind., and Camden, 
N. J. Since 1957, he has been with the 
Research Laboratory of Ramo-Wooldridge, 
which is now the Re- 
search Laboratory of 
Space Technology 
Laboratories, Inc., 
Canoga Park, Calif., 
working in the field 
of Microwave Elec- 
tronics. 

Dr. Kaufman is a 
member of Sigma Xi, 
Taw Beta Pre ta 
Kappa Nu, Pi Mu 
Epsilon, and the 
American Physical 


I. KAUFMAN 


Society. 


Robert R. Krongard was born in Monte- 
video, Minn., on June 10, 1932. He re- 
ceived the B.S. degree in 1959 and the M.S. 
degree in 1961, both 
in electrical engineer- 
ing from the Uni- 
versity of Minnesota, 
Minneapolis. 

He is presently 
doing research on 
the microwave prop- 
erties of semiconduc- 
tors at the Univer- . 
sity of Minnesota 
while working to- 
ward the Ph.D. de- 
gree. 

Mr. Krongard is a member of Eta Kappa 
Nu and Gamma Alpha. 


R. R. KRONGARD 


William F. Krupke was born in Spring- 
field, Mass., on January 30, 1937. He re- 
ceived the B.S. degree in physics from Rens- 
selaer Polytechnic 
Institute, 0 roy, 
N. Y., in 1958, and 
the M.A. degree in 
physics from the Uni- 
versity of California, 
Los Angeles, in 1960, 
under a Howard 
Hughes Master of 
Science Fellowship. 

From 1958 to 
1961 he was asso- 
ciated with the Solid- 
State Applications 
Section, Electro-Physics Laboratory, 
Hughes Aircraft Company, Culver City, 
Calif., engaged principally in research and 
development work utilizing the nonlinear 
properties of ferromagnetic and semicon- 
ductor materals at microwave frequencies. 
Since early in 1961 he has been associated 
with Minneapolis-Honeywell Regulator 
Company, Los Angeles, Calif., where he is 
engaged in electro-optical research and de- 
velopment. 

Mr. Krupke is a member of the American 
Physical Society. 
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Charles E. Muehe, Jr., was born in 
Seattle, Wash., on September 27, 1924. He 
received the B.S. degree in electrical engi- 

neering from Seattle 


University in 1950, 
and the M.S. degree 
in electrical engi- 
neering from the 


Massachusetts Insti- 
tute of Technology, 
Cambridge, in 1952. 

From 1952 to 
1956 he was a mem- 
ber of the electrical 
engineering staff of 
Seattle | University. 
In 1956 he joined the 
Lincoln Laboratory of M.I.T. where he has 
been working on microwave components and 
gaseous discharges. 

Mr. Muehe is a member of Sigma Xi. 
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Melvin E. Pedinoff was born in New 
Mora Citys Neos oneness 21h 1930) 
He received the B.A. and M.A. degrees in 

physics in 1953, and 


1954, respectively, 
and the Ph.D. de- 
gree in ultrasonic 


physics in 1959, all 
from the University 
of California at Los 
Angeles. 

In 1954 he worked 
for the Naval Ord- 
nance Test Station, 
Pasadena, Calif., on 
acoustic guidance 
systems. From 1954 
to 1958 he was employed as a research 
physicist at U.C.L.A. where he performed 
research on the propagation of sound in 
fluids and on the structure of molecules. 
From 1956 to 1959 he worked at Hoffman 
Laboratories Division, Los Angeles, Calif., 
on noise suppression, broad-band low-fre- 
quency antennas and radar anti-jam equip- 
ment. In 1959 he accepted a position with 
Hughes Aircraft Company, Culver City, 
Calif., where he was concerned with the ap- 
plication of communication theory to data 
processing antennas and later with the in- 
vestigation of the role of solid-state phe- 
nomena in antenna systems. He recently 
joined the staff of Hughes Research Lab- 
oratories, Malibu, Calif., where he will be 
concerned with quantum electronic prob- 
lems. 

Dr. Pedinoff is a member of Sigma Pi 
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